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iAbstract
In visible light communication systems, the intensity modulation/direct
detection channel inherently restricts the transmitted signal to be unipolar
(nonnegative only) and incoherent. Those restrictions limit the types of
transceivers that can be used in visible light communication systems; in-
deed, the intensity modulation/direct detection transceivers can be readily
utilized, whereas classic radio frequency methods (e.g., schemes such as
pulse amplitude modulation, quadrature amplitude modulation and orthog-
onal frequency division multiplexing) require adjustments that reduce their
conventional efficiency. A continuous effort has been made to adapt radio
frequency transceiver techniques to visible light communication; however, up
to date, the proposed solutions came at the expense of the energy efficiency
of the systems. In turn, it severely affects the bit error rate performance
of the system. In light of this, the topic of this thesis is to design energy
efficient transmission schemes to expand the set of legacy radio frequency
modulation methods that can be efficiently used in visible light communica-
tion systems. Thus, the first contribution of this dissertation is a unipolar
transmission technique that allows conveying bipolar symbols through the
intensity modulation/direct detection channel without severely consuming
the amount of transmit power. The second contribution is proposing a
new technique to simultaneously transmit the two parts of two-dimensional
signals over the intensity modulation/direct detection channel. The schemes
are proposed with the objective of minimizing the transmitted power and
reducing the direct current component of two-dimensional transmit sig-
nals by relying on multi-waveform transmission techniques, and, in turn,
providing a high-energy efficient transmission scheme for two-dimensional
signals. The third contribution is a low complex multi-input multi-output
system capable of transmitting unipolar two-dimensional signals. Finally,
the error rate expressions of our proposed transceivers in this work are
derived, and the performance gains of the proposed schemes are evaluated
through Monte-Carlo simulations. The findings show that our schemes
could enhance the energy efficiency of the existing transmission techniques
in visible light communication systems.
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Introduction 1
The future generation of wireless communication (e.g., 5G) is required to
support data speed in the order of Gpbs. However, the speed of mobile carrier is
predicted to increase only by 9 percent [22]; whereas the global mobile data traffic
was expected to grow nearly sevenfold from 2017 to 2021 [22], potentially creating
a gap between the traffic demand and the available data rate. Closing this gap is a
major problem that has stimulated extensive research in recent years, taking it to
various directions. One major area of research is concerned with exploring indoor
wireless technologies to cater for the growing indoor traffic demand, which already
represents 63 percent of the total traffic. A promising indoor wireless technology
that is gaining considerable interest is visible light communication (VLC), and
it has received focused attention from the third generation partnership project
(3GPP) standardization work. VLC, which operates by relying on the visible light
(VL) spectrum in the range of about 380-700 nm, is especially appealing since it
could be used to oﬄoad indoor data traffic from existing radio frequency (RF)
systems and cope with the ever-increasing demand for high data rate transmission,
without introducing any interference to the existing RF systems [22].
The interest in utilizing VL as a communication channel dates back to 1880,
when Alexander Graham Bell demonstrated a transceiver structure based on
the principles of a photophone [13]. Recently, this interest was renewed, due to
the upheaval in solid-state lighting (SSL) that led to the rapid evolution of light
emitting diode (LED) and created a unique opportunity to re-engineer the function
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of indoor lighting to further deliver new wireless data capacity in VLC systems.
The dual use (illumination and communication) of the lightning system was first
driven by researchers in Japan who proposed a VLC capable LED lights system
in [94, 101]. This proposed technique is made possible by the high switching
capability of LEDs, enabling them to be susceptible to amplitude modulation at
frequencies high enough to provide a data channel while not affecting the LED’s
essential illumination function; i.e., illumination remains unaffected since the LED
flickers at a rate much faster than the response time of the human eye, and, in
turn, the changes in brightness are imperceptible and effectively perceived as a
steady glow. With this feature in place the development of very high transmission
data rates (nearly 100 Mbps in IEEE 802.15.7 standard [1] and up to multiple
Gbps in research [23]) when using VLC systems was achieved in less than a decade.
Ever since the proposed work in [94, 101], the LEDs based VLC systems have
spurred considerable research interests in the academia and industry, stemming
from the nature and physical characteristics of VL since it has no associated health
threats, making VLC a viable alternative for the health sector. In addition, VL
does not penetrate the boundaries of the premises it illuminates, providing a secure
transmission medium that prevents eavesdropping, and permitting the spatial reuse
of resources. In other words, VLC provides a unique opportunity for designing
femto-cells indoor communication systems with inherent communication safety
and interference-free systems with the outdoor RF-mobile systems. Moreover, the
VL spectrum is not regulated; therefore, it beats the expensive RF spectrum and
makes the potential of VLC systems appealing for operators. These advantages, are
added up when considering the wide range of benefits that the LED’s technology
has compared to traditional lighting technologies. In essence, LEDs are ecologically
friendly because of the absence of toxic chemicals such as mercury or hazardous
substances. LEDs are one of today’s most energy efficient (EE) illuminators with
efficiency surpassing 100 lumens W−1, meeting the recent modern society thrive
for EE systems and enabling green wireless communication technology via VLC.
1.1 Design Challenges
In a classical wireless VLC system as it is shown in Fig. 1.1, the transmitter
first maps the data onto electrical sub-carrier waves, which is then transferred
to VL carrier waves by means of a LED to propagate through the space between
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Figure 1.1: Generic model of a standard VLC system.
the transmitter and the receiver. The conversion from the electrical sub-carrier
to the VL carrier through the use of LEDs is the main difference between VLC
systems and classical wireless systems such as RF-based systems. For instance,
the physical characteristics of LEDs as transmitters are different from classical
transmitters such as radio antennas, and the physical conditions of the channel
that affect wave propagation in VLC systems are also different in comparison to
RF-based systems. Given that these differences are key to the design of a reliable
communication system that supports high data rates, we discuss them in more
details in the following.
1.1.1 LED’s Characteristics
A wide variety of LEDs that possess different technical properties are being
considered as transmitters in VLC systems. RGB-LED is one type that combines
three or more LED chips emitting different colors, typically red, green, and blue,
to produce white light. Clearly, the use of three different LED chips increases the
cost of the RGB-LED compared to other types of LEDs that only require one chip
to radiate. Furthermore, although this approach provides devices of relatively
high bandwidth (a few tens of MHz), it is of limited use and is being phased out
in the lighting industry due to difficulties in RGB balancing [47]. Another type is
organic light emitting diodes (OLED) which generates the white light using an
organic layer sandwiched between positive and negative carriers. OLEDs are less
suitable for high-data-rate applications since their typical frequency response is
in the order of 100’s of kHz. On the other hand, the A1GaN based micro-LED
arrays have a 3 dB bandwidth (BW) of 450 MHz allowing rates of up to 1.5 Gbps
[74]. However, it is very complex and expensive. A high modulation BW could
also be achieved using resonant cavity LED (RCLED) which typically emits light
at v 650 nm with narrow line width, and can be modulated in excess of 500 MHz
[45, 71]. Finally, the cheapest type amongst the considered radiators in VLC
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systems is white LED, better known as off-the-shelf LED, by which a blue LED
is coated with a yellow phosphor to emit broad-spectrum white light. However,
those cheap off-the-shelf LEDs exhibit low modulation BW.
Commercially, the main driving factor for the widespread adoption of any
developing technology, in the global market, is its relative cost and ease of
implementation. Accordingly, exploiting off-the-shelf LEDs as transmitters in
VLC systems is the preferred type amongst the different available kinds of LEDs.
Moreover, concurrent to the development of VLC systems, the global lighting
market has been on a clear transition path from traditional lighting technologies
to white LED (off the shelf LEDs), and it is even projected that the size of the
global LED lighting market will reach $25.7 billion dollars, and its penetration
will reach 100% by the year 2035 [100]. This transition is particularly important
since it will allow the repurposing of the existing lightening infrastructure for
communication, facilitating the rapid deployment of VLC networks and render
the technology a relatively low-cost investment. However, a critical bottleneck, as
mentioned earlier, is the limited modulation BW offered by off-the-shelf LEDs,
posing a major challenge to achieve high data speeds.
A potential way out of the dilemma mentioned above is implementing signal
processing techniques with high spectral efficiency (SE), allowing for high data
rate reliable transmission within the limited modulating BW. This challenge
has been effectively addressed in classical signal processing techniques by means
of data mapping methods at the transmitter such as M-quadrature amplitude
modulation (QAM) and orthogonal frequency division multiplexing (OFDM),
exhibiting the advantage of achieving high SE that is more than 1 bit/s/Hz.
However, those techniques are incompatible with VLC systems because LEDs are
a form of p-n junction based semiconductor diodes, emitting a narrow-spectrum
spatially-incoherent light in response to an electrical current, a phenomenon
known as electroluminescence. Obviously, spatially incoherent signaling means
that propagation from the transmitter to the receiver cannot maintain the required
degree of coherence, leading to insufficient collected power at the receiver to
properly drive the diode mixer. Thus, the use of classical detection techniques
entailing quadrature-mixing and requiring phase retrieval at the receiver are not
feasible approaches in VLC systems. This limitation, in turn, has made the
intensity modulation (IM) and direct detection (DD) of the optical carrier the
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mainstream transmission and detection techniques in VLC; i.e., the VL carrier
cannot be driven by a quadrature-multiplexed electrical sub-carrier such as M-
QAM or OFDM signals. On the other hand, IM/DD restricts the electrical
sub-carrier signal which drives the LED to be only unipolar (positive). This can
be explained by recalling that a photodetector (PD) is a square-law detector since
the current generated from it is proportional to the square of the instantaneous
values of the visible light waves on its surface. Thereby, even classical bipolar
one-dimensional techniques such as pulse amplitude modulation (M-PAM) in RF-
based systems cannot be directly used in VLC systems, but it should be shifted
by a sufficient direct current (DC) bias to ensure uni-polarity of the electrical-sub
carrier.
An adverse consequence of the above mentioned technical restrictions is the
dramatic decrease of the energy or spectral efficiency in VLC systems employing
off-the-shelf LEDs; an energy loss of more than 7 dB or an achievable SE reduced
by half [49]. Consequently, the design of cost-effective VLC systems are facing
significant challenges related to delivering high data rates, which is one of the key
requirements of the next 5G generation.
1.1.2 Channel Characteristics
The fundamental challenge in any communication system is that wave propa-
gation from the transmitter to the receiver is affected by the physical conditions
of transmission or in more technical terms the channel. Such that the received
message is a representation of the transmitted signal but in most cases not an
exact one. Thus, it is of utmost importance to characterize the different properties
of the underlying physical medium of a communication system, in order to identify
and design efficient transceiver techniques that are particularly adequate for the
considered transmission medium.
• Additive white Gaussian noise (AWGN): is a common distortion source in
every communication channel, and it is characterized by distorting trans-
mission over a wide frequency range in the communication channel. In
VLC systems, the source of AWGN noise that significantly affects the PD’s
performance is the ambient light which produces high-intensity shot noise.
In the classical VLC channel model, there are four sources of noise, of which
5
1.1. Design Challenges
three are categorized as shot noises and the last one is a Gaussian noise, as
discussed below
– Photon fluctuation/Quantum noise is a shot (Poisson) noise that
presents in all photon detectors and it is due to the quantum na-
ture of light, i.e. the number of photons emitted from an optical source
in a fixed time period is not constant such that the rate of generated
photons follows the Poisson distribution with variance σ2quantum that is
given by
σ2quantum = 2qi¯B
where q is the charge quantity in Coulomb, which is the electron charge,
i¯ is the mean current of the detected signal, B is the occupied BW and
σ2quantum is the quantum noise variance.
– Dark current noise is a leakage current that flows in the absence of
incident light, resulting from thermally excited electrons or leakage of
current along the current path. The presence of dark current is affected
by the photodiode material and the size of the active area. Silicon
devices generally produce low dark current compared to germanium
devices which have high dark currents. The shot noise variance of the
dark current noise can be evaluated by
σ2dark = 2qidB
where id is the dark current of the device, which is usually provided in
the LED’s datasheet specification.
– Background radiation noise results from background light sources like
the sun and additional illumination devices that are not utilized for
data transmission. The background noise is also a shot noise with a
variance that can be calculated by
σ2dark = 2qBRienvγ ienv ∝W
where γ is the PD responsivity, ienv is the intensity of the environment
source and W is spectral radiance of background noise sources (ex.
sun).
– Thermal noise is generated as a result of thermal agitation of the
electrons in the receiver electronics like the pre-amplifier of the receiver
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front-end and consequently, it is independent of the transmitted signal
and the shot noise. This noise is known as Johnson noise, and the
variance of the noise can be estimated by
σ2th =
4kbTeB
RL
Where kb is the Boltzmann constant, Te is the environment temperature
and RL is the circuit resistor.
The four noise sources previously described should be considered when mod-
eling a VLC system. However, the free-space optical channel is commonly
employed in VLC where the noise is modeled as AWGN and is independent
of the signal. The reason behind this assumption is that the intense ambient
light striking the detector leads to a steady shot noise having a rate of the
order of 107 to 108 photons/bit. The desired signals, however, contain a
time-varying shot noise process which has an average rate of 104 to 105
photons/bit. Therefore, the shot noise caused by signals can be neglected,
and the ambient-induced shot noise can be modeled, as commonly assumed
in optical wireless communication [71, 98], by zero mean AWGN. That
being said, it should be noted that if the power of the transmitted signal is
more than the ambient lighting and the thermal noise, the free-space optical
channel model cannot describe the channel characteristics precisely since
the dominant noise, in this case, might be the Photon fluctuation/Quantum
noise. Alternatively, the discrete-time Poisson channel model is considered
as detailed in [109].
• Inter-symbol interference (ISI) is a phenomenon caused by the interference
of one symbol with subsequent symbols. This is a form of distortion in
communication systems, and it has a similar effect as noise, thus making
the communication less reliable. In VLC systems, the two main sources
causing ISI is the practical impulse response of LED in high signal-to-noise
ratio (SNR) conditions (see [ 65, Fig. 10]) and VL wave reflections from
the walls and other non-line-of-sight (LOS) links. However, according to
practical measurements reported in the literature [65], the delay spread due
to the former reaches around 300 ns, whereas, due to the latter it varies
between 2 to 20 ns. Thus, the primary cause of ISI in VLC systems is the
impulse response of LED, while the effect of light reflections are commonly
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ignored, and, in turn, the indoor VLC channel is often simplified in the
literature as a direct LOS link. On the other hand, the VLC systems suffer
from significant ISI at very high data rates; it is mainly due to the impulse
response of LED as mentioned earlier.
• LED nonlinear transfer characteristic is another type of distortion that is due
to the practical relation between the applied forward current through the
LED and the output optical power. Figure 1.2 shows the ideal current-output
modulation behavior under constant bias. Ideally, an input current ILED
with constant DC bias current IDC and current swing IAC can be expressed
as
ILED = IDC + IAC . (1.1)
If the forward current through the LED is in the operating region within
the linear portion of the LEDs power-current curve. Then it would produce
an output optical power of
Po = PDC + PAC . (1.2)
These direct and alternating currents; i.e., IDC and IAC , must be adjusted
according to the manufacturer data sheet to ensure that the LED chip does
not overheat, in order to avoid degradation in output light or, in the worst
case, total failure. These current values depend very much on the diode type
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Figure 1.2: Input/output characteristics of typical LED.
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and vary depending on the semiconductor materials and packaging. Thus in
VLC systems, an optimum bias point within the linear range of the utilized
LED must be identified to control distortion levels due to nonlinearity [36].
• Power radiation is restricted to limit the transmitted power radiation in
VLC channels to ensure eye safety. Hence, maximizing the EE performance
of the system (i.e., reducing the transmit power of the VL signal) is a key
criterion for the design of signal processing techniques in VLC systems.
• Fading is one of the main characteristics of classical communication channels
such as radio channels, and it is due to multi-path propagation; i.e., the
transmitted signal can take different paths to propagate from the transmitter
to the receiver. The multi-path effect is usually caused by wave reflection or
refraction by objects in the environment surrounding the transmitter and the
receiver, usually leading to time and phase shifts between the detected waves
at the receivers. The resulting received signal, therefore, is the sum of all
impinging waves which can be constructive (the power of the received waves
add up) or destructive (the received waves cancel each other). However,
in VLC systems, the transmitted VL signal is received by a PD having a
surface diameter several hundred times the wavelength of the VL waveform,
as it is illustrated in Fig. 1.3. Implying that the integrating effect would
average out any spatial multi-path interference. Thus, the VL link does not
have diffuse multi-path fading problems that are common in traditional RF
wireless channels.
Figure 1.3: A PD detection surface relative to a VL wave length.
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1.2 Objectives and Motivation
The area to which this thesis contributes is the design of signal transceiver
techniques to expand the set of legacy RF modulation methods that can be
adapted to VLC. As previously mentioned, VLC systems employing off-the-
shelf LEDs as front-end devices widely rely on the IM/DD signaling method for
transmitting/receiving the VL signal [98]. This signaling scheme transmits data
based on the intensity of the VL carrier and restricts the transmitted signal to
be real and non-negative (unipolar, and one-dimensional); i.e., the legacy RF
modulation techniques that can be directly used in VLC are limited to incoherent
schemes such as on-off Keying (OOK), multilevel pulse position modulation (M-
PPM) and unipolar optical pulse amplitude modulation (M-OPAM). Indeed, the
IEEE 802.15.7 standard [1], which was completed in April 2011, offers three
different physical layer (PHY) types grouped by data rate. PHY I operates from
11.67 kb/s to 266.6 kb/s, PHY II operates from 1.25 Mb/s to 96 Mb/s, and PHY
III operates from 12 Mb/s to 96 Mb/s and is dedicated to multiple optical sources
using a particular modulation format called color shift keying (CSK). Whereas,
the modulation formats used in PHY I and PHY II devices consist of OOK and
variable PPM (VPPM) as it is illustrated in Table 1.1. However, incoherent
techniques are not spectrally or energy efficient techniques when compared to
coherent mapping formats in RF-based systems such as M-QAM and OFDM.
Recall that the motivation for the use of multidimensional symbols such as M-
QAM to increase the transmission throughput of the communication channel dates
back to the early days of information theory when Shannon recognized that as
the dimensionality of the signal constellation grows, the distance between signal
points in the constellation increases, in turn, this provides more immunity to noise
Table 1.1: VLC IEEE 802.15.7 physical layer standard
standard Modulation Speed Multi-OpticalSources
PHY I OOK, VPPM 11.67 to 266.6 kb/s No
PHY II OOK, VPPM 1.25 to 96 Mb/s No
PHY III CSK 12 to 96 Mb/s Yes.
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and a lower error probability. To this end, current research activities in VLC focus
on converting signals generated by traditional two-dimensional (2D) symbols into
one-dimensional signals suitable for transmission over the IM/DD channel. Up
to date, the proposed solutions impose a special arrangement on the transmitted
frame structure in the time, space or frequency domain leading to the loss of more
than half of the SE performance of the system. Moreover, the applied DC-bias,
which is required to account for the uni-polarity constraint of the IM/DD channel,
is another factor that degrades the error performance of the VLC systems. Indeed,
even in ISI-free environments, real-valued OFDM has been adapted since it can
convert any complex symbols to bipolar-real-valued symbols, and therefore, it
enables the utilization of modulation techniques such as M-QAM or phase-shift
keying (PSK) in the context of IM/DD channel. Although real-valued OFDM
is very popular in VLC systems, it suffers from energy inefficiency when it is
compared to the conventional coherent techniques where two bipolar carrier signals
are individually modulated. The energy inefficiency is due to the required DC
shift to convert the bipolar time-domain signal of the real-valued OFDM to a
positive-unipolar signal. The aforementioned technique is known as direct-current-
optical-OFDM (DCO-OFDM) [5] and it has been shown in the literature that this
method requires a high DC-shift (i.e., low EE) to perform the bipolar to unipolar
signal conversion. This is due to the high peak to average power ratio (PAPR)
characteristic of the OFDM time-domain signal. In other words, a high PAPR
implies that the minimum of the negative peak of the time-domain signal is likely
to be very low such that a high DC-bias would be required to shift the bipolar time-
domain signal. Instead of applying a DC-shift that is equal to the lowest negative
peak of the transmit signal, it is widely adapted in literature to add a multiple of
the standard deviation of the original OFDM signal distribution to the transmit
signal for minimizing the required DC-shift; any remaining negative parts of the
transmit signal is then clipped. Though the aforementioned method reduces the
applied DC-shift, clipping leads to an additional clipping noise that significantly
affects the bit error rate (BER) performance of this approach, especially for high
mapping format sizes [29].
To improve the EE of DCO-OFDM, schemes such as asymmetrically clipped
optical-OFDM (ACO-OFDM) [5] and unipolar-OFDM (U-OFDM) [105, 115]
have been proposed in the literature. Both solutions, however, reduce the BW
efficiency by a factor of two when compared to DCO-OFDM because of the
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restrictions imposed on their frame structures, as well as reduce the EE by 3
dB in comparsion to conventional OFDM schemes. In addition, by taking into
account that larger M-QAM modulation constellations require more power, the EE
improvement achieved by these solutions becomes negligible as the constellation
size M increases. To address the SE loss of the U-OFDM scheme, the authors in
[54] proposed an enhanced U-OFDM (eU-OFDM) scheme. Briefly, the method
is said to superimpose multiple U-OFDM streams to improve the SE of U-
OFDM. A major drawback of the eU-OFDM is that it requires many information
streams (an infinite number in theory) to achieve the same SE as DCO-OFDM.
However, practical implementation of the eU-OFDM typically limits the number
of superimposed streams to three due to the computational complexity (CC) and
memory requirements. To reduce further the SE gap between DCO-OFDM and
eU-OFDM, the GeneRalizEd ENhancEd UnipolaR OFDM (GREENER-OFDM)
was proposed in [7]. However, the GREENER-OFDM scheme introduces more
complexity when compared to eU-OFDM, and it does not mitigate the CC and
memory requirements of eU-OFDM.
Therefore, the primary objectives of this research work are
• Developing an EE low-complexity unipolar transmission scheme for VLC
systems; high energy efficient by completely avoiding the DC-shift. Low
complexity, by avoiding multi-layered signal transmission/reception in com-
parison with U-OFDM or GREENER OFDM.
• Developing new transceiver schemes that are more energy and spectral effi-
cient than the existing ones for transmitting symbols from 2D constellations
in VLC systems. The methods should allow orthogonal transmission of the
conventional multidimensional modulation techniques such as M-QAM in an
EE manner by reducing the DC-shift component of the transmit VL signal,
and also increases the SE by not necessarily only relying on the frequency
or time dimensions as in the existing VLC systems.
• Evaluating the EE and SE performance of our proposed schemes using
Monte Carlo simulations.
• Deriving the analytical error rate performance of the proposed transmission
techniques to validate the simulated performance results of the proposed
methods.
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• Comparing the performance of the proposed transmission schemes with
traditional and existing techniques such as the state of the art M-OPAM,
carrierless amplitude and phase modulation (CAP), DCO-OFDM and ACO-
OFDM to provide numerical case studies of the EE benefits and advantages
of the proposed methods.
1.3 Scope of this Study
Practically, the properties of the communication channel, which the system
is operating on, are the major elements to take into account when designing a
transceiver. In the case of VLC systems, as previously explained; the channel can
be modeled as a narrow-band channel since it does not experience fading. Con-
ventionally, the standard way of designing signals for this kind of channel scenario
is based on single-carrier waveforms, whereas for channels that cannot be modeled
as a narrow-band channel, i.e., broadband channel, multi-carrier waveforms such
as OFDM waveforms are preferred. This is because broadband channels suffer
from a distortion phenomenon called frequency-selective fading which multicarrier
techniques are more resilient to, than single-carrier. Stemming from the ability of
these multi-carrier schemes to subdivide the frequency band of the channel into
smaller frequency bands where the channel is (at least approximately) constant,
leading to a similar setup as for frequency-nonselective channel, i.e., narrow-band
channel. However, it should be noted as proved, by using simulations, in [75, 81]
that channel frequency selectivity can arise in VLC systems, mainly from the
multiple LOS paths rather than diffuse propagation, that is, multipath reflections,
and it can be relatively significant for large rooms where numerous LED lamps are
used for illumination. It should be noted that when a LOS path is not available
due to blockage or shadowing, this results in a diffuse channel inducing a rela-
tively large delay spread. Furthermore, as transmission rates increase, the limited
modulation bandwidth of LEDs lead to a severe ISI in the time-domain signal.
Implying that the time dispersion of the optical wireless channel in an indoor
setup is a major factor in terms of throughput limitation because of the severe ISI
at high data rates and in the presence of multiple transmitters. Hence, OFDM
based transmission techniques are more appropriate modulation techniques to
increase the transmission data rate because of its inherit ability to mitigate ISI
13
1.3. Scope of this Study
as it is widely considered in the literature [48, 49]; it has been shown that some
OFDM techniques can achieve data rates up to 100 Gbps [23].
The transmission schemes presented in this study are developed by taking into
account some fundamental assumptions that are widely considered valid in the
literature such as the work in [41, 49], as follows,
• Infrastructure: The scope of this study is limited to indoor wireless
communication systems that are consisting of off-the-shelf LEDs and PDs,
as it is illustrated in Fig. 1.4. The room dimensions (Length × Width ×
Height) are assumed 4.0 × 4.0 × 3.0 m where the LED and PD are apart by
1.5 m, and oriented downwards and upwards, respectively.
• Channel: The probabilistic structure of the channel is assumed to be an
ISI-free AWGN. This is the case in practical VLC links, which inherently
relies on the dominant LOS path. Furthermore, the channel is characterized
by a single parameter; the SNR, which is defined as the ratio of signal power
to the noise power and often expressed in decibels. Moreover, to asses the
performance of the different systems in this thesis, a plot of the BER on
the y axis and SNR on the x axis will be obtained. Meanwhile, the graph
corresponding to a system that shows a low SNR value for a target BER
shows better energy efficiency performance as it is conventionally done in
the literature [41, 44, 111].
Figure 1.4: Smart lighting office.
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• Signal Model: The focus of this thesis is the design of transceivers using
single or multi-carrier baseband signals as its conventionally done in the
literature [84].
1.4 Thesis Structure and Outline
The remaining of the thesis is structured as follows:
• Chapter 2: Background and State-of-the-Art
Chapter 2 overviews the transmission techniques relying on classical RF
symbols and the existing literature on their capacity when using IM/DD
in an ISI-free AWGN channel. Specifically, the benefits and shortcomings
of the existing state of the art techniques are discussed and investigated in
more details.
• Chapter 3: Unipolar Orthogonal Transmission
The primary aim of this chapter is to propose a new unipolar transmission
scheme for VLC by following a new direction (i.e., using orthogonal wave-
forms (OWs)) for converting the bipolar real-valued OFDM samples into a
unipolar signal and by using simple and robust transmission and detection
techniques to keep our proposed scheme practical, which is unlike that has
so far been proposed in the literature. Thus, the chapter first introduces our
proposed unipolar system model, and then the derived analytical model is
verified through Monte Carlo simulations. Numerical results are presented
which substantiate the EE gains attained by our proposed unipolar scheme.
• Chapter 4: Energy Efficient Orthogonal Transmission Schemes
This chapter proposes a new framework for 2D orthogonal transmission
system in the context of VLC systems. More specifically, the key objective
of this chapter is to enhance the EE characteristics of data transmission of
the 2D symbols. First, the conventional assumption that the two parts of
a 2D symbol can be transmitted by using two OWs is made; subsequently,
to achieve significant EE performance gain, we abandon this implicit as-
sumption and extend the transmission method to a multi-waveform one,
which we refer to as P-orthogonal transmission (OT), where P refers to the
number of transmitting waveforms that are utilized, and to a three-waveform
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scheme, which we refer to as Tri-OT. The chapter starts by introducing the
proposed transmission schemes and then presents two different maximum
likelihood (ML) detection methods; namely the joint maximum likelihood
(JML) and successive maximum likelihood (SML). The former relies on
the conventional joint detection that exhibits high complexity but provides
the best error rate performance results, which are then used as benchmark.
Exact symbol error rate (SER) expressions of transceivers are then derived.
In order to get insights on the EE performance gains of our transmission
schemes a selection criterion by relying on a practical OW set is discussed
to maximize the performance of our generic proposed techniques. Finally, a
performance comparison between our proposed schemes is presented and
the implementation challenges of our schemes are discussed.
• Chapter 5: Spatial Quadrature Transmission
This chapter takes a different direction than our proposed single-input single-
output (SISO) schemes in Chapters 3 and 4 to address the problem at hand
(designing an efficient way of generating/detecting 2D unipolar signals in
VLC) through the use of multi-input multi-output (MIMO) system. In
sharp contrast to the proposed schemes in Chapters 3 and 4, the approach
pursued in this chapter enable jointly unipolar and 2D signaling transmission
of the two parts of the 2D symbols in VLC systems. After describing and
analyzing our proposed MIMO system model, which will be referred to as
spatial quadrature transmission (SQT), the SE and EE gains of our proposed
system model are demonstrated in comparison to the state of the art MIMO
VLC systems.
• Chapter 6: Summary and Future Work
This chapter summarizes the results of this thesis and concludes about the
possible improvements obtained by utilizing our proposed techniques for
futuristic VLC systems; it also provides an outlook of the possible future
extensions of this work.
1.5 Overview of Contribution
The novel contribution of this research work is threefold: first, a novel, simple
unipolar transmission scheme is proposed, which is quite different compared to
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the existing unipolar schemes in the literature; the improvement in terms of EE is
obtained at no extra cost in terms of high transceiver complexity, which complies
with the low-complexity philosophy of the IM/DD transmission scheme in VLC.
This is in contrast to schemes proposed in the literature, as previously mentioned,
such as GREENER OFDM which requires a large amount of memory at the
transmitter and a high CC detection scheme at the receiver.
Second, a multi-waveform OT is proposed as a novel concept that goes beyond
the realm of the conventional two-waveform transmission, which relies on the
implicit assumption of transmitting all the 2D symbols belonging to a constellation
by only using two waveforms. The motivation behind this contribution is that
the required amount of DC shift in the conventional 2D-OT approach can be
substantial, thus, our proposed multi-waveform techniques are designed to reduce
the DC component of the transmit 2D-VL signal and to improve the EE of the
conventional OT. In this direction, two different techniques are proposed; P-OT
and Tri-OT schemes, that differ in the total number of transmitting OWs, along
with two possible receiver structures for each transmission technique; namely a
JML and SML detectors, where the first provides an optimal error performance
at the cost of high CC and the latter is less computationally demanding than the
former without any significant decrease in the error rate performance. The exact
theoretical SER expressions are derived for the proposed transceivers and verified
by numerical Monte Carlo simulations.
Third, we address the lost dimensions, i.e., the phase and the polarity, in
VLC systems, by proposing a novel, simple MIMO transceiver that can achieve
unipolar transmission. Moreover, the performance of the proposed transceiver
is evaluated by numerical computer simulations and by detailed analytical error
rate calculations.
1.6 Publications
During the course of this Ph.D. period, the research work was presented or
published in
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This chapter aims at providing a comprehensive survey of leading research
work in VLC systems, for transmitting symbols of classic 2D constellations in
an energy and spectral efficient manner. More specifically, this survey provides
details about the legacy solutions adapted from RF field as well as new schemes
developed especially for VLC with corresponding advantages and limitations.
The first section of this chapter introduces the generic VLC system model,
with a focus on the mathematical description of the VL channel considered in
this thesis. The second section then presents the related literature review to
allow an understanding and appreciation of the problem at hand. Initially, the
second section of the chapter focuses on the evolution of VLC systems since its
inspection to the present by providing a survey of the proposed research techniques
in a categorized manner, which classifies the proposed solutions in VLC systems
as MIMO or SISO based system. Then we discuss the associated advantages
and problems with these techniques and their open research challenges at the
transmitter side.
2.1 Scenario of Interest
This thesis deals with the digital signal processing techniques that allow the
transmission of digital data in the form of a symbol between a transmitting LED
and a receiving PD. Those techniques determine how to design the electrical
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sub-carrier waveform, s (t ), to be converted into the VL waveform, x (t ), such that
it is suitable for transmitting over the physical IM/DD channel (between the
LED and the PD). The related transceiver model is illustrated in Fig. 2.1 for a
single-LED and single-PD structure. The generalization of such a model to a
MIMO system is straightforward and is discussed later in this section.
We consider the transmission of the incoming bits b ∈ {0, 1} that are first
arranged into disjoint blocks of k bits which are mapped to the digital symbol
s¨m ∈ Ss¨m , m ∈ M = {1, 2, 3, . . . , M }, where Ss¨m is the set of all the possible
symbols s¨m (∀m ∈M) in a given constellation with size M . The digital symbol s¨m
is then mapped into an analog electrical signal using an digital-to-analog converter
(DAC), s˙ (t ), that is then shifted in amplitude with a DC value (if necessary) to
ensure that the intensity driving current s (t ) is positive; i.e.,
s (t ) = s˙ (t ) + c ≥ 0, ∀t ∈ R, (2.1)
where c is the DC value. Subsequently, the signal s (t ) drives the transmitting
LED to generate a transmit VL signal x (t ). The low pass signal x (t ) (in the
single carrier case) is usually represented as a series of time-shifted versions of the
waveform s (t ), i.e.,
x (t ) =
∑
i
αs (t − iTs ),
where α is the electro-optical conversion factor in watts per ampere, and Ts is the
symbol duration. A symbol, in this case, is composed of a single pulse, representing
one or more bits of data information to be transmitted. Based on our discussion
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Figure 2.1: Block diagram of a typical system model in VLC systems.
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of the channel characteristics in Chapter 1, a normalized linear relationship (i.e.,
α = 1) between the LED’s output optical power and the input drive current s (t )
is assumed here, and thus the received electrical signal by the PD y (t ) can be
formulated by
y (t ) = γh
∑
i
αs (t − iTs ) + z (t ), ∀t ∈ R, (2.2)
where γ reflects the photodetector responsivity, which is normalized in this work;
i.e., the overall channel impulse response due to the optical to electrical conversion
is assumed to be nondispersive with an amplitude of one [41, 81]. In (2.2), the
received signal y (t ) is disturbed by an AWGN noise, z (t ), of variance σ2 and
zero mean, which stands for the sum of the ambient shot light noise and thermal
noise. Here, h is the channel impulse response of the LED’s light emission that
is Lambertian in nature according to [59]. As depicted in Fig. 2.2, Lambertian
emission can be modeled as a direct LOS DC gain (i.e., zero frequency) h such
that [59]
h =

w2A
d2 sin2(ψc )
Ro (ϕ) cos(ψ ), 0 ≤ ψ ≤ ψc
0, ψc < ψ ,
(2.3)
where A is the detector area, w is the refractive index, d is the distance between
the LED and PD, ϕ and ψ are the irradiance and incidence angles, respectively,
and ψc is the field of view (FOV) semi-angle of the PD. In addition, the channel
FOV
d 
PD 
LED 
φ
ψ ( )cψ
2/1φ
Figure 2.2: Geometric representation of the LOS propagation model.
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DC luminous intensity gain, Ro (ϕ), is given by Ro (ϕ) = [(m + 1)/2pi ] cosm(ϕ), where
m = − ln(2)/ ln(cosϕ1/2) denotes the order of the Lambertian emission; here, ϕ1/2
represents the transmitter semi-angle and ln(·) is logarithm to base e.
Equation (2.3) is a significant simplification of the conventional general model
of the so-called linear waveform channel; in this model, the continuous transmitted
signal is distorted by a linear system with an impulse response that can be a
time-varying function, i.e., h(t ). This dependency on time conventionally reflects
the possibility that the wave propagation from the transmitter to the receiver
can vary. Furthermore, it models the general wireless communication links in
which the transmitted waveforms do not necessarily reach the receiver in the
direct LOS between transmitter and receiver. However, for the transmission
setup (room properties, distribution of chips at the ceiling and chip properties
itself) that is considered in this thesis, which is shown in Fig. 1.4, the indoor
channel is considered to be static. In other words, both LED and PD do not
move, in relation to each other and to the nearby obstacles, coupled with the fact
that, practically, the rate of the directed LOS light is dominant in the considered
scenario compared to the reflected non-line-of-sight (NLOS) component as it is
reported in [70]. Therefore, the DC gain can be estimated accurately in our system
model by considering only a constant direct LOS DC gain component as in (2.3).
However, given that h is merely a factor in the detection process, implying that a
change in h would result in an equal SNR penalty for all the considered schemes
in this thesis, we set h = 1 for simplicity, as in [29]. Meanwhile, for ensuring a fair
comparison between the different schemes that are compared to one another in
this thesis, the SNR is defined as SNR= E[s2(t ) + c2]/σ2, where c as in (2.1), in
accordance with [7].
Converting efficiently the symbol s¨ to a real-valued positive signal s (t ) to
be suitable for transmission over the IM/DD channel is a bottleneck and, thus,
has attracted much attention in VLC. Some researches propose transmission
solutions based on the use of SISO systems, whilst others took advantage of the
present/existing multiple LED fixtures in an illuminated area and proposed the
use of MIMO techniques. Therefore, in the following, the main research directions
in the existing literature are classified under two major architectures: SISO and
MIMO based transceiver techniques.
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2.2 SISO Systems
The various SISO techniques commonly used to either convert bipolar signals
into unipolar signals or generate genuine unipolar signals over the IM/DD channel
can be split into two distinct groups: DC-aided or unipolar techniques, depending
on whether the transmission technique does or does not incorporate a DC shift,
respectively. In the following, the techniques belonging to each group are discussed.
2.2.1 DC-aided Transmission
In VLC systems, the first design approaches that have been proposed in the
literature for modifying the transmission of symbols are based on bipolar M-PAM,
M-QAM, and OFDM transmission techniques. In essence, they adapt legacy
real-valued RF-based schemes to VLC by using a DC bias since their signal
detection is free from phase-recovery, and thus, they are compatible with VLC
systems. Some of those techniques are M-OPAM, real-valued OFDM that is
referred to as DCO-OFDM in VLC-based systems because of the added DC shift
in the transmission structure, and CAP scheme. Those schemes are detailed in
the following subsections.
2.2.1.1 Amplitude and Position modulations
M-OPAM is part of the baseband pulse modulation family that includes also
the OOK and M-PPM schemes, which are the most widely used and most reported
modulation techniques for VLC [31, 51, 80, 116]. OOK is the simplest optical
modulation technique that employs two different intensity levels; the absence of
light intensity represents a bit zero, and the presence of light intensity in the
entire bit duration represents a bit one. Therefore, during the symbol interval
only one bit is transmitted and that results in a maximum SE of 1 bit/s/Hz [64].
The BER of OOK is given by [70]
BER = Q *.,
√
ERX
No
+/-
where ERX is the mean received electrical energy and it is given by ERX = (γhPo )2×
Ts . Also, No is the power spectral density (PSD) of the noise and Q (s) is the
Q-function, such that
Q (s) =
1√
2pi
∫ ∞
s
e−y
2/2dy.
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Since OOK requires low complexity and low-cost transceiver to be implemented,
it had been widely investigated in VLC [14, 73, 87, 88, 89, 106, 116]. In [45], the
authors demonstrated a transmission speed of 477 Mbit/s when using a simple
OOK based modulation with a single RGB LED. To achieve 614 Mb/s, the
authors employed duobinary technique with BW enhancement. Also, Li et al
demonstrated a transmission scheme that could achieve a data rate of 340 Mb/s
based on a post-equalization circuit and OOK modulation [63].
M-PPM is another binary modulation scheme in which the optical intensity is
transmitted during a subinterval of the symbol duration and not during the entire
symbol interval, which lowers the average power requirement [97], that results in
M-PPM. The BER of M-PPM can be lower bounded by [64]
BER ≥ M
2
Q *.,
√
MERX
2No
+/-
Therefore, in M-PPM modulation scheme log2(M ) bits can be transmitted
per symbol interval. However, M-PPM compared with OOK technique provides
lower SE of (log2M )/M bits/s/Hz, since it operates with shorter optical pulses
where the pulse duration is divided by M [62, 68]. In addition, M-PPM requires
symbol interval and subinterval synchronization [8, 39]. To achieve better per-
formance, various modifications had been proposed to M-PPM scheme such as
expurgated pulse position modulation (EPPM), differential pulse position mod-
ulation (DPPM), overlapping pulse position modulation (OPPM), VPPM and
multiple pulse position modulation (MPPM). For instance, EPPM could provide a
wide range of PAPR and counter for ISI [92]. Also, DPPM eliminates the unused
time slots and therefore achieves larger transmission capacity [62]. Wherease,
OPPM achieves higher data rate by allowing pulses to overlap when they repre-
sent different information such that each pulse carries an increased amount of
information on average [10]. However, the most commonly used schemes amongst
the variant M-PPM techniques are VPPM and MPPM for dimming control and
transmitting data [40].
M-PAM, on the other hand, has a SE of log2M bits/s/Hz , which is higher
than that of OOK and M-PPM when M > 2. However, traditionally, in RF-based
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systems, the amplitudes (voltage levels) are bipolar and given by [76]
s˙m =

s˙M/2−m = −(1 + 2m);
s˙M/2+m+1 = (1 + 2m),
(2.4)
for m = 0, 1, 2, 3, · · · ,M/2 − 1. Whereas, the M-OPAM scheme in VLC-based
systems is characterized by a unipolar M-level modulation technique and the
intensity levels are given by
s˙m+1 = 2m, m = 0, 1, 2, 3, · · · ,M − 1. (2.5)
The main drawback of the M-OPAM scheme is that the multilevel symbols of
M-OPAM introduces variations in drive current and therefore M-OPAM is subject
to shifts in color temperature [76], i.e., there is a matching degree between the
blue light and phosphor lights, however, when the temperature increases, the net
effect is that the output from a blue light shifts slightly to the red end of the
spectrum, and the yellow photons emitted from the phosphor are in turn slightly
affected. The output light of the LED is also altered since it is a combination of
the spectra from these two sources (the blue and phosphor lights).
2.2.1.2 DCO-OFDM
DCO-OFDM is widely implemented in the literature for mapping symbols from
traditional RF 2D constellation (e.g., M-QAM) to a one-dimensional electrical
signal by relying on the Hermitian symmetry and inverse fast Fourier transform
(IFFT) operations as well as DC biasing at the transmitter, as it is depicted in
Fig. 2.3 [32].
DCO-OFDM applies 2D mapping to the input data in order to convert them
intoM-ary signals. The signals are then converted to a one-dimensional real-valued
DAC
IFFT Frame 
Mapping
s(t)
IFFT
Parallel to 
Serial 
conversion
+DC shift
2D-digital 
Mapping
Input bits s[n]s[n].
O-OFDM
† † .. .. † .... ....[0, sm[1], sm[2] ,… , sm[F/2-1], 0, sm[F/2-1] , …, sm[2], sm[1]]T
Clipping
Figure 2.3: Block diagram of the DCO-OFDM transmitter.
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signal using an optical-OFDM (O-OFDM) operation by first buffering the signals
into an (F/2 − 1) M-ary signal stream corresponding to an OFDM symbol frame
to be fed to an F -point IFFT, where F represents the number of IFFT sub-carriers.
The (F/2 − 1) 2D signals are converted to a one-dimensional time-domain signals
by imposing the Hermitian symmetry on the frame structure before it is fed to
the IFFT. Therefore, the input frame of the IFFT consists of the (F/2 − 2) 2D
signals and the conjugated values of the (F/2 − 2) 2D symbols that are arranged
as shown below
[0, s¨m[1], s¨m[2], · · · , s¨m[F/2 − 1], 0, s¨†m[F/2 − 1], · · · , s¨†m[2], s¨†m[1]]T. (2.6)
where (·)† and [·]T denote the complex conjugate and transpose operators, re-
spectively. Fig. 2.4.(a) depicts a typical signal at the output of the O-OFDM
operation. This OFDM signal is bipolar as it can be seen from Fig. 2.4, and it
should be uni-polarized before transmission since it cannot be directly used to
intensity modulate the LED. Thus, the straightforward solution of applying a DC
bias that shifts the minimum peak of the bipolar OFDM signal to zero has been
adapted in the literature and, in turn, it is known as the DCO-OFDM scheme.
However, one of the main disadvantages of OFDM signals is that the PAPR of
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Figure 2.4: Illustration of (a) samples at the output of the standard O-OFDM process
(i.e., s˙[n] in Fig. 2.3) (b) samples at the output of the standard DCO-OFDM process
[15] (i.e., s[n] in Fig. 2.3) based on the O-OFDM process of (a).
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its time domain signal is high; in turn, it requires a very high DC-shift. This is
the reason why the applied DC shift value is not generally chosen based on the
minimum peak of the OFDM time signal, but instead a sufficient DC value is set
based on the standard deviation of the time-domain OFDM signal s˙ (t ) i.e.,
c = µ
√
E[s˙ (t )], (2.7)
where E[·] is the expectation operator. It can be seen in the example of Fig. 2.4.(b)
that the added c value is equal to twice the value of the OFDM time-domain
signal average power (i.e., the average power of the OFDM time-domain signal
is one whereas the required DC shift is almost 2) and the remaining negative
parts are clipped to ensure unipolarity. Adding to that, in order to meet the eye
safety regulation restrictions in VLC systems, the time domain OFDM could be
clipped even further [2]. Thus, the DCO-OFDM signal has a truncated Gaussian
distribution, given as follows:
fs (t ) (s) = Q
( c
σs˙ (t )
)
δ (s) +
u (s)√
2piσ2
s˙ (t )
exp
(
− (s − c )
2
2σ2
s˙ (t )
)
, (2.8)
where u (s) is the unit step function, and δ (s) is the Dirac delta function. Also,
σs˙ (t ) is the standard deviation of the unclipped Gaussian distributed signal s˙ (t )
and the average transmitted optical power is
E[s] =
∫ ∞
−∞
sfs (t ) (s)ds = c
(
1 −Q
( c
σs˙ (t )
))
+
σs˙ (t )√
2pi
exp
(
− c
2
2σ2
s˙ (t )
)
.
By comparison with the conventional OFDM technique in RF-based systems,
DCO-OFDM reduces the SE to half because of the use of Hermitian symmetry
in the frequency domain as it is shown in Fig. 2.3 and, in turn, dramatically
decreases the achieved SE of the system ηDC in the time-domain, which can be
expressed by
ηDC =
(
F/2 − 2
F + Fд
)
B log2M, bits/s/Hz (2.9)
where B denotes the BW, Fд denotes the number of guard sub-carriers used in the
carrier prefix (CP).
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2.2.1.3 CAP
CAP was originally proposed to enhance and simplify the technical performance
of the conventional M-QAM by entirely avoiding any overhead and carrier in the
transmission scheme [3, 58, 69, 99]. As it is illustrated in Figs. 2.5 and 2.6, this
technique multiplex the two parts of the conventional M-QAM symbol by passing
them through a pair of filters whose impulse responses can be realized as the
product of a root raised cosine (RRC) filter and two sinusoidal waves (i.e., sine
and cosine waves) in the time-domain. Thus, the symbol streams are quadrature-
multiplexed and, in turn, made orthogonal to each other as it is demonstrated
in Fig. 2.7, which shows the autocorrelation and cross-correlation functions of
these filters, using the in-phase and quadrature filters without the use of the
conventional quadrature-mixing technique, which relies on complex detection
techniques at the receiver to split the in-phase and quadrature components, and
instead it only employs two orthogonal finite impulse response (FIR) digital filters.
This technique is therefore particularly suitable for VLC systems since it does
not require phase detection at the receiver, and thus it has been considered for VLC
systems [113]. In [112], a comparison was performed between CAP modulation
and OFDM over the same physical link, and it was shown that CAP could support
a data rate of 3.22 Gb/s, in comparison to the 2.93 Gb/s available using OFDM,
with both achieving a similar BER of 10−4. However, this improvement comes at
the cost of system complexity since CAP requires two FIR filters at the transmitter
(one each for the in-phase and the quadrature), and two corresponding matched
FIR filters at the receiver. Capitalizing on that fact, the authors in [58] used
Xia and better-than-Nyquist (BTN) pulses instead of RRC because in the former
2D
 
Se
pa
ra
to
r In-phaseFilter
+DC shift
x(t)LED 
Quadrature
Filter
s..
s1
.
s2
.
Figure 2.5: Block diagram of the CAP transmitter.
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Figure 2.6: Time response of the in-phase and quadrature filters in CAP signaling.
the shape of the pulse is asymmetrical and the latter has side-lobes that decays
faster than the RRC case, whose side-lobes extend much further. This intrinsic
characteristic is advantageous since the CC in CAP is linearly proportional with
the filter length. It was shown in [58] that the use of BTN in VLC system offer
better BER performance for short filter lengths, which simultaneously lowers the
system CC by a factor of 8 when compared to the use of RRC. Another point
that arises when considering real implementation of CAP in conjunction with
RRC is the filter parameters such as the roll-off factor and the symbol span due
to their effect on the system performance and complexity [110]. It was shown that
increasing both parameters considerably improves BER performance at the cost
of increased CC (i.e., CC ∝ L f where L f is the filter length), which is a major
issue in the implementation of CAP on field programmable gate array (FPGA)
due to the limited hardware resources.
Furthermore, CAP is proven to be very sensitive to non-flat spectral channels,
and requires very complex equalizers [46], sacrificing the inherent simplicity of
CAP. Thus, recently, to enhance the performance of the single carrier CAP
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Figure 2.7: Illustration of (a) the autocorrelation function of the in-phase filter, (b)
the autocorrelation function of the quadrature filter as well as (c) the cross-correlation
function between the in-phase and quadrature filters, which are illustrated in Fig. 2.6.
scheme, multi-band CAP (m-CAP) was proposed in [56, 93], by which the signal
bandwidth is split into m sub-bands (or subcarriers), resulting in multiband CAP
and the impulse responses of the transmit filters are given by [113],
pmI (t ) =
sin[γ (1 − β )] + 4β tTs cos[γδ ]
γ [1 − (4β tTs )2]
. cos[γ (2m − 1)δ ] (2.10)
for the in-phase filter and
pmQ (t ) =
sin[γ (1 − β )] + 4β tTs cos[γδ ]
γ [1 − (4β tTs )2]
. sin[γ (2m − 1)δ ] (2.11)
for the quadrature filter. In (2.10) and (2.11) γ = pit/Ts , δ = 1 + β and β is the
roll off factor.
The BER performance of m-CAP has been experimentally demonstrated in
[56, 57]. However, the m-CAP approach significantly increases the CC of the
system by requiring 2m FIR filters at the transmitter and additional 2m FIR
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filters at the receiver, thus resulting in 4m filters in total as compared to 4 filters
in CAP.
2.2.2 Unipolar Transmission
In the effort to obtain SISO-VLC scheme that can jointly overcome the
uni-polarity and incoherent transmission requirements in VLC systems when
employing off-the-shelf LED, schemes based on legacy multi-carrier techniques
and enhancements in existing techniques have been proposed. This is because
a multi-carrier system entails degrees of design freedom; i.e., the frequency and
time degrees of freedom, which can be utilized to allow unipolar transmission
without DC biasing, unlike for instance in CAP. Those existing unipolar schemes
are described in the following.
2.2.2.1 ACO-OFDM
ACO-OFDM is the most investigated technique in the literature for converting
any symbols of a 2D constellation into a unipolar one-dimensional signal [5, 6, 77].
As in DCO-OFDM, ACO-OFDM employs Hermitian symmetry in conjunction
with IFFT to obtain a real-valued time-domain signal; however, only the odd
subcarriers of the F -point IFFT to the input frame of the IFFT block are utilized,
as it is illustrated in Fig. 2.8; i.e, the input frame to the IFFT is arranged as
below
[0, s¨m[1], 0, s¨m[2], 0, . . . , s¨m[F/4 − 1], 0, s¨†m[F/4 − 1], 0, . . . , 0, s¨†m[2], 0, s¨†m[1]]T. (2.12)
This special arrangement helps to generate an output IFFT frame as it is depicted
in Fig. 2.9.(a), which shows an example of a typical time signal generated by an
asymmetrical O-OFDM (AO-OFDM) scheme, that has half-wave symmetry; i.e.,
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Figure 2.8: Block diagram of the ACO-OFDM transmitter.
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Figure 2.9: Illustration of (a) samples at the output of the standard AO-OFDM
process (i.e., s˙[n] in Fig. 2.8) (b) samples at the output of the standard ACO-OFDM
process [15] (i.e., s[n] in Fig. 2.8) based on the AO-OFDM process of (a).
the first F/2 samples are repeated in the second half of the frame but with reverse
polarity. Implying that clipping the negative samples will not result in losing any
information at the receiver [5, 11, 32], and the amplitude of the clipped samples of
s[n] are zero with probability 0.5 and otherwise have a half Gaussian distribution
such that [77]
fs[n](s) = 0.5δ (s) +
u (s)
σs˙[n]
√
2pi
exp
(
− s
2
2σ2
s˙[n]
)
.
Thus, s[n] has an average optical transmitted power that is
E[s] =
∫ ∞
−∞
sfs[n](s)ds =
σs˙[n]√
2pi
.
Consequently, the driving electrical sub-carrier, in this case, is composed of
sinusoids lying on only the odd harmonics and an added DC component of zero
as it is shown in Fig. 2.9.(b). However, this comes at the cost of the attained SE
when using ACO-OFDM transmission system, ηAC , which can be expressed by
ηAC =
(
F/4 − 2
F + Fд
)
B log2M, bits/s/Hz. (2.13)
Moreover, an electrical energy penalty of 3 dB when compared to conventional
RF-based OFDM occurs due to the fact that clipping reduces the amplitude of
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all the odd sub-carriers by half and causes intermodulation distortion (which falls
on the even sub-carriers only). In other words, the noise caused by clipping is
projected on the even sub-carriers in the frequency domain. This can be realized
by considering that the transmitted signal can be expressed by
s[n] = 0.5(s˙[n] + |s˙[n]|), (2.14)
where s˙[n] is the unclipped samples at the output of the IFFT. Equation (2.14)
implies that the effect of clipping the negative signals is equivalent to only multiply
the odd sub-carriers (that are loaded with data) by half, but it does not cause
any inter-channel interference (ICI) on them [78].
Many techniques for improving the performance of ACO-OFDM have been
proposed in the literature. Such as the technique in [111], where the authors
proposed to clip any negatively received observation at the receiver since the
transmitted signal must be real and positive in IM/DD channels, so the received
signal minus the noise must also be real and positive. The authors of [111]
showed that by clipping the negative values of the noisy data at the receiver,
approximately 25 % of the noise or about 1.25 dB will be avoided because half of
the transmitted ACO-OFDM signal will be equal to zero. An improved receiver
design over the clipped method of [111] was proposed in [9] for ACO-OFDM. The
proposed technique relies on a simple pairwise maximum likelihood method to
detect the transmitted zero-valued samples (i.e., the sample that contains only
a noisy signal) at the receiver and it could outperform the conventional method
and the clipped receiver of [111] by about 1 dB in optical signal to noise ratio.
Looking at (2.9) and (2.13), it is clear that ACO-OFDM provides half the
SE of DCO-OFDM, resulting in a deterioration in the system performance, as
discussed in Section 2.4. However, it is found that ACO-OFDM is more robust
to clipping effects than DCO-OFDM for similar modulation schemes, and thus,
ACO-OFDM is more suitable for applications with lower radiated average optical
power [30].
2.2.2.2 U-OFDM
In U-OFDM [104], which is also known as Flip-OFDM [44], the frequency-
domain is used to transform 2D symbols into one-dimensional signals by using
Hermitian symmetry similar to DCO-OFDM, whereas the time-domain is used to
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transform the bipolar signal at the output of the IFFT to a unipolar signal. The
time-domain samples, which are similar to the samples generated by the standard
O-OFDM operation used in DCO-OFDM as it is shown in Fig. 2.10, are first split
into two frames, which are then transmitted consecutively in time as it is shown
in Fig. 2.11 (b) and Fig. 2.11 (c). Each frame is formed by only activating its
positive/negative designated samples, and the other samples are de-activated; i.e.,
replaced by zero, such that the transmitted samples can be represented by
s[n] = (s˙p[n] + s˙n[n]), (2.15)
where
sp[n] = 0.5(s˙[n] + |s˙[n]|), (2.16)
and
sn[n] = 0.5(−s˙[n + F + 1] + |s˙[n + F + 1]|), (2.17)
The received frames cannot be directly detected as with DCO-OFDM and
ACO-OFDM schemes. In other words, before passing the received signal directly
through the FFT operation to obtain the recovered 2D symbols in the frequency
domain, the positive frame is first subtracted from the negative frame to reconstruct
the input frame of the FFT operation, as it is illustrated in Fig. 2.12, which can
be expressed by
s¯[n] = (sp[n] + zp[n]) − (sn[n] + zn[n]). (2.18)
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Figure 2.10: Block diagram of the U-OFDM transmitter.
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Figure 2.11: Illustration of (a) samples at the output of the standard O-OFDM
process (i.e., s˙[n] in Fig. 2.10) (b) samples of a positive frame (c) samples of a negative
frame as well as (d) samples at the output of the standard U-OFDM process (i.e., s[n]
in Fig. 2.10) based on the O-OFDM process of (a).
where zp[n] and zn[n] are the AWGN realizations at the receiver. Thus, the
subtraction process doubles the PSD of the noise No and consequently causes a 3
dB penalty in the SNR similar to ACO-OFDM scheme. However, unlike ACO-
OFDM, the clipping term |s˙[n]| is common for both the positive and negative
U-OFDM frames, and it is completely removed by the subtraction operation.
Finally, U-OFDM suffers from higher latency (almost double) when compared
to DCO-OFDM and ACO-OFDM because two consecutive frames need to be
received in order for the demodulation process to start. Asadzadeh et al. proposed
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Figure 2.12: Block diagram of the U-OFDM receiver.
in [9] an improved detection technique that avoids the need to subtract the two
transmitted frames to enhance the SNR at the receiver. The alternative recovering
method imposes a sampling encoding technique at the transmitter, as depicted in
Fig. 2.13, that convey the positive sample to a sample that is equivalent to the
amplitude of the positive sample followed by a zero sample, whereas, the negative
sample is conveyed to a zero sample followed by the absolute value of the sample’s
amplitude. Decoding the sign of the sample at the receiver is, thus, related to
the position of the zero sample which can be determined by comparing the two
samples.
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p osi t i ve sampl e
Figure 2.13: Illustration of the positive and negative time-domain OFDM samples
encoding technique of [9]
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From the SE perspective, U-OFDM provides a SE, ηU , that can be expressed
by
ηU =
(F − 2)
4(F + Fcp )
B log2(M ), bits/s/Hz, (2.19)
which is similar to ACO-OFDM; i.e., it is half the SE relative to DCO-OFDM.
From the CC point of view, in [43] the authors stated that Flip-OFDM/U-OFDM
is more computationally efficient than ACO-OFDM since it implements a smaller
FFT size for decoding the same information per frame. This is true only when
the two U-OFDM/Flip-OFDM frames have a combined length equal to one ACO-
OFDM frame. Then the information latency in both schemes would be the same.
However, in that case, since the FFT size of U-OFDM/Flip-OFDM is half the
FFT size of ACO-OFDM, the overhead of the CP is doubled. This means that
the SE of U-OFDM/Flip-OFDM would be less than the SE of ACO-OFDM.
2.2.2.3 GREENER-OFDM
GREENER-OFDM was recently proposed to close the SE gap between U-
OFDM and DCO-OFDM. Figure 2.14 shows the adapted method to generate an
electrical sub-carrier signal in GREENER-OFDM technique. As it is shown in
Fig. 2.14, the first stream is a typical U-OFDM frame, which is similar to the
signal demonstrated in Fig. 2.11(d), whereas the second and third frames, are
structured by duplicating and tripling each of the positive and negative subsequent
U-OFDM sub-frames, respectively, as it is detailed in Fig. 2.14. The three frames
M1-QAM
U-OFDM
x(t)
LED 
Bitstream 1
M3-QAM
U-OFDM
Bitstream 3
S1,2
+S1,2
-+
S1,4S1,4
- +
Stream 1
S3,1
+
S3,1
+
S3,1
+
S3,1
++
S3,1
-
S3,1
-
S3,1S3,1
   - -
Stream 3
M2-QAM
U-OFDM
+
S2,2
+
S2,2
+
S2,2S2,2
     - -
Stream 2
Bitstream 2
Frame 1
Frame 1
Frame 1
Frame 2
S2,1
+
S2,1S2,1S2,1
+--
Frame 2Frame 3Frame 4
 S1,1
+  S1,1
-
S1,3
+S1,3
-
Figure 2.14: Illustration of the process of generating a GREENER-OFDM stream.
37
2.2. SISO Systems
are then superimposed, and the resulting SE, ηGreener , can be expressed by
ηGreener =
3∑
д=1
ηU (д)
2д−1
, bits/s/Hz, (2.20)
where ηU (д) is the SE of the д-th U-OFDM frame which can be evaluated by (2.19)
for a constellation size Mд. Such that the constellation size utilized to generate
each; i.e., Mд, is determined based on the following rule
log2(MDC ) =
3∑
д=1
log2(Mд)
2д
, (2.21)
to ensure a SE; i.e., ηGreener , that is similar to the SE of DCO-OFDM; i.e., ηDC ,
where MDC is the size of the M-QAM constellation used in conjunction with
DCO-OFDM.
At the receiver side, the frames are detected successively. Starting with the
first frame that is directly detected by the subtraction based approach described
earlier for the U-OFDM scheme in Section 2.2.2.2. The subtraction operation
in the decoding process assures any interference introduced by the rest of the
frames is removed since the interference that falls on the positive and the negative
sub-frames are equivalent. The detected data after the FFT operation is then re-
modulated and subtracted from the received signal, and then the same procedure
is repeated to detect the subsequent frames; i.e., the second and third frames.
2.2.2.4 Polar-based Transmission
Polar-based transmission takes a different direction to transmit the 2D symbols
by converting the Cartesian form of the 2D symbols into polar form, and then,
sending its two elements by using two consecutive time slots [34, 38]. The concept
is to transfer the two coordinates of the 2D symbols to the norm and phase
coordinates of the symbol, where the former is transmitted during a first symbol
period, whereas the later, which has a value limited by the interval [0, 360], is
mapped into a point in the interval [0, 1] before it is transmitted using a second
symbol time.
The polar-based transmission approach does not necessitate the use of the
Hermitian symmetry/IFFT process at the transmitter, and thus differs from the
general trend in the proposed unipolar transmission techniques in the literature.
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Yet, in the multi-carrier scenario based on the polar transmission method polar
OFDM (POFDM), only the even sub-carriers are effectively modulated to generate
a frame with a half-wave even symmetry at the output of the IFFT; half-wave
even symmetry means that the first half is identical to the second half of the frame.
This helps to sufficiently transmit the data using only one half-frame, accordingly;
this solution can support equivalent SE to the DCO-OFDM scheme i.e.,
ηpolar =
(
F/2
F + Fд
)
B log2M, bits/s/Hz, (2.22)
however, this comes at the expense of incurred additional complexity for the
required Cartesian-polar transformation. In addition to the stringent requirements
on the dynamic range of LED since the transceiver does not ensure reliable
transmission in the presence of clipping [38]. Furthermore, it was highlighted
in the literature that the presence of any ISI between the samples of the two
elements of the polar symbol would decay the system performance [90].
2.2.2.5 Hybrid OFDM-Pulse Time Modulation
Though the scheme is proposed in [48, 49, 52] to address the high PAPR
characteristics of the OFDM signal by digitizing the analog OFDM signal, it
can also convert the bipolar OFDM samples into unipolar positive samples. The
main building blocks of the transmitter in this scheme is similar to the standard
O-OFDM schemes (i.e., DCO-OFDM or ACO-OFDM) that are used to generate
a bipolar one-dimensional OFDM signal. After the IFFT operation, each OFDM
sample is then modulated into a pulse width modulation (PWM) or M-PPM
symbol, such that the symbol period is divided into L number of slots and the
transmitted O-OFDM-PWM and O-OFDM-M-PPM signals are given by
s˙PWM [n] =

a, 0 ≤ t ≤ τ [n]
0, τ [n] < t ≤ L.
(2.23)
s˙PPM [n] =

0, 0 ≤ t ≤ τ [n]
a, τ [n] ≤ t ≤ τ [n] + 1
0, τ [n] + 1 < t ≤ L.
(2.24)
Here, τ [n] determines the pulse width in PWM or pulse position in M-PPM and
it is given by:
τ [n] =
s[n] − smax
smax − smin L, (2.25)
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where t is the number of time slots in PWM andM-PPM symbols, and a represents
the peak power. Also, smax and smin are the maximum and minimum amplitudes
of the O-OFDM symbol, respectively.
Clearly, in the hybrid OFDM-pulse time modulation (PTM) scheme, where
the PTM is either PWM or M-PPM, and since the PTM is utilized to linearly
represent the bipolar signal, the zero clipping operation in ACO-OFDM and
the DC-biasing required in DCO-OFDM is no longer necessary in OFDM-PTM
scheme; i.e, OFDM-PTM is a unipolar scheme as it is shown in Fig. 2.15. However,
in both PWM and M-PPM techniques, the minimum pulse duration is 1/L times
smaller than O-OFDM. Therefore, the required BW of OFDM-PTM scheme is
L times larger than that of O-OFDM. To mitigate the high BW requirements,
the authors proposed in [48, 49] to extend the duty cycle of pulse by a factor of
e, by which e can take any value between 0 and L. Such that, the transmitted
O-OFDM-PWM and O-OFDM-M-PPM signals are modified to
s˙PWM [n] =

a, 0 ≤ t ≤ τ [n] + e
0, τ [n] + e < t ≤ L + e.
(2.26)
s˙PPM [n] =

0, 0 ≤ t ≤ τ [n]
a, τ [n] ≤ t ≤ τ [n] + e + 1
0, τ [n] + e + 1 < t ≤ L + e.
(2.27)
Therefore, for e = L, the required BW of OFDM-PTM is the same as that of O-
OFDM. However, due to the extension of e of the pulse duration, the throughput
of the system would be decreased. To mitigate this drawback, the authors found
a solution in the anti-asymmetric time-domain characteristics of the AO-OFDM
signal, which means that transmitting the first half bipolar samples would be
sufficient to represent the entire unipolar AO-OFDM. In other words, as it can
LED
Select the
 First Half
Frame
PWM
Modulation
AO-OFDM
Input bits s(t)s[n].
Figure 2.15: Block diagram of the ACO-OFDM-PWM transmitter.
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be observed in the illustrated example in Fig. 2.15, the proposed scheme only
converts the first half samples of the AO-OFDM symbol into PWM and discard
the second half, i.e., the SE of
ηOFDM−PTM ≥
(
F/4 − 1
F + Fд
)
B log2M, bits/s/Hz, (2.28)
i.e., it is superior or equal to the SE of ACO-OFDM. At the receiver side, the
OFDM signal is extracted from the OFDM-PWM frame and the standard OFDM
detection operation is thereafter employed, which is the reverse process of the
transmitter operation.
2.3 MIMO Systems
MIMO techniques in VLC systems make use of not only time and frequency,
but also space by means of multiple LEDs and PDs. The spatial dimension is
useful to perform unipolar transmission without affecting the system throughput
as opposed to the unipolar SISO systems presented in Section 2.2.2. Thus, the
need to incorporate a DC shift in the transmitter structure is avoided, and, in turn,
high achievable data rates can be realized in VLC systems using MIMO techniques
without causing a dramatic decrease in the system’s energy or spectral efficiency.
Proposed solutions in this direction are mainly optical space modulation (OSM)-
OFDM and generalized LED index modulation optical OFDM (GLIM-OFDM),
and the details of their system model are discussed in the following subsections.
2.3.1 OSM-OFDM
An intermediate solution that fills the gap between the EE characteristics of
DCO-OFDM and the SE performance of ACO-OFDM is proposed by combining
real-valued OFDM with MIMO transmission techniques. In other words, OSM-
OFDM as it is illustrated in Fig. 2.16 is a one-dimensional scheme and, thus, as in
DCO-OFDM, Hermitian symmetry is imposed on the information frame before the
IFFT to produce the required real-valued signal. However, unlike DCO-OFDM
scheme and ACO-OFDM techniques, the bipolar signal at the output of the IFFT
is uni-polarized by transmitting the absolute value of the signal, whereas the
polarity of the signal is assigned to the index of the transmitting LED, which is
then transferred spatially using the distinct link gain between the LED and the
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Figure 2.16: Block diagram of the OSM-OFDM transmitter.
receiving PD. Consequently, the spatial channel gain helps to detect which LED
was activated at the transmitter and, hence, enables detecting the polarity of the
symbol at the receiver.
This method achieves higher EE and SE in comparison to the unipolar SISO-
based techniques; indeed it was shown that OSM-OFDM could exhibit 5 dB to
9 dB higher EE than ACO-OFDM [21]. However, the SE of the OSM-OFDM
scheme is still half of the conventional RF-OFDM systems due to the use of
Hermitian symmetry.
2.3.2 GLIM-OFDM
A straightforward approach to extend the proposed technique in the OSM-
OFDM scheme is to consider the use of four LEDs instead of two to transmit
the 2D symbol as a unipolar 2D signal, and it is proposed via the GLIM-OFDM
scheme, which its corresponding transceiver is depicted in Fig. 2.17. Such that
the 2D symbol is directly transmitted without requiring the use of the Hermitian
symmetry, where each pair of LEDs is dedicated for transmitting one part of the
2D symbol as it is shown in Fig. 2.17, and only one LED of the assigned pair
is activated at each symbol time in response to the polarity of the 2D symbol’s
part. Yesilkaya et al. proposed in [114] to recover the signal in a straightforward
manner through the use of joint detection. However, the two parts of the OFDM
symbol are normally distributed variables, thus, signal detection is carried out
using a maximum a posteriori probability (MAP) algorithm, which is extensive in
terms of the CC, causing the received symbol to be completely recovered before
the FFT operation (i.e., the scheme can operate only under flat fading channels).
Having detected the received signal prior to the FFT operation indicates that
equalization in the frequency domain is unnecessary.
42
2.4. Discussion
IFFT
Parallel to 
Serial 
conversion
s..  Serial 
to Parallel 
conversion
2D 
Separator
s1[n]>0
. s1[n]= s1[n]
.
s2[n]= -s1[n].
x1LED 
LEDs1[n]>0
.
LED 
LEDs2[n]<0.
.
.
s2[n]>0
.
x2
x3
x4
s3[n]= s2[n]
s4[n]= -s2[n]
Figure 2.17: Block diagram of the GLIM-OFDM transmitter.
Obviously, GLIM-OFDM is the only scheme amongst the above-mentioned
schemes that allow, energy and spectrally efficient 2D signaling transmission in
VLC systems, thus, it is an appealing candidate to solve the problem. Nevertheless;
the prevailing difficulty resides in the need to have channels with dissimilar gains
since due to the strong ICI between the LEDs of the MIMO transceiver structure,
it becomes much more challenging to detect the transmitted symbols.
2.4 Discussion
Solutions presented in this chapter vary with respect to the SE, EE, and
transceiver structure; however, techniques belonging to each category share a
common shortcoming. A serious problem with the inherently bipolar schemes
arises from the required DC biasing to ensure non-negativity of the electrical
sub-carrier. For instance, it is well known in the art that the necessary DC-shift
applied to a standard OFDM transmission in VLC drastically reduces the EE of
the transmission by at least 76%. The drawbacks of using the DCO-OFDM add
up when considering that the high PAPR of the OFDM signal, coupled with the
added DC shift to the OFDM signal results in an electrical sub-carrier that has a
high amplitude as it is shown in Fig. 2.4. The high peaks of such an electrical
sub-carrier can significantly affect the system performance [36, 85]; since it makes
clipping more likely and causes signal distortion that can result in overheating
due to the non-linear characteristics of LED.
Fig. 2.18 shows the dramatic loss in the EE performance of DCO-OFDM by
means of a comparison with the theoretical SER performance of a classicalM-QAM
constellation. It should be noted here that it has been shown in the literature that
performing bipolar to unipolar signal conversion when employing DCO-OFDM
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Figure 2.18: BER performance comparison between the DC-OFDM, ACO-OFDM,
U-OFDM, OSM-OFDM and M-QAM from the Monte Carlo simulations for different
SE values η.
requires a high DC-shift (i.e., low EE) due to the high PAPR characteristics of
the OFDM signal. Thus, in order to circumvent this limitation, the DC shift
of each constellation size is not evaluated based on the minimum peak of the
transmitted signal, rather, a sufficient DC bias is applied to the OFDM signal, and
the remaining negative signals are clipped [103]. In this method, the estimated
DC bias for each constellation size is optimized through Monte Carlo simulations;
such that increasing the DC bias beyond the selected DC value does not improve
the BER performance of the underlying system and decreasing the DC bias
beyond the selected DC value has a detrimental effect on the BER performance
of the underlying system. This is generally regarded as an acceptable approach
to optimize the DC shift of the multi-carrier schemes [103]. To this effect, the
optimum DC bias of DCO-OFDM for the constellation sizes of M = [16, 32, 1024]
or equivalently for SE of η = [2, 2.5, 5] are [7, 8, 13], as estimated in [103]. It is
evident from Fig. 2.18 that the electrical Eb/No penalty due to the DC biasing is
high, and it increases when a larger constellation size is used.
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The impact of the loss in SE on the potential energy savings of unipolar
schemes, on the other hand, is eliminating any EE benefits for constellation
sizes higher than four, as it is depicted in Fig. 2.18. This is clearly because
schemes such as U-OFDM and ACO-OFDM require a constellation size that
is the square of the constellation size required by the DCO-OFDM scheme to
achieve the same SE. In this regard, there is an ever-growing list of variants of the
ACO-OFDM and U-OFDM techniques that are proposed to tackle the SE gap
between these techniques and the DCO-OFDM scheme such as enhanced ACO-
OFDM [91], layered ACO-OFDM [108], enhanced U-OFDM [103], and recently
the GREENER-OFDM scheme [66]. However, the improvement regarding SE
is obtained at the cost of higher transceiver complexity, which is at odds with
the low-complexity philosophy of the IM/DD transmission scheme in VLC. For
instance, GREENER-OFDM, which is the most SE amongst them all, requires
a significant amount of memory at the transmitter side to generate one OFDM
frame, which is composed of at least three streams of information as it was
mentioned in Section 2.2.2.3. At the receiver side, an intensive high CC detection
scheme is utilized to decode the information streams successively. Although the
scheme is able to achieve promising EE and SE performance, it entails large
hardware resource utilization that constitutes high memory and necessitates an
exhaustive search with prohibitive CC, which makes itself impractical as a viable
scheme for VLC systems. It should be noted also, that schemes such as POFDM,
m-CAP, that could achieve similar or higher SE than DCO-OFDM suffers from
high implementation complexity or CC. For instance in POFDM, the conversion
between the coordinate systems requires complex circuitry [34], whilst in m-CAP,
CC increases with m at both the transmitter and the receiver (i.e., CC ∝ 2mL f )
[20].
MIMO-based transmission techniques such as OSM-OFDM give closer perfor-
mance results compared to the classical transmission in RF field in terms of the SE
and EE performance. Looking at Fig. 2.18, it can be seen that OSM-OFDM could
achieve an enhanced EE performance in comparison to DCO-OFDM by almost 5
dB for the same SE. Thus, the spatial dimension exhibits the potential to mitigate
the loss of the phase and polarity dimensions in VLC systems simultaneously.
However, MIMO techniques require a multi-LEDs structure, which makes it an
option only in facilities with multiple available sets of LEDs installed on the
ceiling.
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We have thus established that 2D transmission is to date a crippling bottleneck
in VLC systems and demands revolutionary approaches to design a more spectral
and energy efficient transceiver, while keeping its complexity acceptable. A
summary of the performances (in terms of various performance metric) of the
different existing transceiver techniques for VLC is provided in Table 2.1.
Table 2.1: Comparison between the state of the art techniques presented in this
Chapter.
Performace metric Polarity SE vs.DCO-OFDM CC Transceiver
BER vs.
ACO-OFDM
DCO-OFDM Bi-polar 1 ∼ O(F log(F )) SISO Lower [105]
m-CAP Bi-polar 1 ∝ 2mLf SISO Lower [112]
ACO-OFDM Uni-polar 0.5 ∼ O(F log(F )) SISO −
U-OFDM Uni-polar 0.5 ∼ O(F log(F )) SISO Similar [44]
GREENER-OFDM Uni-polar ∼ 1 Intensively high SISO Lower [103]
POFDM Uni-polar 1 ∼ O(F log(F )) SISO −*
OFDM-PTM Uni-polar ∼ 0.5 ∼ O(F log(F )) SISO Lower [49]
OSM-OFDM Uni-polar 1 ∼ O(F log(F )) MIMO Lower [79]
GLIM-OFDM Uni-polar 2 ∼ O(F log(F )) MIMO Lower [66]
*The P-OFDM BER performances do not ensure reliable transmission being
above the forward error correction (FEC) limit [35]
2.5 Summary
This chapter introduced the system model that is used throughout this thesis,
a categorization of the existing works relating to this model, and discussed their
limitations by giving insight regarding their EE, SE and CC performances. In
terms of the SE performance, we can conclude that DCO-OFDM and m-CAP
schemes exhibit the highest SE characteristics, but both schemes incur a severe
penalty to the EE (in the case of DCO-OFDM) or the CC (in the case of m-
CAP) performances of the system. On the other hand, the unipolar transmission
schemes result in an electrical sub-carrier signal that does not constitute a DC
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component; however, at the expense of either the SE, complexity or spatial
efficiency that diminishes enhancement in the bit error performance of the system
as transmission rate increases. Finally, to the best of our knowledge, the lack of an
insightful solution and adequate EE transceiver for VLC systems that is capable
of transmitting any bipolar symbol (one or two dimensional) in the literature was
emphasized.
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Unipolar Orthogonal Transmission 3
The focus of this chapter is the design of a unipolar transmission scheme for
VLC systems. Our proposed scheme enables to convert a signal from a discrete
bipolar signal set into a unipolar continuous signal without incorporating a DC-
shift in the transmitter structure. The main feature and advantage of our proposed
unipolar scheme over most of the existing unipolar schemes in the literature is that
in our proposed scheme the positive and negative real samples are differentiated
based on varying the waveform shape that is used to generate the continuous-time
signal relevant to the positive and negative real samples, thus, the conversion is
performed directly in the analog domain and not in the digital domain as it is
with existing schemes in the literature.
The chapter is structured first to represent the detailed description of the
system model related to our proposed approach, discussing the system in the
multi and single-carrier scenarios and highlighting the main practical issues when
it comes to implementation. We then discuss numerical results and compare our
scheme with the-state-of-the-art in terms of EE and SE. Finally, the content of
the chapter is summarized.
3.1 System model
In our proposed unipolar orthogonal transmission (UOT) scheme the bit
streams are mapped to a real discrete signal s˙, which is then converted into a 2D
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signal s = [s1, s2], as it is illustrated in Fig. 3.1, based on the following mapping
rule
s˙ ≥ 0⇒ s1 = s˙ and s2 = 0;
s˙ < 0⇒ sl = − s˙√
2
,∀l ∈ L = 1, 2. (3.1)
In other words, the bipolar signal s˙ is mapped into the 2D signal s = [s˙, 0],
if it is non-negative, and into s = −[s˙, s˙]/√2, if it is negative as it is shown in
the example illustrated in Fig. 3.2, which demonstrates the signal constellation
for a classical M-PAM signal and our proposed UOT scheme for the same PAM
symbols in (2.4) when the constellation size M = 2. Afterward, a pulse shaping
operation is performed and the continuous-time signal s (t ), which is then intensity
modulated at the LED, can be expressed as
s (t ) = s1p1(t ) + s2p2(t ),
where pl (t ) (∀l ∈ L) are two orthogonal pulse shapes that satisfy the following
conditions
p1(t ) ≥ 0, ∀t ∈ R;
p1(t ) + p2(t ) ≥ 0, ∀t ∈ R;∫ ∞
−∞
p1(t )p2(t ) dt = 0.
(3.2)
The list of conditions can be interpreted as: the system utilizes two unipolar
pulse shapes where the first is a unipolar non-negative pulse p1(t ), and the second
is a unipolar non-negative pulse shape that is based on a combination of p1(t ) and
p2(t ); this combination provides a second unipolar pulse shape for our proposed
UOT scheme. Moreover, p1(t ) and p2(t ) are orthogonal to each others. Obviously,
the selected pulse shapes; i.e., p1(t ) and p2(t ), that satisfy the conditions in (3.2)
s(t)
Transmitter
LED
p1 (t)
p2(t)
s.
2D-digital Mapping
Input bits
 s1 
s2 
One-dimensional 
Mapping .s < 0
.
s < 0
Figure 3.1: Block diagram of our proposed UOT transmitter.
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Figure 3.2: Signal constellation for (a) classical PAM signal, and (b) our proposed
UOT scheme for the same PAM symbols (in (2.4)) when the constellation size M = 2.
can transform any positive (s˙ > 0) or negative (s˙ < 0) real digital sample s˙ into
a non-negative continuous-time waveform since according to (3.2), the impulse
response of both p1(t ) and the linear combination of p1(t ) and p2(t ) are always
non-negative. To elaborate, let us consider that the polarity of the transmitted
discrete signal s˙ is non-negative, then the signal will be shaped by the unipolar
pulse p1(t ) that is restricted to be non-negative in (3.2). Now, in case that the
transmitted discrete signal s˙ is negative, the inverted value of the signal will be
shaped by the combined pulse shape of p1(t ) and p2(t ), which is also non-negative
as per the conditions in (3.2), and, in turn, it will be transferred into a non-negative
continuous signal. An example of two pulse shapes that satisfy the conditions in
(3.2) is the zero and the first order Walsh functions (rectangular waveforms) that
are shown in Fig. 3.3.
At the detector side, the received signal y (t ) is passed through two matched
filters p¯l = pl (Ts − t ) (∀l ∈ L) and sampled at t = Ts . After which the observations
s¯l (∀l ∈ L) are obtained. Note that despite the fact that the transmitted signals
in our proposed scheme are positive unipolar, the received samples s¯l (∀l ∈ L) are
not necessary positive since the AWGN can be negative [16, 68]. Therefore, it has
been proposed in the literature to clip the negative samples at the receiver (as
a first stage) to force the negative samples to be equal to zero. This technique,
which was utilized for classical unipolar schemes in [111], can also be utilized
in our proposed UOT scheme as an initial stage for noise clipping. Therefore,
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Figure 3.3: Normalized time response of the zero and first order Walsh rectangular
orthogonal waveforms; i.e.,Wal0 (t ) andWal1 (t ), respectively, as well as the sum of these
waveforms.
for the sake of completeness, we design here two detectors including or not the
negative clipper, and assess their performance in this thesis. In the case that a
negative clipper is not included, the receiver directly passes the received samples
s¯l to detect the transmitted signals. Whereas if a negative clipper is included; the
receiver first clips the negative observations before estimating the transmitted
signal. Afterwards, the receiver utilizes the orthogonality between p1(t ) and p2(t )
to distinguish whether the positive or the negative signal was transmitted as
follows
s∗ = s˜1(1 − p) − p√
2
(s˜1 + s˜2) (3.3)
where s˜l , s¯l if no negative clipping is utilized and s˜l , max[s¯l , 0] if negative
clipping is utilized. Moreover, p is defined as
p =

0, if
(
s˜1 − s˜2
)
> s˜2;
1, otherwise.
(3.4)
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Given that the received observations s˜l (∀l ∈ L) cannot be directly utilized to
detect the polarity of the transmitted discrete signal s˙ (since the waveform p1(t )
is utilized for transmitting both positive and negative signal s˙), the metric in (3.4)
is required to detect the polarity of the transmitted sample.
Following the amplitude extraction using (3.3), the standard demodulation
process in the single-carrier/multi-carrier is adopted to recover the bit stream. In
the following, we discuss our proposed scheme in both multiple and single carrier
scenarios.
3.1.1 Multi-carrier scenario
The input digital signal of our proposed scheme in the multi-carrier scenario
is the OFDM symbol with real-valued F time domain samples, which can be
generated by using the same standard IFFT process utilized in the state of the
art schemes such as DCO-OFDM or ACO-OFDM as outlined in Sections 2.2.1.2
and 2.2.2.1. Therefore, in this subsection the standard IFFT building blocks
described in Sections 2.2.1.2 and 2.2.2.1 are adopted.
In the case of using the standard O-OFDM operation as in the DCO-OFDM
scheme, our proposed UOT scheme can be utilized to transmit the bipolar OFDM
samples without requiring any DC biasing after the DAC operation. Thus, in our
proposed scheme in conjunction with the standard bipolar O-OFDM operation,
each of the one-dimensional F samples is mapped into the 2D points s[n] (∀n ∈ F)
by using the mapping rules detailed in (3.2). Whereas, in the case of using
the standard AO-OFDM operation as in the ACO-OFDM scheme; i.e., only the
odd OFDM sub-carriers are loaded with information to obtain the time-domain
samples with the anti-symmetry property; the first half samples of the AO-OFDM
frame are transmitted. It should be noted here, that converting the entire AO-
OFDM frame is not necessary since due to the anti-symmetry property of the
time-domain samples, the first F/2 samples would be sufficient at the receiver to
recover the entire AO-OFDM without any loss of information. Also, note that
our proposed scheme does not require clipping the negative samples as proposed
in ACO-OFDM, as it is shown in Fig. 3.4. Afterwards, the polarity and value of
each of the one-dimensional F/2 bipolar AO-OFDM samples determine the two
parts of the 2D points s[n] (∀n ∈ F) according to (3.1).
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Figure 3.4: Illustration of (a) samples at the output of the standard AO-OFDM
process (i.e., s˙[n] in Fig. 2.8) (b) samples at the output of the standard ACO-OFDM
process (i.e., s[n] in Fig. 2.8) as well as (c) our proposed UOT process based on the
AO-OFDM process of (a).
In order to better understand how the transmit signal is generated in our
scheme and how it differs from the ACO-OFDM signal, Fig. 3.5 depicts both
signals based on the same AO-OFDM samples. It can be seen in Fig. 3.5 (b),
which shows an example of an analog signal generated by using our proposed
UOT scheme, that the equivalent waveform duration of each sample in our scheme
can be expressed by
s (t ) = s˙[n], 0 < t ≤ Tsam,
if s˙[n] is non-negative. Whereas, if s˙[n] is negative
s (t ) =

−√2s˙[n], 0 < t ≤ Tsam
2
;
0, Tsam/2 < t ≤ Tsam,
Thus, the minimum pulse duration of our proposed UOT scheme is half less than
Tsam/2. In turn, the BW requirement for our UOT scheme is twice higher than
that of ACO-OFDM. A simple way to deal with this problem is to extend the
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Figure 3.5: Illustration of time domain waveforms for (a) ACO-OFDM, as well as
(b) our UOT scheme for the same AO-OFDM samples in Fig. 3.4 (a).
sampling time of our proposed UOT to 2Tsam as it is shown in Fig. 3.5 (b) (see
green line) such that the minimum pulse duration of the waveform becomes Tsam,
as in ACO-OFDM. The proposed extended-UOT (E-UOT) signal is then given
by:
s (t ) = s˙[n]/
√
2 0 < t ≤ 2Tsam, (3.5)
if s˙[n] is non-negative. Whereas, if s˙[n] is negative
s (t ) =

−s˙[n], 0 < t ≤ Tsam;
0, Tsam < t ≤ 2Tsam .
(3.6)
Equations (3.5) and (3.6) indicate that our proposed extended-UOT (E-UOT)
scheme has the same throughput and BW requirement as ACO-OFDM (i.e., our
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proposed E-UOT achieves the same SE when compared to ACO-OFDM). It should
also be noted here that when the sampling time is extended to 2Tsam there is no
crosstalk from other sub-channels (as in ACO-OFDM), as it is shown in Fig. 3.6.
Now turning to the receiver side, the polarity and amplitude of each of the
received samples can be detected using the proposed technique in (3.3). Afterward,
the F/2 recovered signals are exploited to reconstruct the structure of the AO-
OFDM frame to be fed into the IFFT operation to finally recover the 2D symbols.
However, as it was mentioned in Section 3.1, noise clipping is considered in the
literature to improve the BER of classical schemes such as ACO-OFDM, wherease,
contrary to ACO-OFDM, negative clipping prior to the detection process does not
enhance the BER performance in our proposed UOT scheme as it is illustrated in
Fig. 3.7, which shows the effect of the presence and absence of noise clipping at
the reciever on the BER performance of our UOT scheme. This can be attributed
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Figure 3.6: Illustration of (a) time domain waveforms of positive (red solid line) and
negative (blue dashed line) samples; (b) respective spectrum of positive (red solid line)
and negative (blue dashed line) samples when the sampling time is extended to twice
the sampling time of ACO-OFDM.
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Figure 3.7: Effects of noise clipping on the BER performance of our proposed E-UOT
scheme at the receiver for different constellation sizes.
to the fact that in our proposed scheme the received signal (and; thus, the channel
noise variance σ2) is split over two matched filters at the receiver, such that it
makes it better immune to noise. This can be also explained by considering that
though recovering s∗[n] from s˜l (∀l ∈ L) requires additional polarity information
from p, and, thus, any incorrect sign flipped due to the noise process will then
lead to a corresponding error in s∗[n] as well, this error propagation only occurs
when the noise at the output of the second matched filter, p¯2(t ), is larger than
the signal at the output of the first matched filter, p¯1(t ). Hence, errors are most
likely to occur on those signal points with relatively low power. Incorrect flipping
of low-power signals will only have a marginal effect on the results. On the
other hand, an incorrect flipping of a large-magnitude signal due to a very large
noise is highly unlikely [18]. Therefore, s∗[n] is only likely to suffer from a small
SNR penalty, and thus the negative clipper at the receiver does not improve the
performance of the system as compared with the conventional schemes such as
ACO-OFDM.
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In Figures 3.8 and 3.9, we present numerical case study on the error rate
performance of our proposed scheme and discuss its EE and SE in light of state
of art schemes such as ACO-OFDM, DCO-OFDM, respectively. Note that since
practical IFFT/FFT sizes are greater than 64, in our simulations an IFFT/FFT
size of 512 is chosen. Also, note that in general a CP is included in OFDM-
based systems to combat inter-symbol interference and ICI. However, in optical
wireless systems the CP is shown to have a negligible impact on the electrical
SNR requirement and SE [37]. Therefore, CP is not considered in our simulations.
Figure 3.8 assesses the BER performance of our proposed E-UOT in comparison
with the state of the art ACO-OFDM scheme for different constellation sizes.
Recall that, as previously mentioned the sampling time of E-UOT is twice as the
one of ACO-OFDM such that both schemes are compared on equal ground in terms
of SE. It can be observed in Fig. 3.8 that our proposed E-UOT scheme exhibits
a very significant BER performance improvement as compared to ACO-OFDM.
For instance, at a target BER performance of 10−4, our proposed UOT scheme
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Figure 3.8: BER performance comparison of our proposed E-UOT scheme against
ACO-OFDM for different constellation sizes.
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enhances the EE performance by almost 3 dB as compared to ACO-OFDM for
M = 16, and this gain further increases as the constellation size, M, increases,
i.e., a gain of 5 dB is achieved at a BER of 10−4 for M = 1024. This large
performance gain is due to the fact that our proposed UOT scheme completely
avoids clipping the negative samples (i.e., our proposed scheme exhibits no clipping
noise on even sub-carriers); in turn, this implies a 3 dB enhancement at high
Eb/N0 in comparison with schemes using clipping like ACO-OFDM. Furthermore,
the second step of our proposed detection method in (3.1) discards the second
observation s˜2[n] for detecting the positive signal, which is only a noise component,
and divides the noise component by
√
2 for detecting the negative signal; in turn,
this improves the detection of the amplitude value of the recovered sample, and
thus enhances the BER performance of our proposed E-UOT scheme over the
conventional detection scheme in ACO-OFDM, as it is confirmed in Fig. 3.8.
In Fig. 3.9, our proposed scheme is compared against the state of the art
DCO-OFDM for different constellation sizes. It should be noted here that in
order to circumvent the very high PAPR characteristic of the OFDM signal in
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Figure 3.9: BER performance comparison of our proposed E-UOT scheme against
DCO-OFDM for different constellation sizes.
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DCO-OFDM, the DC shift is not necessarily evaluated based on the minimum
peak of the transmitted signal for each constellation size as mentioned earlier in
Section 2.2.1.2; instead, it is first estimated based on simulations, it is then applied
to the DCO-OFDM signal, and finally the remaining negative parts of the signals
are clipped (after the DC-shift is applied) [103]. According to [103], the optimal
DC shift values for constellation sizes M = [16, 64, 256, 1024] are [7, 9.5, 11, 13],
respectively, in DCO-OFDM. Consequently, as in [103], we have used these values
for simulating the BER performance of DCO-OFDM in Fig. 3.9. This figure
illustrates that our proposed scheme can improve the EE by more than 2 dB at
a BER of 10−4 in comparison to DCO-OFDM (when considering the same SE
for both schemes); this can be observed by comparing the result of our proposed
E-UOT scheme for M = 256 against the result of DCO-OFDM for M = 16. It
is intuitively clear that DCO-OFDM scheme has a SE of ηDC = log2M/2 for
a given constellation size M, whereas E-UOT has the SE as ACO-OFDM, i.e.
ηAC = log2M/4, such that E-UOT with a constellation size M2 is equivalent to
DCO-OFDM with a constellation size of M in terms of SE. Indeed, E-UOT with
M = 256 (i.e. ηE−UOT = log2M/4 = 2 bits/s/Hz when M = 256) produces the
same SE as DCO-OFDM with M = 16 (i.e., ηDC = log2M/2 = 2 bits/s/Hz when
M = 16). The gain of our scheme over DCO-OFDM can be explained by noticing
that our scheme electrical SNR is similar to that of a bipolar OFDM signal, which
is unlike ACO-OFDM. Whereas DCO-OFDM electrical SNR is 6-7 dB worst that
of a bipolar OFDM signal for a 4-QAM and this SNR loss dramatically increases
with the modulation order M . Consequently, our proposed scheme performs better
than DCO-OFDM (as shown in Fig. 3.9) for constellation sizes higher than M = 4,
which is unlike ACO-OFDM.
3.1.1.1 Performance Analysis
This section derives the BER of our proposed UOT/E-UOT transceiver on the
premise that the transmitting channel is an AWGN. Accordingly, the error rate
probability of our proposed transceiver can be evaluated by considering that in our
proposed scheme, recovering the n-th transmitted sample s˙[n] is performed in two
stages; the first stage detects the polarity of the transmitted symbol by using the
metric in (3.4). The second stage then estimates the amplitude of the transmitted
sample based on the result of the first stage and by using the rule in (3.3). Thus,
the correct detection of each individual sample in the time-domain depends on
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the correct detection of p and s∗, which is a function of two independent and
normally distributed random variables s˜l (∀l ∈ L), i.e., s˜l ∼ fs˜l (s) where
fx(s) =
1√
2piσ2x
e
−(s−µx)2
2σ2x ,
where µx and σx are the mean and the standard deviation of the variable x. Note
that the mean of the distribution of each random variable (RV) (i.e., s˜l) depends
on whether the transmitted signal s˙[n] is non-negative or negative. Note also that
for simplicity of notation, we omit the index n in the rest of the derivation.
Let us first assume that the transmitted signal s˙ is non-negative. Then, the
probability to obtain the correct value of p is equivalent to correctly estimate
the event 2s˜2 < s˜1, where the random variables s˜1 and 2s˜2 have a mean value of
s˙ and 0, respectively. Consequently, the conditional probability p (2s˜2 < s˜1 |s˜1 =
s) = Φ(s/2σ2), where Φ(·) is the cumulative probability distribution function
of the standard normal RV, is the probability of correctly obtaining p when
the observation value s˜1 takes the value s. Thus, the probability to correctly
obtain p when the transmitted signal is non-negative, Pr+c (p), which equals the
unconditional probability that 2s˜2 does not exceed s˜1, is, based on the law of total
probability, given by
Pr+c (p) =
∫ ∞
−∞
fs˜1 (s)Φ
( s
2σ2
)
ds.
= Φ
( 2s1√
7σ2
)
.
Meanwhile, due to the detection process at the reciever, the transmitted sample will
be transformed to a new value at the receiver, i.e., s∗, which its noise component
can be calculated by using
σ+c (s˙ ) =
∫ ∞
−∞
s2 fs˜1 (s)Φ
( s
2σ2
)
ds.
Pr+c (p)
−
(
µ+c (s˙ )
)2
, (3.7)
where µ+c (s˙ ) can be found by
µ+c (s˙ ) =
∫ ∞
−∞
sfs˜1 (s)Φ
( s
2σ2
)
ds.
Pr+c (p)
. (3.8)
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The same methodology can be applied to derive the noise component of
the detected sample when the transmitted signal is negative and the value of p
is correctly detected, σ−c (s˙ ). However, recall that in the case of transmitting a
negative sample, the probability Pr−c (p) is equivalent to correctly estimate the event
(s˜1 − s˜2) < s˜2, where s˜1 − s˜2 and s˜2 have a mean value 0 and s2 = s˙/
√
2, respectively.
Note also that the received sample is mapped to the signal (s˜1 + s˜2)/
√
2 according
to the detection rule in (3.3). Therefore, after some mathematical manipulation,
the value of σ−c (s˙ ) can be estimated by
σ−c (s˙ ) =
∫ ∞
−∞
2s2 fs˜2 (s)Φ
( s
σ
)
ds.
Pr -c (p)
−
(
µ−e (s˙ )
)2
, (3.9)
where
µ−c (s˙ ) =
∫ ∞
−∞
− √2sfs˜2 (s)Φ
( s
σ
)
ds.
Pr -c (p)
.
and
Pr -c (p) =
∫ ∞
−∞
fs˜2 (s)Φ
( s
σ
)
ds.
= Φ
( 2s˙2√
5σ2
)
.
The variances in (3.7) and (3.9) are defined based on the polarity of the
variable s˙. Thus, the average of the variances in (3.7) and (3.9) over the entire
frame can be evaluated by
σc =
∫ ∞
0
σ+c (s˙ )ds˙ +
∫ 0
−∞
σ−c (s˙ )ds˙ .
Note that the noise components in (3.7) and (3.9) are transformed into an
AWGN due to the central limit theorem (CLT) and because of the flat channel
assumption.
Next, we need to obtain σ+(s˙ ) and µ+(s˙ ) as well as σ−(s˙ ) and µ−(s˙ ) for the
case that p is mis-detected. Obviously, the probability of incorrectly detecting p
when the transmitted signal is non-negative and negative equals the conditional
probability Pr (2s˜2 > s˜1 |s˜1 = s) and Pr ((s˜1 − s˜2 > s˜2 |s˜2 = s), respectively. Conse-
quently, the probability of incorrectly detecting p when the transmitted signal is
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non-negative and negative equals Pr+e (p) = 1 − Pr+c (p) and Pr−e (p) = 1 − Pr−c (p),
respectively. Therefore, the expressions in (3.7) and (3.8) can be re-evaluated for
the case when p is mis-detected as follows
σ+e (s˙ ) =
∫ ∞
−∞
2s2 fs˜1 (s)Q
( s
2σ2
)
ds.
Pr+e (p)
−
(
µ+c (s˙ )
)2
. (3.10)
where Q (s) is the Q-function and
µ+e (s˙ ) =
∫ ∞
−∞
− √2sfs˜1 (s)Q
( s
2σ2
)
ds.
Pr+e (p)
.
for the case when the transmitted signal is non-negative, s˙ ≥ 0. Whereas when
s˙ < 0 (3.9) and (3.10) can be re-expressed as
σ−e (s˙ ) =
∫ ∞
−∞
s2 fs˜2 (s)Q
( s
σ
)
ds.
Pr -e (p)
−
(
µ−e (s˙ )
)2
, (3.11)
where
µ−e (s˙ ) =
∫ ∞
−∞
sfs˜2 (s)Q
( s
σ
)
ds.
Pr -e (p)
.
Similar to (3.7) and (3.9), (3.10) and (3.11) are defined based on the polarity
of the variable s˙. Thus, the average of the variances in (3.10) and (3.11) over the
entire frame can be evaluated by
σe =
∫ ∞
0
σ+e (s˙ )ds˙ +
∫ 0
−∞
σ−e (s˙ )ds˙ .
We know from the Bussgang theorem that if P (x ) is a nonlinear transformation
of a zero mean Gaussian RV x , then P (x ) = ζx + z, where E[xz] = 0 and ζ is a
constant. Consequently, ζ and z can be evaluated for both correct and incorrect
cases by using
ζd =
E[s˙µd (s˙ )]
σ2
s˙
=
1
σ2
s˙
*,
∫ ∞
0
s˙µ+
d
(s˙ ) fs˙ (s)ds˙ +
∫ 0
−∞
s˙µ−d (s˙ ) fs˙ (s)ds˙+-,
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and
zd =
∫ ∞
0
(
µ+
d
(s˙ )
)2
fs˙ (s)ds˙ +
∫ 0
−∞
(
µ−d (s˙ )
)2
fs˙ (s)ds˙ − ζ 2d σ2s˙ ,
where d = c and e for the cases of correct and incorrect detection, respectively.
Hence, the average of the gain factor and the noise component, i.e. ζ¯ and z¯,
respectively can be calculated by using
ζ¯ = Pcζc + (1 − Pc )ζe , (3.12)
and
z¯ = Pc (σc + zc ) + (1 − Pc ) (σe + ze ), (3.13)
where Pc is the average probability of correct detection that can be estimated by
Pc =
∫ ∞
0
Φ
(√
4s˙2
7σ2
)
fs˙ (s)ds˙ +
∫ 0
−∞
Φ
(√
2s˙2
5σ2
)
fs˙ (s)ds˙ .
Finally, invoking (3.12) and (3.13) in the BER formula of the M-QAM, the
BER performance of our proposed scheme can be expressed by
BERUOT = BERQAM
( ζ¯Eb,elec
z¯
)
. (3.14)
where BERQAM is the conventional BER expression of M-QAM.
Figure 3.10 illustrates a comparison between the numerical results of our
derived BER expression provided in (3.14) and Monte Carlo simulations for our
proposed E-UOT transceiver without negative clipping and different constellation
sizes; M = 16, 64 and 256. The figure clearly shows that the simulations and
analytical BER results are in-line with each other, which validates the great
accuracy of our derived BER expression in (3.14).
3.1.1.2 Practical issues
In order to get insight into the performance of our proposed UOT/E-UOT
scheme, we discuss how the design of our scheme makes it efficient and robust in
terms of practical considerations in comparison with the state of the art.
Optical power : The probability density function (pdf) distribution of the
digital samples s˙[n] in our proposed scheme is half normal-distribution, and, hence,
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can be expressed by [77]
fs[n](s) =
√
2
σs˙[n]
√
pi
exp
( −s2
2σ2
s˙[n]
)
u (s).
such that s˙[n] has an average optical transmitted power that is equal to
E[s[n]] =
∫ ∞
−∞
sfs[n](s)ds =
√
2
pi
σs˙[n]. (3.15)
However, extending the sampling time to 2Ts reduces Po of our proposed scheme
in (3.15) by 1/
√
2. Therefore, the average transmitted optical power is 40% higher
than that in ACO-OFDM.
PAPR: The multi-carrier time-domain OFDM signal, as mentioned earlier, is
the result of the addition of a large number of sub-carriers, and, in turn it exhibits
an inherently high PAPR. In VLC, LEDs have a limited operating voltage range
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Figure 3.10: Comparison of the simulated (via Monte Carlo simulation) against
the theoretical (via (3.14)) BER performance results of our proposed E-UOT scheme
without negative clipping for various constellation sizes.
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and the voltage-current characteristic shows a nonlinear behavior. Thus, when an
OFDM signal is used to intensity modulate LEDs, the high PAPR of the OFDM
signal causes LED chip overheating and nonlinear distortions. Therefore, the
PAPR of the output signal plays a vital role in determining the overall system
practical performance and is considered as an essential performance metric.
The PAPR is defined as the ratio of peak signal power to average signal power.
For OFDM-based systems, the PAPR is computed per OFDM frame and it is
usually assessed in terms of the complimentary cumulative distribution function
(CCDF), which is the probability that the PAPR exceeds a certain value x , where
the the CCDF is defined as
CCDF = 1 − P (PAPR ≤ x ).
and the PAPR of the continuous time output OFDM signal in decibels can be
calculated by
PAPR = 10 log10
max[s2(t )]
E[s2(t )]
(3.16)
Using this metric, we assess, in Fig. 3.11, the PAPR performance of our E-UOT
scheme against ACO-OFDM as a function of the threshold x . Results show that
the PAPR performance of our proposed E-UOT scheme is similar to that of ACO-
OFDM. This can be explained by considering that the PAPR of ACO-OFDM
is twice as the one for AO-OFDM. Indeed, in ACO-OFDM, the clipping of (on
average) half the samples reduce the average energy of the signal, i.e. E[s (t )2], by
half compared to AO-OFDM; whereas max[s (t )2] remains similar. Hence, based
on (3.16), the difference of a factor two between these PAPRs. Meanwhile, the
PAPR of our E-UOT scheme is also twice as the one of AO-OFDM and, thus,
similar to ACO-OFDM; the PAPR of the signal being inversely proportional to
the duty cycle of the transmitting pulse, which in our proposed scheme has a
duty cycle of (Ts/2)/Ts = 0.5, implies that the PAPR of our E-UOT scheme is also
twice that of AO-OFDM.
Complexity : In terms of implementation complexity, our proposed E-UOT
scheme employs at the transmitter side a simple sample and hold technique, which
varies depending on the polarity of the transmitted signal, whereas at the receiver
side, it requires an additional filter to detect the polarity of the transmitted signals
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in comparison with ACO-OFDM. However, in terms of CC, though our proposed
scheme needs to recover two samples per transmitted signal to decode each one
of them, it requires a total of N samples to recover the entire AO-OFDM frame,
which is similar to ACO-OFDM. Obviously, the number of FFT/IFFT operations
in both of the schemes is the same, and thus in this regard the CC is similar for
both schemes; E-UOT and ACO-OFDM. Note here that the additional step that
recovers the polarity in our proposed E-UOT scheme in (3.4) has a complexity of
one real addition, and; thus, it has a negligible effect on the CC. Therefore, to
sum up, it can be concluded that our proposed E-UOT has a similar CC than
ACO-OFDM.
Timing Jitter : Given that our proposed scheme detector employs two detection
stages to estimate the transmitted symbol, it is relevant to investigate under which
circumstances the system performance can be limited by the inherent timing jitter
error. The first stage detects the polarity of the transmitted signals and based
on the results of the first stage, the second stage determines the amplitude of
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Figure 3.11: PAPR comparison between our proposed E-UOT scheme and ACO-
OFDM for the same data information.
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the symbol. However, the first stage relies on OWs, which is known to have a
challenging autocorrelation characteristic; i.e., OWs exhibits time-sensitivity to
receiver synchronization and clock sampling jitters. Adversely, in practical systems,
the estimated sampling clock times at the receiver deviates from the ideal sampling
time, which usually referred to as timing jitter, and causes BER performance
losses. Figure 3.12 depicts the impact of timing jitter on the BER performance of
our proposed scheme for different timing jitter; ε = 0s, 0.01s, 0.03s . . . , .23s, where
the jitter error is modeled as a positive and uniformly distributed random timing
jitter in the range of [0; ε] in agreement with work reported in the literature
in [50] for an M-QAM constellation. Clearly, the presence of synchronization
jitter causes the matched filter to sample the received signal, not at the sampling
instant t = Tc , but at random samples in its vicinity, altering the detected two
parts of s and degrading the BER performance of the system. It can be observed
in Fig. 3.12 that as a result of the time displacement, the timing jitter has little
effect less than 1 dB for timing offsets of less than 0.07. However, for higher
0 5 10 15 20 25 3010
−4
10−3
10−2
10−1
100
E b/No (dB)
B
E
R
ε = 0s
ε = 0.01s
ε = 0.03s
ε = 0.05s
ε = 0.07s
ε = 0.09s
ε = 0.11s
ε = 0.13s
ε = 0.15s
ε = 0.17s
ε = 0.19s
ε = 0.21s
ε = 0.23s
Figure 3.12: Effects of timing jitter on the BER performance of our proposed UOT
transceiver BER performance for a constellation size M = 16.
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timing offsets, an additional power is required to achieve specific BER and this
power increases exponentially as the timing jitter increases. But note that the
jitter noise plateau level of our proposed scheme occurs when ε = 0.23 which
indicates that our proposed E-UOT transceiver is a jitter-robust transceiver unlike
orthogonal transmission schemes in the literature such as multilevel pulse position
modulation [8].
3.1.2 Single-carrier Scenario
Here, the transmitted symbol is based on the conventional RF bipolar M-PAM
as in (2.4); i.e.
s˙m =

s˙M/2−m = −(1 + 2m);
s˙M/2+m+1 = (1 + 2m),
(3.17)
form = 0, 1, 2, 3, · · · ,M/2−1. Fig. 3.13 shows the signal waveforms sm (t ) (∀m ∈M)
of our proposed scheme in the single-carrier scenario after pulse shaping; i.e.,
the waveforms generated by using (3.3), compared to the conventional unipolar
M-OPAM in VLC systems for a constellation size of M = 4, where the unipolar
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Figure 3.13: Illustration of the time domain waveforms signals of our proposed UOT
scheme when s˙m belongs to M-PAM (in (3.17)) as well as M-OPAM (in (3.18)), when
the constellation size is M = 4.
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M-levels of M-OPAM are given by
s˙m+1 = 2m, m = 0, 1, 2, 3, · · · ,M − 1. (3.18)
As it is observed in Fig. 3.13, the transmitted waveform in our proposed
scheme can be considered as a hybrid M-PAM-PTM signal, where the minimum
pulse duration of the two level PTM is half smaller than the M-OPAM. Therefore,
the required BW of our proposed UOT scheme is 2 times larger than that of
M-OPAM [48, 49, 52].
At the receiver side, after the match filtering process, the signals s∗ and p are
recovered by using (3.3) and (3.4), respectively, and, in turn, the transmitted
symbol’s value can be estimated by using
s> = arg min
m∈M∗
‖s˙m − |s∗ |‖,
where M∗ = {M/2 + 1, . . . ,M} and ‖·‖ denotes the Euclidean norm. Finally, the
detected symbol s? = (−1)ps> is de-mapped to the bit stream. However, similar
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Figure 3.14: Effects of timing jitter on the BER performance of our proposed UOT
transceiver BER performance for a constellation size M = 16.
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to our proposed UOT scheme, synchronization is critical to the system and to
the correct detection of s? since the presence of jitter error causes a degradation
in the bit error performance of our proposed UOT scheme in the single carrier
scenario as it is depicted in Fig. 3.14. Where the effect of timing jitter is studied
by incorporating a positive jitter uniformly distributed in the range of [0; ε] for
various values, i.e., ε = 0s, 0.01s, 0.03s . . .. It is apparent from Fig. 3.14 that the
effect of timing jitter error is a degradation in the BER performance of the system.
Note, however, that the system degrades severely as jitter error increases by small
amount and the BER performance saturates when the timing jitter is as low
as 0:05s, which is unlike the performance of our proposed UOT scheme in the
multi-carrier scenario.
In Figure 3.15 we evaluate the BER performance of our proposed UOT scheme
in the single carrier scenario by considering the conventional RF bipolar M-
PAM against the unipolar M-OPAM scheme usually used in VLC-based systems.
Figure 3.15 reveals that our proposed UOT scheme in conjunction with bipolar
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Figure 3.15: BER performance comparison of our proposed UOT scheme from the
Monte Carlo simulations with M-OPAM for different constellation sizes.
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M-PAM modulation could achieve higher EE in comparison to unipolar M-OPAM
in VLC systems. For instance, when the constellation size is M = 1024, our
proposed UOT transmission scheme could achieve 8 dB EE improvements when
compared to the unipolar M-OPAM scheme in VLC systems at a BER of 10−4.
3.1.2.1 Performance Analysis
Based on the premise that all the constellation symbols in Ss˙m are equally likely
(as we assume throughout this thesis), and the channel between the transmitter and
receiver is an AWGN channel, the union bound of the pairwise error probability
of our proposed UOT scheme can be formulated by
Proposition 3.1.1
SER =
1
M

M/2∑
m=1
1 −Q*, s˙m/
√
2√
4σ22 + σ
2
1
+-
 1√piσ2
∫
4∗s˙m
e
− (s+s˙m )
2
σ2 ds.
+ (3.19)
M∑
m=M/2+1
1 −Q*, −s˙m√(4σ22 + σ21 ) +-
 1√2piσ21
∫
4∗s˙m
e
−(s−s˙m )2
2σ21 ds.

,
where 4∗s˙m = 4s˙m − s˙m, here 4s˙m stands for the decision region of symbol s˙m.
Proof of Proposition 3.1.1 In our proposed UOT scheme, recovering the trans-
mitted symbol s˙m is performed by a first stage that detects the polarity of the
transmitted symbol using the metric in (3.5). The second stage then estimates
the amplitude of the transmitted symbol based on the result of the first stage
and by using the rule in (3.4). Those two stages are independent and, thus, the
SER of our proposed UOT scheme can be estimated by using the union bound
method that is given by
SER =
M∑
m=1
Pr (s˙m )
(
1 − Prc (s˙m )
)
, (3.20)
where Pr (s˙m ) is the probability of each symbol s˙m, which is equal to 1/M for
equiprobable signals; whereas Prc (s˙m ) is the probability of correctly detecting
the amplitude of the transmitted symbol s˙m, which is either positive or negative.
Obviously, the probability Prc (s˙m ) corresponds to the joint probability of correctly
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detecting the metric p and correctly estimating the amplitude of s∗, thus, Prc (s˙m )
can be found by
Prc (s˙m ) = Prc (p)Prc (s∗), (3.21)
where Prc (p) and Prc (s∗) are the probability to correctly detect the variables p and
s∗, respectively. Those events depend on whether the transmitted signal is non-
negative or negative, therefore, in the following we first discuss the probabilities
Prc (p) and Prc (s∗) when assuming that the transmitted symbol is non-negative,
and afterward the estimation of Prc (p) and Prc (s∗) for the case of negative.
The probability to correctly detect p when the transmitted signal is non-
negative is equivalent to correctly estimate the event (s˜1 − s˜2) > s˜2, which can be
rewritten as 2s˜2 − s˜1 < 0. Consequently, to estimate the probability of Prc (p), the
pdf for the variable 2s˜2 − s˜1 should be first evaluated. Note that, each variable s˜l
follows a normal distribution with variance σl and mean sm,l , respectively, because
the channel noise is assumed to be AWGN with zero mean and variance σ2. Thus,
the pdfs for both RVs s˜1 and s˜2 can be expressed by
fs˜l (s) =
√
1
2piσ2
l
e
−(s−sm,l )2
2σ2l .
Now, the pdf for the variable 2s˜2 − s˜1 < 0 can be determined by recalling that
the pdf of a difference of two normally distributed RVs, u and v, with means and
variances (µu , σu) and (µv , σv), respectively, is given by
fu−v (x ) =
e
−
(
x−(µu−µv )
)2
2(σ2u +σ2v )√
2pi (σ2u + σ2v )
.
Furthermore, if a RV V = C.U , where C is a constant number and U follow a
normal distribution with variance σU and mean E[U ], then V is a normal dis-
tribution with variance C2σU and mean CE[U ]. Now, substituting u = 2s˜2 and
v = s˜1, µu = 2sm,2, µv = sm,1, σ2u = 4σ2 and σv = σ1, the pdf for the RV 2s˜2 − s˜1
can be formulated by
f2s˜2−s˜1 (s) =
e
− (s−2sm,2+sm,1)
2
2(4σ22+σ
2
1 )√
2pi (4σ22 + σ
2
1 )
. (3.22)
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Taking into account that the variables s˜1 and s˜2, when transmitting a positive
signal, are centered around sm,1 = s˙m and sm,2 = 0, respectively, the pdf of the RV
2s˜2 − s˜1 given that the transmitted symbol is non-negative can be evaluated by
f2s˜2−s˜1 (s|s˙m > 0) =
e
−(s+s˙m )2
2(σ21+4σ
2
2 )√
2pi (σ21 + 4σ
2
2 )
.
Consequently, the probability of correctly estimating the metric p when assuming
that the transmitted symbol is non-negative can be found by
Prc (p|s˙m > 0) =
∫ 0
−∞
f2s˜2−s˜1 (s|s˙m > 0)ds. (3.23)
=
1√
2pi (4σ22 + σ
2
1 )
∫ 0
−∞
e
−(s+s˙m )2
2(σ21+4σ
2
2 )ds.
= Q*, −s˙m√4σ22 + σ21 +-.
Next, we need to find the correct probability of Prc (s∗) in (3.21). According
to the rule (3.4), the probability Prc (s∗) corresponds to correctly detecting the
amplitude of the observation s˜1, which can generally be done for an AWGN
channel by computing the integral
Prc (s
∗ |s˙m > 0) = 1√
2piσ21
∫
4∗s˙m
e
−(s−s˙m )2
2σ21 ds. (3.24)
In the following, we repeat the above derivation of the probability Prc (s˙m )
when assuming that the transmitted symbol is negative. Now, the probability to
correctly detect the metric p when the transmitted symbol is negative requires
that the variable s˜2 has a larger magnitude than the difference between the two
random variables s˜1 and s˜2; i.e. 2s˜2 − s˜1 > 0. Recalling that the two variables
s˜1 and s˜2 when transmitting a negative signal follow a normal distribution with
means sm,1 = −s˙m/
√
2 and sm,2 = −s˙m/
√
2, respectively, then invoking the formula
in (3.22), the pdfs of the RV 2s˜2 − s˜1 can be expressed by
f2s˜2−(s˜1−s˜2) (s|s˙m < 0) =
e
−(s+s˙m/
√
2)2
2(4σ22+σ
2
1 )√
2pi (4σ22 + σ
2
1 )
. (3.25)
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Thus, the probability of correctly estimating the metric p when assuming that
the transmitted symbol is negative can be found by
Prc (p|s˙m < 0) = 1√
2pi (4σ22 + σ
2
1 )
∫ ∞
0
e
−(s+s˙m/
√
2)2
2(4σ22+σ
2
1 ) ds. (3.26)
= Q*, s˙m/
√
2√
4σ22 + σ
2
1
+-.
On the other hand, the second term in (3.21) is finding the correct probability
of Prc (s∗) when the transmitted symbol is negative. According to the rule in (3.4),
the probability Prc (s∗) when the transmitted symbol is negative corresponds to
the correct detection of the amplitude of the variable (s˜1 + s˜2)/
√
2, which, in
turn, is equivalent to the addition of two normally distributed RVs. This can be
easily found using (3.22) and by setting u = s˜1, v = −s˜2, µu = −s˙/2, µv = s˙m/2,
σ2u = σ1/
√
2, σ2v = σ2/
√
2; i.e.
f (s˜1+s˜2)/
√
2(s|s˙m < 0) =
e
− (s+s˙m )
2
(σ21+σ
2
2 )√
pi (σ21 + σ
2
2 )
.
Thus the probability to correctly detect Prc (s∗) can be estimated by computing
the integral
Prc (s
∗ |s˙m > 0) = 1√
pi (σ21 + σ
2
2 )
∫
4∗s˙m
e
− (s+s˙m )
2
(σ21+σ
2
2 )ds. (3.27)
Finally, evaluating (3.23), (3.24), (3.26) and (3.27) for all the constellation points
s˙m (∀m ∈M) to evaluate (3.20) yields the SER expression given in (3.19).
Figure 3.16 depicts the simulated and analytical SER performance of our proposed
UOT scheme for different constellation sizes. Notice that the simulated curves in
Fig. 3.16 are generated by assuming that the symbols s˙m belong to a conventional
RF bipolar M-PAM constellation. As it can be seen from Fig. 3.16, the simulations
and analytical SER results are in-line with each other, which validates the accuracy
of our derived SER expression in (3.19).
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Figure 3.16: Comparison of the simulated (via Monte Carlo simulation) against the
theoretical (via (3.19)) SER performance results of our proposed UOT scheme without
negative clipping for various constellation sizes.
3.2 Conclusion
This chapter perceives an application of OWs to mitigate a major technical
limitation in VLC systems, which is uni-polarity of the transmit signal carrier
in IM/DD channels. The scheme is unipolar, and it encrypts the polarity of the
bipolar symbol into the amplitudes and indices of the transmitted 2D OW, which
is in a clear contrast to what is proposed in the literature. An analytical derivation
of the error rate performance for our proposed scheme is presented, and it proves
to closely match the Monte Carlo error rate performance simulation. Simulations
show that substantial performance gains can be achieved by our proposed scheme
concerning energy savings compared with its existing counterparts at no expense
in terms of SE, PAPR and complexity in the multi-carrier scenario. The proposed
scheme is also shown to be robust against timing jitter error and noise, which is
unlike existing VLC systems.
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Schemes 4
The key objective of this chapter is to propose enhanced EE single-carrier
transmission schemes for VLC by combining orthogonal waveforms for reducing
the value of the DC component of the transmit VLC signal. More specifically,
different methods and techniques are proposed to identify orthogonal pulse shapes
(OPSs) that can be mapped to 2D constellation symbols and generate symbol
waveforms with minimized DC component.
The chapter first introduces the fundamental principles of OPSs, which is
essential in this chapters’ work, and the related background with an emphasis
on their mathematical representation and their application to communication
systems in the literature. Then, the main contribution of our novel multi-waveform
orthogonal transmission (OT) processes are introduced in Section 4.2. Next in
Section 4.3, the reception of our transmission concepts is discussed by proposing
two methods; namely, the JML and the SML methods. The former achieves the
best error rate performance but at the cost of high computational complexity.
Whereas, the latter reduces the decoding complexity of the conventional JML
but with a slight degradation in terms of the error rate performance. Section 4.4
deals with the limited average transmit optical power in VLC systems via an
optimization framework, aiming to reduce the negative amplitude of the electrical
sub-carrier waveforms. We also derive the generic SER performance expressions
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of both our detection methods in Section 4.5. Through the Hermites set and
Matlab simulations, a practical case study of the generic frameworks are provided
in Section 4.6. Then, we discuss the practical limitations of our proposed schemes
in Section 4.7. Finally, conclusions are drawn in Section 4.8.
4.1 Overview of MHPs
Utilizing modified Hermite pulses (MHPs) to transmit data information has
been considered for a wide range of applications in radio wireless communication
[19, 33, 60]. This can be traced back to [55], where Haddad introduced the several
distinct characteristics of the MHPs set, or simply Hermites; such as they provide a
time-response that is isomorphic to the frequency response; i.e. they both have the
same shape. Implying that an MHP will exhibit immunity to impulse interference
and to single frequency interference. Also, reduced cost and complexity, as well as
ease of implementation, are additional practical benefits of MHPs. These practical
features stem from the fact that designing pulse-shaping filters based on MHPs
only require adders and delays and, hence, do not require any coefficient multipliers
as discussed in [55]. It can also be remarked that Hermites of a lower order can
be generated by integrating a pulse of higher order, facilitating the construction
of a low complexity multiple pulse generator. Those superior characteristics of
the MHPs have since been shared by an increasing number of researchers in
wireless communication, and hence they were considered for various applications
in wireless communications such as multi-carrier modulation [107], pulse shape
modulation [50] and multiple access techniques [33]. However, a limiting feature
in the proposed work of [33, 50, 107] is the use of multi MHPs (more than 16
pulses) and transmitting them simultaneously. The basis of this limitation is
the shift of the frequency spectrum of the MHP to higher frequencies for higher
pulse order as it was indicated by previous research, causing an inefficient BW
usage by the applications mentioned above [50]. Consequently, the use of higher
order MHP is not desirable in systems that are BW constrained such as VLC
systems. That being said, the lower order MHPs, on the other hand, have been
shown to be promising SE pulse shapes for VLC systems because of their superior
characteristics BW-wise [42, 83].
Based on the above discussion, it can be concluded that the Hermite set is a
very attractive set of waveforms for our proposed communication systems. More
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specifically, in this chapter, we rely on the first five pulses in the Hermites family,
which is relatively low in comparison with previous works in the literature, to assess
practically the performance of the generic concept of our proposed transmission
techniques.
4.1.1 Time domain representation
The Hermites family is a set of signals that are time-frequency optimal in the
sense of Heisenberg-Pauli-Weyl uncertainty definition and are generated based
on a Hermite polynomial and a Gaussian window [72]. Two similar definitions
of the Hermite functions are found in the literature; the parabolic cylinder’ and
the physicists’ definitions. Those two definitions only differ by a factor of
√
2 and
thus only the parabolic cylinder’ definition is discussed here. The a–th function
of the parabolic cylinder, wa (t ), which is called MHP can be expressed by [55]
wa (t ) =
e
−t2
4√
a!
√
2pi
wˆa (t ), (4.1)
where a ∈ A = {0, 1, 2, · · · ,A} is the order of the pulse and denotes the number of
zero crossings. Also, wˆa (t ) is the Hermite polynomial that is defined by [55]
wˆa (t ) = (−1)ae
t2
2
da
dta
e
−t2
2 .
The Hermite polynomials can be also generated using the following recursive
formulation
wˆa+1(t ) = twˆa (t ) − awˆa−1(t )
and the MHPs can then be found recursively from
wa+1(t ) =
t√
a + 1
wa (t ) − a
a + 1
wa−1(t ).
Figure 4.1 shows the time response of the first five Hermites and Fig. 4.2 shows
the autocorrelation and cross-correlation functions of these MHPs. As it can be
seen from Fig. 4.2, those pulses are orthogonal with unit energy, i.e.,∫ ∞
−∞
w2a (t ) dt = 1.
Furthermore, the Hermites possess the following properties:
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Figure 4.1: Time response of the unit-energy MHPs in (4.1) for the first five degrees;
i.e., a = 0, 1, 2, 3 and 4.
• The second order moments; i.e., the time-bandwidth product (TBP) of the
Hermites shapes is given by √
σ2t σ
2
w = a +
1
2
. (4.2)
where σt and σw are the variances of the time and frequency domain repre-
sentation of the MHPs of order a, respectively. Equation (4.2) indicates that
the Hermites are time-frequency well-localized pulses, where the pulse of
degree 0, which is Gaussian, is optimally localized. Whereas for pulses with
higher degrees, the energy spread in time and frequency domain increases.
This can be observed by looking at the decay of the pulses in Fig. 4.1.
• A high order pulse width is always larger than the width of the lower order
pulse in the time-domain and frequency-domain since the Hermites have the
same shape in the time and frequency domains, as mentioned earlier.
• Their tails decay fast and monotonically for larger values of the argument t .
However, due to the fact that the pulses are orthogonal over the interval
(−∞,∞), the system would suffer from ISI. Thus, for physical realization
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Figure 4.2: Autocorrelation and cross-correlation functions of the MHPs in (4.1)
with orders a,b ∈ A.
and more reliable transmission, the MHPs should be first scaled to fit within
a symbol duration and then truncated efficiently, i.e., minimal loss in energy,
so that the effect of ISI is minimized. However, the larger the truncation
interval, the less orthogonality is lost. Therefore, it is important that this
interval is sufficiently large.
Fitting the infinite time MHPs within a designated symbol time can be done
by defining the transmission length such that a sufficient amount of the highest
order waveform’s energy is represented in both the time and frequency domain.
Then the signal is truncated accordingly [107]. In other words, we define the
constraint on the fractional energy period (FEP) that contains (1 − ϵ) times the
total energy of the signal, i.e., Tϵ,a8 by:∫ 0.5Tϵ,a8
−0.5Tϵ,a8
|wa8 (t ) |2∫ ∞
−∞
|wa8 (t ) |2
= 1 − ϵ, (4.3)
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where, wa8 (t ) is the waveform with the highest order in a Hermite system. Ob-
viously, for a certain value of ϵ, the time period Tϵ,a8 of the waveform wa8 (t ) is
always greater than that of wa (t ) for a8 > a. Note that evaluating the value of Tϵ,a8
can be only estimated numerically since there is no available analytical solution
for (4.3). Consequently, after scaling the Hermite pulse wa8 (t ) by the pulse width
Tϵ,a8 , 1− ϵ of the energy is contained in the range [−0.5 , 0.5]; a unit symbol period
and the modified pulses becomes
w¯a =
√
Tϵ,a8wa (tTϵ,a8 ). (4.4)
Figure 4.3 shows the time domain representation of the unit-energy MHPs in
(4.4) for a = 0, 1, 2, 3 and 4 with a unit symbol period Ts = 1s when the energy
criteria is 1 − ϵ = 0.99 and the period Tϵ,a8 is evaluated numerically using (4.3) by
substituting wa8 (t ) with w4(t ). As it can be observed in Fig. 4.3, if the waveforms
are scaled to have 99% of the waveform’s energy that lies in one symbol time, the
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Figure 4.3: Time response of the unit-energy MHPs in (4.4) for the first five degrees;
i.e., a = 0, 1, 2, 3 and 4, when 1 − ϵ = 99% and Ts = 1.
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tail of the pulse shape will decay rapidly, implying that interference due to ISI
will be very low.
4.1.2 Frequency domain representation
As discussed earlier, the time-response of the MHPs is isomorphic to the
frequency response; i.e., the Hermite pulses and their Fourier transmform has
the same shape [60]. Consequently, the numerical results for the Hermite pulse
width derived above can be utilized to estimate the bandwidth occupied by the
Hermite pulses. In other words, a Hermite pulse scaled by constant Tϵ,a8 has a
Fourier transformWa (v ), where v = f Tϵ,a8 , and related to wa (t ) by
W0(v ) = w0(4piv )
W2i (v ) = (−1)iw2i (4piv )
W2i−1(v ) = (−1)i+1w2i−1(4piv )
where i = 1, 2, . . .. As it is shown in Fig. 4.4, the Hermite pulse of the highest
order has the widest pulse width; i.e., occupies the widest spectrum. As a result,
the bandwidth of the highest order pulse determines the required bandwidth for
the baseband transmission. Thus, in agreement with [83], we define the SE of a
system using multiple Hermite pulse shapes by
ηa8 =
1
Bϵ,a8Ts
provided that ∫ 0.5Ts
−0.5Ts
|w¯a8 (t ) |2 = 1 − ϵ .
and ∫ 0.5Bϵ,a8
−0.5Bϵ,a8
|Wa8 (v ) |2∫ ∞
−∞
|Wa8 (v ) |2
= 1 − ϵ .
where Bϵ,a8 is the fractional energy bandwidth (FEB) that contains 1− ϵ times
the total energy of the signal and it can be estimated from the discrete Fourier
transform of an oversampled signal. For instance, in a Hermite system that
has wa8 (v ) = w1(v ),w2(v ) or w4(v ), it was found using Matlab simulations that
ηa8 = 0.5538, 0.398, 0.2578 bit/s/Hz, respectively, when 1 − ϵ = 0.99. On the other
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Figure 4.4: Frequency response of the unit-energy MHPs for the first four degrees;
i.e., a = 0, 1, 2, and 3.
hand, this value for a practical raised cosine impulse response, which is a function
of the length of the impulse response, the spectrum with an infinite length impulse
response has a spectral power that is completely contained within a normalized
bandwidth equal to 1 and 2 for β = 0 and 1, respectively. However, such a filter
is not physically realizable. Therefore, the duration of the impulse response is
restricted to ±2 in practice. This will result in a deviation of the spectral shape
from an ideal raised cosine spectrum. Such that, 99% FEB of a raised cosine
signal is 1.1, 1.1, 1.1 and 1.4 for β = 0, 0.25, 0.5 and 1. Therefore, the SE of a
raised cosine filter ranges from 0.7 to 0.9 bits/s/Hz [96].
4.2 Orthogonal Transmission Schemes
In our proposed schemes, the transmit signal s (t ) is expressed as
s (t ) =
∞∑
i=−∞
s˙m (t − iTs ) + c ≥ 0, ∀t ∈ R (4.5)
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where s˙m (t ) belongs to a real-valued signal set S = {s˙1(t ), s˙2(t ), . . . , s˙M (t )}, here
the waveforms in S are formed by using time-limited OPSs that belong to an N -
length column vector p(t ) = [p1(t ), . . . ,pN (t )]T, where [·]T stands for the transpose
operator, such that
s˙m (t ) = s˙mp(t ), (4.6)
where s˙m is the transmit signal vector representation of the analog signal s˙m (t ).
Also, the n-th element of s˙m is s˙m,n ∈ {Ss¨mΛ}, where s¨m belongs to a two-dimensional
signal constellation (2DSC), such as M-QAM, also Ss¨m is the set of points s¨m,∀m ∈
M = {1, 2, 3, . . . ,M}. Whereas Λ is a linear map that is used to convert the
2D point s¨m into the transmitting waveform s˙m (t ). In the following, we propose
two different approaches for Λ: a P-component and a three-component vector
mapping of s¨m. The former is referred to as P-OT and the latter is referred to as
Tri-OT.
4.2.1 P-OT Scheme
In this method, Λ is a 2 × N labeling matrix Am that allow the transmission
of each element of s¨m = [s¨m,1, s¨m,2] via a different OPS as it is shown in Fig. 4.5,
such that
s˙m = s¨mAm, (4.7)
where, the m-th real-valued waveform s˙m (t ) is a weighted sum of two OPSs, i.e.
s˙m (t ) =
2∑
l=1
s˙m,nl pnl (t ),
here, s˙m,nl denotes the coordinate that corresponds to the l-th dimension s¨m,l ,
l ∈ L = {1, 2} of the m-th constellation point belonging to Ss˙m , where Ss˙m is
the set of points s˙m,∀m ∈ M = {1, 2, 3, . . . ,M}. Also, nl is the index of the
selected OPS used to transmit s¨m,l ; where only am,l ,nl , 0. Furthermore, am,l (i.e.,
x(t)
LED+DC Shift2D-digitalMapping
Input Bits s(t)
Transmitter
p1
p2
sn
..
s(t).2D
Separator
1
sn
..
2 2sn  (t)   
.
1sn  (t)   
.
Figure 4.5: Block diagram of our proposed P-OT scheme.
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Am = [am,1am,2]T) is an N -length row vector containing the elements am,l ,n, where
am,l ,n,∀n ∈ Nl = {nu}Nlu=1 expands the dimension s¨m,l to the Nl -dimensional labeling,
where Nl is the cardinal of Nl . Moreover, we also define pl (t ) as an Nl -length
column vector that contains the OPSs pn (t ),∀n ∈ Nl , such that p1(t ) is formed
of N1 OPSs and is used to transmit the first dimension s¨m,1, of s¨m, while p2(t ) is
composed of N2 OPSs and is used to transmit the second dimension s¨m,2, of s¨m.
Note that the p1(t ) and p2(t ) contains different OPSs to maintain orthogonality,
i.e., the cardinal of the set NP = {N1,N2} is P = N1 + N2.
4.2.2 Tri-OT Scheme
In this approach, Λ is a 3 × N labeling matrix Am that maps the constellation
points of Ss¨m to a new three-dimensional (3D) constellation points in Ss˙m as it is
shown in Fig. 4.6. Such that,
s˙m = s?mAm, (4.8)
where s?m = [s¨m,1, s¨m,2, 1]. Then, the m-th analog waveform s˙m (t ) can be expressed
as a weighted sum of three OPSs, i.e.,
s˙m (t ) =
3∑
l=1
s˙m,nlpnl (t ).
Here, the three selected waveforms, i.e., pn (t ) (∀n ∈ NTri = {nl}3l=1), belonging
to p(t ), act as basis functions corresponding to the three dimensions in Ss˙m .
Moreover, in our proposed 3D mapping, the two elements am,l ,nl ∈ am,l (∀l ∈ L)
map the elements of s¨m, i.e., s¨m,l (∀l ∈ L), to the two elements s˙m,nl (∀l ∈ L) of s˙m
and the third element am,3,n3 , which determines the value of s˙m,3; i.e, am,3,n3 = s˙m,3,
+DC Shift2D-digital
Mapping
Input Bits s(t)s(t)
.
3D
Separator
3D-digital
Mapping
pn (t)1
pn (t)2
pn (t)3
  ... ..
....sm,1 t 0 o (sm,1=sm,1, sm,1=sm,2 ,sm,3=0)
sm,1 < 0 o (sm,1=sm,1,sm,1=sm,2 ,sm,3=1)..
..
1
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.
sm,n (t)2
.
3
sm,n (t)
.
.
..
..
.
Figure 4.6: Block Diagram of our proposed Tri-OT scheme.
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conveys the polarity of s¨m. The two elements am,l ,nl (∀l ∈ L) follow the rule of
s¨m,l ≥ 0⇒ am,l ,nl = 1, ∀l ∈ L;
s¨m,l < 0⇒ am,l ,nl = −1, ∀l ∈ L;
and the additional third element am,3,n3 encapsulates the polarity of s¨m,1 using the
following rule
s¨m,l ≥ 0⇒ am,3,n3 = 0, ∀l ∈ L;
s¨m,l < 0⇒ am,3,n3 = 1, ∀l ∈ L;
The benefit of this intermediate step of transforming the conventional 2D
points to our proposed 3D points, i.e, s˙m = [s˙m,n2, s˙m,n2, s˙m,n3 ], before directly
shaping the elements s¨m,l (∀l ∈ L) as in our proposed P-OT scheme is in terms of
reducing the DC shift in (4.5), which results in deterioration of the transmitted
optical power efficiency. The advantage of our proposed Ss˙m , i.e., our proposed
three-dimensional signal constellation (3DSC), can be explained by recalling the
constellation points of a conventional 2DSCs such as a rectangular M-QAM with
M = 4 as follows
S4−QAM =
1 1 −1 −11 −1 −1 1

T
.
It is anticipated that constellation points similar to s¨3 = [−1,−1] would require
the highest DC shift in the constellation since they include two negative elements
concurrently, i.e., [s¨3,1, s¨3,2] ∈ R2<0. In our proposed constellation, only one element
(out of the three) could be negative since s˙m,n1 and s˙m,n3 are always non-negative
and; thus, it helps to reduce the amplitude of the negative peaks (of the analog
electrical signals) associated with the 2DSCs, thereby, minimizing the required
DC-shift. Further details regarding the benefit of our 3DSC are provided in
Section 4.4.
4.3 Signal Reception Techniques
Upon reception of the m-th transmitted waveform sm (t ) over the AWGN
channel in our proposed P-OT or Tri-OT scheme, the received signal, y (t ) passes
through a bank of unit-energy filters (represented by a row vector); these filters
that are matched to the transmitting pulse shapes pn (t ) (∀n ∈ NP) or (∀n ∈ NTri),
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respectively. Correspondingly, the output row vector of the matched filters at
the sampling instant t = Ts is s¯ = s˙m + z,, where s˙m contains the elements s˙m,n
(∀n ∈ NP) or (∀n ∈ NTri) in our proposed P-OT or Tri-OT scheme, respectively.
Also, z is the noise vector at the output of the matched filters; where the elements
in z are assumed to be independent and identically distributed (i.i.d) and each
component zn ∈ z follows an AWGN with zero mean and variance σ2n = σ2E[(s˙m,n )2]
[96].
In order to recover the transmit 2D symbol, we propose two different detectors,
namely, the JML and SML methods. In the following, we discuss the details of our
proposed transceivers, i.e., our proposed transmission P-OT and Tri-OT schemes
in conjunction with JML or SML.
4.3.1 Joint maximum likelihood
In our proposed P-OT and Tri-OT transmission schemes, the continuous m-th
signal maps to the real-valued vector s˙m in (4.7) and (4.8), respectively. Hence,
the optimum detector observes the received vector s¯ to compute the distance
between s¯ and all the possible M vectors s˙m in our proposed P-OT scheme in
conjunction with JML (P-OTJ) and our proposed Tri-OT scheme in conjunction
with JML (Tri-OTJ) transceivers; then, it decides in favor of the 2D symbol
s∗ = s¨m¯, where m¯ is the index of the corresponding vector s˙m that satisfies the ML
rule д(m¯) : s∗ = s¯ 7→ s˙m ∈ Ss˙m , i.e., the following metric is estimated
m¯ = arg min
∀m∈M
‖s¯ − s˙m‖. (4.9)
4.3.2 Successive maximum likelihood
In our proposed P-OT scheme in conjunction with SML (P-OTS) and our
proposed Tri-OT scheme in conjunction with SML (Tri-OTS) transceivers, the
signal detection process consists of two phases, unlike our proposed JML approach.
The details of the two phases for each of our proposed P-OTS and Tri-OTS
transceivers are discussed in the following.
4.3.2.1 P-OTS
To retrieve the transmitted 2D symbol s¨m in our proposed P-OTS transceiver,
the detector first estimates the OPSs indices nl (∀l ∈ L) as it is shown in Fig. 4.7.
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Figure 4.7: Block diagram of our proposed SML method for our proposed P-OT
scheme.
After which the candidate set of the transmitted symbols is reduced to Sn1,n2 , which
includes the points s˙m,n1,n2 = [s˙m,n1, s˙m,n2 ] (∀m ∈ M). Based on this knowledge,
the transmitted 2D-symbol s¨m can be recovered. First, to detect the indices of the
most likely transmitting OPSs, the receiver decides in favor of the signals that
maximize the following metric
n∗l = arg max∀n∈Nl
|s¯n |, ∀l ∈ L, (4.10)
where s¯n ∈ s¯ and n∗l is the detected index of the OPS that was utilized at the
transmitter to convey the l-th element of s¨m. Then s¯n∗1,n∗2 = [s¯n∗1s¯n∗2 ], is used to
estimate s∗ by employing the ML function д(s∗) : s¯n∗1,n∗2 7→ s˙m,n∗1,n∗2 ∈ Sn∗1,n∗2 and
based on the following metric
s∗ = min
∀s˙m,n∗1,n∗2∈Sn∗1,n∗2
‖s¯n∗1,n∗2 − s˙m,n∗1,n∗2 ‖. (4.11)
4.3.2.2 Tri-OTS
As it is illustrated in Fig. 4.8, the SML approach for our proposed Tri-OT
can be performed to recover s¨m by first detecting the amplitudes of the two first
elements of the transmitted symbol sˆm = [s˙m,n1, s˙m,n2 ]; it then detects the amplitude
of the third element s˙m,n3 to determine the polarity of the detected symbol sˆm.
The former step can be done using a ML detector д(s) : s¯s = [s¯n1, s¯n2 ] 7→ sˆm ∈ Ssˆm
to evaluate the symbol s8 which is given by
s8 = min∀sˆm∈Ssˆm
‖s¯s − sˆm‖2. (4.12)
Then the polarity of s8 is acquired by detecting the presence of the third element
s˙m,n3 , i.e.,
s∗ =

s8, if s¯n3 < E[(s˙m,n3 )
2]/2;
−s8, otherwise.
(4.13)
88
4.4. Designing the signal set S
pn (t)
pn (t)
Receiver
Amplitude
Detector
Output Bits
-
1
-
3
s2-
s1-
PD-DC Shift
y(t)
Polarity
Detector
2D-digital
De-mapping
pn (t)2
-
s3-
Figure 4.8: Block diagram of our proposed SML method for our proposed Tri-OT
scheme.
4.4 Designing the signal set S
To ensure the uni-polarity (non-negativity) of s (t ), the DC value c in (4.5) is
evaluated based on the overall minimum peak of the transmit signal set S, i.e.,
c = [−minm[mint s˙m (t )]]+, for any t , where [.]+ refers to max{., 0}. The value of c
should be carefully chosen and kept as low as possible since it dramatically affects
the average optical power. Consequently, we aim in the following at optimizing the
minimum value of the DC shift that is required to guarantee the non-negativity of
s (t ), or equivalently the non-negativity of all the waveforms in S of our proposed
schemes P-OT and Tri-OT schemes. Note that according to (4.6), for a given
set of OPSs and a given 2DSC, the minimum value of the amplitude of sm (t ) is
dependent on the choice of pulses (i.e., Am in (4.7) or (4.8)) that are used to
generate s˙m (t ) in (4.6). Hence, our optimization is based on the matrix Am and
is equivalent to find the best combination of OPSs that minimizes c. In order
to lower the complexity of the system and for ease of introduction, we consider
here, without loss of generality, that each element s˙m,nl ∀m ∈M and ∀l ∈ L∗ is
only transmitted by one OPS such that
∑N
n=1 |am,l ,n | = 1, ∀m ∈ M and l ∈ L∗,
where L∗ stands for the set that l is contained inside, i.e. L? = L or L3 = {1, 2, 3}
for our proposed P-OT or Tri-OT schemes, respectively. Moreover, to simplify
the detection and take full advantage of the pulses orthogonality, different pulses
are utilized for transmitting s˙m,nl (∀l ∈ L∗), such that if |am,l ,n | = 1 then ai ,¯l ,n = 0,
∀m ∈M, i ∈M,m , i, n ∈ N = {1, 2, . . . ,N} and ∀l¯ ∈ L∗/{l}.
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4.4.1 Signal set S of P-OT
Based on the above-mentioned constraints, we introduce in the following two
methods for minimizing the value of the DC shift, c, by optimizing the selection of
the utilized OPSs through Am in (4.7). Our first method maximizes the minimum
peak of the overall set of waveforms S, whereas our second method maximizes the
minimum peak of each individual waveform sm (t ) in the set. The two methods for
optimizing the DC shift through Am in (4.7) are given below.
4.4.1.1 Optimization criterion 1
Maximizing the minimum peak of the overall set S can be done by using the
assumption that A1 = . . .AM = A. This assumption greatly simplifies the design
of Am (∀m ∈M) since, based on the two constraints previously mentioned, only
two pulse shapes (which are different) are utilized for transmitting s¨m,1 (∀m ∈M)
and s¨m,2 (∀m ∈ M). Thus, P = 2 and the scheme is identified as 2-OT in the
remaining. In our 2-OT scheme, the optimal matrix A∗m that minimizes c in (4.5)
can be obtained by solving the following optimization problem
c = min
A
max
m∈M
fm (A),
s.t.al ,n ∈ {0, 1},
P∑
n=1
|al ,n | = 1, ∀l ∈ L,
al ,nal¯ ,n = 0 ∀n ∈ N and ∀l ∈ L,
maximizeηn8 .
(4.14)
where, fm (A) = [maxt −s¨mAp(t )]+ and ηn8 is the SE of the pulse with the highest
order.
4.4.1.2 Optimization criterion 2
Maximizing the minimum peak of each waveform sm (t ) requires to use different
filters for transmitting s¨m,l (∀m ∈M and ∀l ∈ L), such that each element s¨m,l has
its own set of pulses, which are disjoint, i.e., if |am,l ,n | = 1 then ai ,¯l ,n = 0, ∀i ∈M.
In this case, finding A∗m (∀m ∈M) that minimizes c boils down to solving the
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following problem
c = max
m∈M
min
Am
fm (Am ),
s.t.am,l ,n ∈ {−1, 0, 1},
N∑
n=1
|am,l ,n | = 1 ∀l ∈ L and m ∈M,
am,l ,nai ,¯l ,n = 0 ∀n ∈ N ,m ∈M, i ∈M,m , i, and ∀l ∈ L.
(4.15)
It should be pointed out here that the two optimization criteria in (4.14)
and (4.15) offer a trade-off between an EE and SE OT scheme. In other words,
the proposed optimization in (4.15) can achieve a better DC shift reduction than
optimization in (4.14) but at the expense of a higher number of OPSs (i.e., lower
SE), as it will be further explained in Section 4.6.
4.4.2 Signal set S of Tri-OT
For our proposed Tri-OT scheme and based on the conditions previously
mentioned, the problem of minimizing the required DC bias is equivalent to
determining the best three OPSs via Am in (4.8) amongst the full range of OPSs,
i.e., p(t ), that minimizes the required DC bias of the signal set {s˙m (t ) |M2 + 1 <
m < M}, this yields the following optimization problem to identify the optimal
matrix A∗ (∀m ∈M)
c = min
A
max
m∈M?
fm (A),
s.t.al ,n ∈ {0, 1},
N∑
n=1
|al ,n | = 1, ∀l ∈ L3,
al ,nal¯ ,n = 0,∀n ∈ N ,∀l ∈ L3 and ∀l¯ ∈ L3/{l}.
maximizeηn8 .
(4.16)
Note that M? = {1, 2, . . . , M2 }. In addition, each waveform in the signal set{s˙m (t ) |M2 + 1 < m < M} associated with our proposed Tri-OT is decomposed of
three OPSs, whereas each waveform in the signal set {s˙m (t ) |1 < m < M/2} is
decomposed of two OPSs. Thus, it is intuitively clear that optimizing the DC
bias of the entire signal set S is only governed by the minimum peak of the signal
set {s˙m (t ); M2 + 1 < m < M}.
The optimization problems in (4.14) to (4.16) are NP-hard since they are
combinatorial problems. For instance, the problem in (4.14) and (4.16) require
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searching amongst (N 2−N ) and (N 3−3N 2+2N ) matrices, respectively, to optimally
find c. Whereas this number of A matrices is upper bounded by (M + (N 2 −N )M)
in (4.15). Consequently for low to medium values of N and M the optimal value
of c for a given set p(t ) and a given constellation can be obtained via exhaustive
search.
4.5 Performance Analysis
This section derives the generalized SERs of our proposed transceivers on
the premise that all the constellation points in Ss¨m are equally probable and the
transmitting channel is an AWGN channel. Accordingly, the error rate probability
of our proposed transceivers can be evaluated by
Proposition 4.5.1 The probability of incorrectly detecting a symbol when em-
ploying our P-OTJ transceiver can be formulated as
SER =
M∑
m=1
1
M
1 −
2∏
l=1
1√
2piσ2nl
∫
4s˙∗m,nl
[ Nl∏
u=1
nu,nl
1 − 2τQ*,
zτ ,nl
σnu
)]
e
−z2
2σ2nl dz
. (4.17)
Where τ = 1 if pnl (t ) is a biOW, i.e., {s˙m,nl < 0}Mm=1 , ∅, or 0 otherwise. Note
also that
zτ ,nl =

|z + s˙m,nl |, if τ = 1;
z + s˙m,nl , otherwise.
Furthermore, 4∗s˙m,nl = 4s˙m,nl − s˙m,nl , where 4s˙m,nl stands for the decision region of
the coordinate s˙m,nl .
Proof of Proposition 4.5.1 The union bound of the pairwise symbol error
probability of our proposed scheme can be expressed as
SER =
M∑
m=1
Pr (s¨m )
{
1 −
2∏
l=1
Prc (s¨m,l )
}
, (4.18)
where Pr (s¨m ) is the probability of symbol s¨m and Prc (s¨m,l ) (∀l ∈ L) is the probabil-
ity to correctly detect the part s¨m,l . Equation (4.18) follows from the statistical
independence of the noise components of the observations s¯n (∀n ∈ NP). Ob-
viously, the derivation of Prc (s¨m,l ) for l = 1 or 2 is similar, and therefore, the
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general analysis of Prc (s¨m,l ) is discussed in the following. To evaluate the prob-
ability of correctly detecting the l-th component s¨m,l , let us assume that the
transmitting waveform pnl (Ts − t ) of s¨m,l is an OW (i.e., τ = 0). With this as-
sumption, the received vector at the output of the matched filters pn (t ) (n ∈ Nl)
is s¯l = {s¯n1 = zn1, · · · , s¯nl = s˙m,nl + znl , · · · , s¯nNl = znNl }. Therefore, the detector
makes a correct decision if s¯nl > s¯n,nl (∀n ∈ Nl) and s¯nl belongs to the decision
region 4s˙m,nl . This corresponds to
Pr [(zn1 < s¯nl , · · · , znu,nl < s¯nl , · · · , znNl < s¯nl ) |s˙m,nl sent,τ = 0] (4.19)
Obviously, each event in (4.19) can be calculated using
Pr [zn < s¯nl |τ = 0] =
1√
2piσ2n
∫ s¯nl
−∞
e
−z2
2σ2n dz.
=1 −Q
( s¯nl
σn
)
, n , nl andn ∈ Nl , (4.20)
Clearly, the events in (4.19) are not independent since the random variable in
s¯m,nl is part of all the events; zn1 < s¯nl , . . . , zn,nl < s¯nl , . . . , znNl < s¯nl , therefore,
the joint probability in (4.19) is calculated by conditioning the events on s¯nl ; i.e,.
Prc (s¯nl |τ = 0) =
1√
2piσ2nl
∫
4s˙m,nl
Nl∏
u=1
nu,nl
1 −Q
( s¯nl
σnu
)e
−(z+s¯nl )2
2σ2nl dz. (4.21)
Now, (4.19) and (4.20) are rederived under the assumption that the symbol s˙m,1
is transmitted using a biOW (i.e., τ = 1). In this case, the detector makes a
correct decision if s¯nl > |s¯n,nl | (∀n ∈ Nl) belongs to the decision region of s˙m,nl
which can be expressed as
Pr [( |zn1 | < s¯nl , · · · , |zn | < s¯n,nl , · · · , |znNl | < s¯nl ) |s˙m,nl sent,τ = 0] (4.22)
and so (4.20) becomes
Pr [|zn | < s¯m,nl |τ = 1] =
1√
2piσ2nu
∫ |s¯nl |
−|s¯nl |
e
−n2
2σ2n dz
=1 − 2Q
( |s¯nl |
σn
)
, n , nl andn ∈ Nl . (4.23)
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Based on (4.20) and (4.23), the generalized Prc (s¨m,nl ) can be expressed mathe-
matically by
Prc (s¨m,nl ) =
1√
2piσ2nl
∫
4∗s˙m,nl
Nl−1∏
u=1
nu,nl
[
1 − 2τQ
(zτ
σn
)]
e
−z2
2σ2nl dn.
where in the last step the integrand variable is shifted by s˙m,nl . Substituting
Prc (s¨m,nl ) into (4.18) yields the SER in Proposition 4.5.1.
Proposition 4.5.2 The probability of incorrectly detecting a symbol when em-
ploying our P-OTS transceiver is given by SER =
M∑
m=1
1
M
1 − 12pi
2∏
l=1
*,
∫
4∗s˙m,nl
e
−z2
2σ2nl
σnl
dz
∫ ∞
0
[ Nl∏
u=1
nu,nl
F (s; 0,σnu )
]
f (s; s˙m,nl ,σnl ) ds+-
.
(4.24)
where f (s; µ,σ ) is the folded normal distribution and its given by [67]
f (s; µ,σ ) =
√
2
piσ2
e
−(s2+µ2)
σ2 cosh
(
2s |µ |/σ2
)
. (4.25)
Whereas, F (s; µ,σ ) is the folded normal cumulative distribution function and its
given by [67]
F (s; µ,σ ) =
1
2
[
er f
(
s + |µ |√
2σ2
)
+ er f
(
s − |µ |√
2σ2
)]
.
Proof of Proposition 4.5.2 In our proposed P-OTS, the detector employs two
detection phases to estimate the 2D symbol s¨m. The first phase detects a pair of
random variables (i.e., s¯n2 and s¯n1) to determine the indices of the transmitting
waveforms and the second stage detects another pair of random variables (i.e.,
s¯n∗2 and s¯n∗1) to determine the amplitudes of the symbol two parts. Thus, to derive
the SER, the pairwise error probability is computed by considering all the signal
constellation points, i.e., s¨m (∀m ∈M,) such that
SER =
M∑
m=1
Pr (s¨m )
(
1 −
2∏
l=1
Prc (s˙m,nl )
)
, (4.26)
here, Prc (s˙m,nl ) stands for the probability to correctly decode the l-th element
s¨m,l of s¨m when the index of the orthonormal shaping waveform; nl and the
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amplitude of s˙m,nl is correctly decoded. Equation (4.26) follows from the fact
that the transmitted signals s˙m,nl (∀l ∈ L) experience no crosstalk between them
on the pulse shapes pnl (t ) (∀l ∈ L). Obviously, Prc (s˙m,nl ) corresponds to the
joint probability that the estimate of nl and amplitude of s˙m,nl are correctly de-
coded, and those probabilities will be denoted by Pr (nl ) and Pr (s˙m,nl ), respec-
tively. Based on the fact that the two decoding phases are independent, then
Prc (s˙m,nl ) = Pr (nl ) Pr (s˙m,nl ). Considering that the estimation of n1 and n2 is the
same as it is shown in (4.10), it implies that the derivation of Pr (n1) and Pr (n2)
is similar and, thus, the general probability Pr (nl ) is discussed in the sequel.
According to the metric in (4.10), the variable nl is successfully detected if the
absolute value of the signal at the output of the intended matched filter is more
than the rest of the signals in s¯n ∈ s¯ (∀n ∈ Nl). With the assumption that zn
follows an AWGN with zero mean and variance σn, then the absolute value of
the signals s¯n (∀n ∈ Nl), i.e., |s¯n | = |s˙m,n + zn | follow a folded normal distribution.
More precisely, the variable |s¯nl | follows a folded normal distribution with param-
eters |s˙m,nl | and σ2nl , and it can be expressed as in (4.25). Whereas the remaining
signals; i.e., s¯n,nl = zn,nl (∀n ∈ Nl ), are i.i.d RVs and follow a half-folded normal
distribution with parameters 0 and σ2n , which is given by [67]
f (z; 0,σn ) =
√
2
piσ2n
e
−z2
σ2n , n ∈ Nl .
Now, to correctly detect the index nl , s¯nl should be detected as the maximum
absolute value amongst the elements s¯n,nl (∀n ∈ Nl). This corresponds to the
probability that the signal |s¯nl | is more than the rest of the signals s¯n,nl (∀n ∈ Nl).
Thus, the probability to correctly detect nl can be given by
Pr (nl ) =
∫ ∞
0
Pr ( |zn1 | < z, · · · , |zn,nl | < z, . . . , |znNl | < z)Pr (s = z |s˙m,nl sent) dz.
Recall that Pr ( |s¯n,nl | < z) = F (z; 0,σn ), Pr (s = z |s˙m,nl sent) = f (z; s˙m,nl ,σnl ) and
the perturbations of the signals in s¯ by noise are assumed statistically indepen-
dent, then the probability of Pr (nl ) can be decomposed into the product of all
the probabilities of F (z; 0,σn ), i.e.,
Pr (nl ) =
∫ ∞
0
[ Nl∏
u=1
nu,nl
F (z; 0,σnu )
]
f (z; s˙m,nl ,σnl ) dz. (4.27)
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The next step in evaluating Prc (s˙m,nl ) is to estimate the probability of correctly
detecting the amplitude of s˙m,nl . This can be estimated as conventionally done
for a 2D constellation points. To elaborate, the probability Pr (s˙m,nl ) can be found
by
Pr (s˙m,nl ) =
1√
2piσ2nl
∫
4s˙m,nl
e
−(z−s˙m,nl )2
2σ2nl dz. (4.28)
Evaluating (4.27) and (4.28) (∀l ∈ L) and substituting the results in (4.26) leads
to the SER introduced in Proposition 4.5.2.
Proposition 4.5.3 Given that the three variables s¯nl (∀l ∈ L3) in our proposed
Tri-OT scheme are assumed to be statically independent, it is intuitively clear that
the SER performances of our proposed Tri-OTS and Tri-OTJ transceivers are the
same. Thus, the SER of our proposed Tri-OT technique in conjunction with our
proposed JML or SML detector is given by
SER =
M/2∑
m=1
2
M
1 −Q
(−s˙m,n3
σn3
) 2∏
l=1
∫
4∗
e
−z2
2σ2nl√
2piσ2nl
dz.
,
Proof of Proposition 4.5.3 The pairwise error probability of detecting the
symbol s˙m´ given that the symbol s˙m was transmitted can be obtained by
Pr (s˙m → s˙m´,m ) =
M/2∑
m=1
Pr (sˆm )
(
1 − Pr (sˆm → sˆm´=m )Pr (s˙m,3 → s˙m´=m,3)
)
, (4.29)
where(4.29) is due to the assumption that the elements zl (∀l ∈ L) are i.i.d
and Pr (sˆm ) indicates the probability of the m-th symbol sˆ which is equal to
2/M for equiprobable symbols s¨m (∀m ∈ M). In addition, Pr (sˆm → sˆm´=m ) and
Pr (s˙m,3 → s˙m´=m,3) are the probabilities to correctly decode sˆm and s˙m,3, respec-
tively. Obviously, Pr (sˆm → sˆm´=m ) is the joint probability of correctly detecting
Pr (sˆm,1 → sˆm´=m,1) and Pr (sˆm,2 → sˆm´=m,2), thus, when assuming an AWGN channel,
the probability of Pr (sˆm → sˆm´=m ) can be expressed by
Pr (sˆm → sˆm´=m ) =
2∏
l=1
1√
2piσ2
l
∫
4s˙m,l
e
(z−s˙m,l )2
2σ2l dz, (4.30)
where 4s˙m,l stands for the ranges yield the correct decision of sˆm and σ2l =
E[(s˙m,l )2]σ2 [96]. Obviously, Pr (s˙m´=m,3 → s˙m,3) corresponds to an OOK signal
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and thus the probability of correctly detecting s˙m,3 can be calculated by
Pr (s˙m´=m,3 → s˙m,3) = Q
(
− s˙m,3
σ3
)
. (4.31)
Substituting (4.31) and (4.30) in (4.29), the SER introduced in Proposition 4.5.3
is then obtained.
4.6 Orthogonal Transceivers Based on Modified
Hermite Pulses
In this section, we provide a practical use case for our generic OT framework
developed in Sections 4.1 to 4.5. More specifically; we provide detailed explana-
tions about the transmitter design/optimization, detection complexity and SERs
performance, of our proposed transceivers when assuming that the utilized OPSs
are MHPs.
Thus by relying on MHPs, i.e., p(t ) = w(t ), to design the signal set S and
using the optimization criteria in (4.14) to (4.16) along with an exhaustive search
type of algorithm for various M-QAM constellation sizes (i.e., M = 4, 16, and 64),
it has been found that the DC offset of our 2-OT scheme is minimized when
p1(t ) = {w0(t )} and p2(t ) = {w1(t )} are used to transmit s¨m,1 (∀m ∈M) and s¨m,2
(∀m ∈M), respectively, since the matrix A∗ optimizing the DC-shift based on the
optimization criteria in (4.14) is given by
A∗ =
1 0 0 0 00 1 0 0 0

T
.
Thus, each waveform in S that is designed based on the criteria in (4.14) is
expressed by
s˙m (t ) = s¨m,1w0(t ) + s¨m,2w1(t ), ∀m ∈M. (4.32)
Furthermore, it has found using the optimization criterion in (4.15) that the
DC shift is optimal when the signal set S is designed using p1(t ) = {w0(t )}
and p2(t ) = {w1(t ),w2(t ),w4(t )}, that is a dimensionality of P = N1 + N2 = 4;
thus, hereafter the scheme is referred to as 4-OT. For instance, for a M-QAM
constellation with size M = 4 it was found that
A∗1 = A
∗
4 =
 1 0 0 0 00 1 0 0 0

T
,
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A∗2 =
−1 0 0 0 00 0 0 0 −1

T
,
and
A∗3 =
−1 0 0 0 00 0 −1 0 0

T
,
maximizes the negative peak of the waveforms s1(t ), s2(t ), s3(t ) and s4(t ). More
precisely, each waveform in S that is designed based on the criterion in (4.15) is
expressed according to the following
s˙m (t ) =

s¨m,1w0(t ) + s¨m,2w1(t ), if s¨m,1 ∈ R>0;
−s¨m,1w0(t ) − s¨m,2w4(t ), if s¨m,1, s¨m,2 ∈ R2<0;
−s¨m,1w0(t ) + s¨m,2w2(t ), otherwise.
(4.33)
Similarly, for the optimization criterion in (4.16), it was found using exhaustive
search that the matrix A∗ optimizing the DC shift of our proposed Tri-OT scheme
is
A∗ =

1 0 0 0 0
0 1 0 0 0
0 0 1 0 0

T
.
In other words, based on (4.16) each element s˙m,1 (∀m ∈M), s˙m,2 (∀m ∈M), and
s˙m,3 (∀m ∈M) is shaped by the OPS of impulse response p1(t ),p2(t ) and p3(t ),
respectively, such that
s˙m (t ) = s˙m,1w0(t ) + s˙m,2w1(t ) + s˙m,3w2(t ), ∀m ∈M. (4.34)
Figures 4.9 to 4.11 illustrate the waveforms associated with (4.32) to (4.34),
respectively, for the case when the constellation size is M = 4. It is observed in
Fig. 4.9 that is based on the optimization criterion in (4.15) yields a signal set
S that has an overall lower negative peak level (requires less DC shift) than the
optimization criterion in (4.14). Indeed, the negative peak of the signal set S
associated with our proposed 4-OT scheme needs to be compensated by ≈ 70%
less DC-shift than the signal set S associated with our proposed 2-OT scheme
for a constellation size M = 4. Furthermore, it is readily seen from Fig. 4.11 that
our proposed Tri-OT scheme decreases the optimal value of c from c ≈ 1.7 and
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Figure 4.9: Optimal set of transmitted waveforms for our proposed 2-OT technique
when the constellation is an M-QAM with size M = 4 and considering that p(t ) = w(t ),
based on the mapping rule in (4.14).
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Figure 4.10: Optimal set of transmitted waveforms for our proposed 4-OT technique
when the constellation is an M-QAM with size M = 4 and considering that p(t ) = w(t ),
based on the mapping rule in (4.15).
c ≈ 0.5, which are obtained via the 2-OT and 4-OT techniques of our proposed
P-OT scheme, respectively, to c ≈ 0.4 (see s˙3(t ) in Figs. 4.9 to 4.11). Thus, our
proposed Tri-OT scheme reduces further the DC-shift by 20% when compared to
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Figure 4.11: Optimal set of transmitted waveforms for our proposed Tri-OT tech-
nique when the constellation is an M-QAM with size M = 4 and considering that
p(t ) = w(t ), based on the mapping rule in (4.16).
our proposed 4-OT scheme. This reduced DC component of the transmit 4-OT and
Tri-OT signal dramatically enhances the EE of the bit error performance of the
system, as it can be observed in Fig. 4.12, in comparison to our proposed scheme
2-OT, where Fig. 4.12 shows a link-level simulation that has been performed to
show a comparison between the BER performances of our proposed schemes. The
BER curves in Fig. 4.12 depict the significantly improved performance achieved
in terms of the energy consumption when employing 4-OT or Tri-OT instead of
2-OT when using the JML detection method. Indicatively, for a constellation
size of M = 64 the 4-OT and the Tri-OT scheme achieves 3 dB and 5 dB EE
enhancement at a BER of 10−4, respectively, when compared to our proposed
2-OT scheme. However, this improvement in the EE performance of 4-OT and
Tri-OT comes at the cost of decreasing the SE of the system from ≈ 0.55 log2M
bits/s/Hz in 2-OT to ≈ 0.25 log2M bits/s/Hz and ≈ 0.4 log2M bits/s/Hz in 4-
OT and Tri-OT, respectively. The comparison in Fig. 4.12 also shows that our
proposed Tri-OT scheme offers minor improvement when compared to the 4-OT
scheme for high constellation sizes, except when the constellation size is M = 4;
the performance of Tri-OT is degraded by about 2 dB in comparison to 4-OT
for M = 4. However, taking into account that our proposed Tri-OT requires
three waveforms and the pulse with the highest order is w2(t ). Implying that in
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Figure 4.12: BER performance comparison between our proposed schemes 2-OT,
Tri-OT and 4-OT in conjunction with JML transceivers from the Monte Carlo simu-
lations when considering each scheme optimal DC-shift value, i.e. c and for various
constellation sizes.
comparison to our proposed 4-OT, our proposed Tri-OT enhances the SE of the
system from 0.25 log2M bits/s/Hz in 4-OT to 0.4 log2M bits/s/Hz (i.e., Tri-OT
improves the SE by 55% against 4-OT).
In the following, link level simulations have been performed to showcase the
benefits of our proposed transceivers in comparison with existing relevant schemes
(e.g. ACO-OFDM, CAP and M-OPAM) when considering M-QAM constellations.
In our simulations, the SNR is defined as SNR= (E[s2m (t )] + c2)/σ2, in accordance
with [7], to ensure a fair comparison between the different schemes.
In Fig. 4.13, the BER performance of our proposed 2-OT, 4-OT and Tri-OT
transceivers are compared against ACO-OFDM. It can be seen from Fig. 4.13
that our proposed 4-OT transceiver exhibit EE performance improvement over
ACO-OFDM for a constellation size M = 4 by more than 1 dB. Whereas our
proposed Tri-OTS scheme demonstrates a similar EE performance to ACO-OFDM
when M = 16 (this is demonstrated by the graphical overlap between the BER
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Figure 4.13: BER performance comparison of our proposed 2-OT, Tri-OT and 4-
OT in conjunction with our proposed JMLD method with ACO-OFDM from the Monte
Carlo simulations when considering each scheme optimal DC-shift value, i.e. c and for
various constellation sizes.
performance curves of our proposed Tri-OTS scheme and ACO-OFDM), but with
higher SE of more than 60% (i.e. the SE of our proposed Tri-OT is 0.4, while its
for ACO-OFDM between (0.7 log2M − 0.9 log2M )/4 bits/s/Hz, depending on the
utilized raised cosine pulse that is used to shape the samples of the time domain
ACO-OFDM signal). It also can be observed in Fig. 4.13 that our proposed 2-OT
increases the SE by more than 100% when compared to ACO-OFDM but at
the expense of a loss of the EE for all the constellation sizes (i.e. our proposed
2-OT a SE of about (0.55 log2M ) bits/s/Hz against the (0.7 log2M −0.9 log2M )/4
bits/s/Hz SE of ACO-OFDM.
In Fig. 4.14, the BER performance of our proposed 2-OT, Tri-OT and 4-OT in
conjnction with the JML method are compared against M-OPAM and CAP [41].
It should be noted here, that raised cosine pulses, with roll off factor β = 0.25
and appropriate DC bias to ensure non-negativity, is considered in the case of
M-OPAM and CAP. It can be seen from Fig. 4.14 that our proposed transceivers
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Figure 4.14: BER performance comparison of our proposed 2-OT, Tri-OT and 4-
OT in conjunction with JML method with M-OPAM and CAP from the Monte Carlo
simulations when considering each scheme optimal DC-shift value, i.e. c and for various
constellation sizes.
exhibit an outstanding EE performance improvement over M-OPAM, especially for
high constellation sizes. Also, as depicted in Fig. 4.14 our proposed Tri-OT scheme
provides a 39% improvement gain in SE (from 1.8 bits/s/Hz for M-OPAM to 2.4
bits/s/Hz in our proposed Tri-OT scheme). This is demonstrated by the graphical
overlap between the BER performance curves of our proposed Tri-OT scheme
and M-OPAM of constellation size M = 64 and M = 4, respectively. Also, the EE
performance improvement of our proposed 2-OT 4-OT, and Tri-OT transceivers
is about 14 dB, 18 dB, and 19 dB, respectively, at BER of 10−4 against M-OPAM
for a constellation size of 64. In comparison to CAP, it can be seen that our
proposed schemes Tri-OT and 4-OT perform better than CAP in terms of EE
for all the constellations, however, the pattern is reversed in the case of 2-OT,
with the EE performance of CAP is better by at least 1 dB. In terms of SE, CAP
has a higher SE than Tri-OT and 4-OT by 0.125 log2M and 0.8 log2M bits/s/Hz,
respectively, whilst in the case of 2-OT, CAP provides less SE than 2-OT by
0.222 log2M bits/s/Hz. However, note that our proposed Tri-OT could enhance
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the EE (i.e., by almost 3 dB) of CAP for a target BER of 10−4 and for almost the
same SE (from 1.8 bits/s/Hz for CAP and 2 bits/s/Hz in our proposed Tri-OT
scheme) which can be seen by comparing CAP with M = 16 and Tri-OT with
M = 32.
4.6.1 Average computational complexity of JML and SML
There is a significant difference between our proposed JML and SML methods;
indeed, the search space of the metrics in (4.11) and (4.12) for our proposed SML
varies depending on the transmitted symbol s¨m and in response to the obtained
results from the metric in (4.10) and (4.13), respectively; whereas the search
space of the optimal joint detector in (4.9) is constant, and it is equal to the
constellation size of s¨m regardless of the transmitted symbol s¨m. Thus, for a fair
comparison between the two proposed methods; i.e., JML and SML, we define
the CC as the average number of linear operations required to estimate all the
constellation points s¨m (∀m ∈M); it is given as average computational complexity
(ACC) = ı`M¯ for a ML detector z (x∗) : y 7→ x˙m ∈ Sx˙m , where, ı is the number of
linear operations required per element of the `-length vector space x˙m to evaluate
the Euclidean distance between y and x˙m [61]. Also, M¯ is the average number of
realizations of a constellation that is required to estimate all the constellation
points s¨m (∀m ∈ M), and it can be calculated by M¯ = ∑Mm=1 Pr (s¨m )Xm, where
Pr (s¨m ) is the probability of s¨m that is associated with x˙m. Moreover, Xm is the
number of realizations in Sx˙m .
Note that in our proposed 4-OTS and Tri-OTS, the stage in (4.10) and (4.13),
respectively, has a complexity of one real addition regardless of the employed
modulation order M , and; thus, it has a negligible effect on the ACC of 4-OTS and
Tri-OTS. Meanwhile, taking into account that M¯ for our proposed 2-OT, 4-OTJ
(our proposed 4-OT in conjunction with JML), and Tri-OTJ is M. Whereas,
M¯ = 3M/8 and M/2 in our proposed 4-OTS and Tri-OTS, respectively. Also,
` = 2, 4, 3, 2 and 2 in our proposed 2-OT, 4-OTJ, Tri-OTJ, 4-OTS, and Tri-OTS
transceivers, respectively. Then, ACC = 2ıM, 4ıM, 3ıM, 3ıM/4 and ıM for our
proposed 2-OT, 4-OTJ, Tri-OTJ, 4-OTS, and Tri-OTS, respectively. To elaborate,
let us consider an M-QAM constellation with size M = 16. In this case, it is clear
from (4.9) that M = 16 (∀m ∈M) and, in turn, M¯ = 16 for our proposed 2-OT,
4-OTJ, and Tri-OTJ schemes. Whereas, for our proposed 4-OTS transceiver,
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according to (4.11) and (4.33) the subspace of Ss˙m,1,2 , Ss˙m,1,3 and Ss˙m,1,5 , constitutes
8, 4 and 4 realizations, respectively, and, in turn, M¯ = 0.5×8+0.5×4 = 6. Therefore,
for a transceiver designed based on our proposed 4-OT scheme, a 62.5% (from
16 to 6 ) reduction in M¯ is achieved using SML against JML. Now turning to
our proposed Tri-OTS transceiver, it is readily seen from (4.12) that the search
space of Ssˆm has 8 (∀m ∈M) realizations; thus, M¯ = 8, which is less than 50% in
comparison to our proposed Tri-OTJ transceiver.
To sum up, the ACC of any of our OT scheme with SML significantly out-
performs the ACC of any of our OT schemes with JML, i.e., 4-OTS is less
computationally demanding than 4-OTJ and 2-OTJ by 81.25% and 62.5%, respec-
tively. Also note that, as it can be observed in Fig. 4.15, the energy gap between
the BER performance of our proposed 4-OTJ and 4-OTS transceivers diminishes
very rapidly as the constellation size M increases. Indicating that the low ACC
of our proposed 4-OTS is competitive in comparison to the high ACC of the
conventional joint detection approach. In the case of Tri-OTS, which can achieve
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Figure 4.15: BER performance comparison between the proposed 4-OTJ, 4-OTS,
Tri-OTJ and Tri-OTS transceivers from the Monte Carlo simulations when considering
each scheme optimal DC-shift value, i.e. c and for various constellation sizes.
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the same BER performance as Tri-OTJ as it is illustrated in Fig. 4.15, its ACC
is one third less than the ACC of Tri-OTJ. In addition, amongst our proposed
transceivers, 4-OTS requires the least ACC since its computational complexity is
25% lower in comparison to the complexity of our proposed Tri-OTS transceiver.
4.6.2 Performance Analysis of 2-OT, 4-OT and Tri-OT
It can be seen from (4.17) and (4.24) that by substituting N1 and N2 with
1, which is the dimensionality of our proposed 2-OT scheme, the SERs in (4.17)
and (4.24) reduces to the SER of the conventional 2DSCs. Consequently, the SER
of our proposed 2-OT scheme when Ss¨ is an M-QAM constellation and Eb is the
energy per bit can be formulated by [82]
SER = 4
√
M − 1√
M
Q*,
√
3
M − 1
(log2M )Eb
σ
+- − 4

√
M − 1√
M
Q2*,
√
3
M − 1
(log2M )Eb
σ
+-

2
.
(4.35)
The validity of the performance of our proposed 2-OT transceiver as a 2D
transceiver is illustrated in Fig. 4.16. The very tight match between the Monte
Carlo simulated curves of our proposed 2-OT scheme and the theoretical SER
suggests that our proposed 2-OT scheme capable of perfectly separating the two
parts of the transmit 2D signal at the receiver through the use of matched filters.
In our proposed 4-OT scheme, p1(t ) = {w0(t )} and p2(t ) = {w1(t ),w2(t ),w4(t )}.
It follows that, N1 = 1 and, thus, upon substituting this value in the integral
of (4.17) associated with the first dimension; i.e., l = 1, yields the probability
of correctly detecting the amplitude of s˙m,1, which is determined based on the
underlying constellation, where coordinates for the related constellation points
are evaluated by the unipolar values s˙m,1 (∀m ∈M); i.e., w0(t ) is an OW. On the
other hand, the evaluation of the integral in (4.17) associated with the second
dimension; i.e., l = 2 is dependent on the OPS that is allocated to transmit s¨m,2.
It can be easily seen from (4.33) that w2(t ) and w4(t ) are OWs, similar to the
transmitting pulse shape w0(t ), thus, after substituting N2 = 3, the integral can
be evaluated by setting τ to zero and the estimation of the decision regions of s˙m,3
and s˙m,5 based on the underlying constellations, which have unipolar coordinates
s˙m,3 (∀m ∈M) and s˙m,5 (∀m ∈M), respectively. However, the third OPS in p2(t )
is biOW, thus, unlike w2(t ) and w4(t ), the integration associated with the second
dimension, when the transmitting pulse is w1(t ), can be evaluated by setting τ = 1
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Figure 4.16: Comparison of the simulated (via Monte Carlo simulation) against the
theoretical (via (4.35)) SER performance results of our proposed 2-OT scheme with
perfect synchronization for various constellation sizes.
and the estimation of the decision region of s˙m,2, which can be found based on the
bipolar constellation coordinates s˙m,2 (∀m ∈M). Following, the aforementioned
analytical approach, the performance of our proposed 4-OTJ scheme when the
2D symbols belonging to an M-QAM with size M = 4 can be formulated by
SER = 1 −
√
2√
piσ2

∫ ∞
− 1√
2
*,1 − 2Q
[ |√2z + 1|√
σ2/2
]+-
2
e
−2z2
σ2 dz.+ (4.36)
1√
2
∫ ∞
−∞
*,1 −Q
(2(√2z + 1)√
σ2
)+-
1 −Q
( (√2z + 1)√
σ2/2
)e
−4z2
σ2 dz.

Figure 4.17 shows the BER performance of our proposed 4-OTJ without DC shift
(c = 0) and when the 2D symbols belonging to a M-QAM mapping format. The
results coincide with the theoretical SER expression derived in (4.17). Thus, it is
evident that our derived SER expression in Proposition 4.5.1 is accurate.
Now we turn to the SER of our proposed 4-OTS. Clearly, in (4.24) the
first integration reduces to the probability of correctly detecting the 2D symbol
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Figure 4.17: Comparison of the simulated (via Monte Carlo simulation) against the
theoretical (via (4.17)) SER performance results of our proposed 4-OTJ scheme with
perfect synchronization for various constellation sizes.
s˙m,n1,n2 = [s˙m,n1s˙m,n2 ] that belongs to the subspace Ss˙m,n1,n2 . This can be estimated
as it is conventionally done in the literature for any 2D symbol. The second
integration in (4.24) is evaluated only for the second dimension of s¨m; i.e., l = 2,
since the integration associated with the first dimension of s¨m; i.e., l = 1, which
is transmitted by only one waveform (N1 = 1) equals to 1 for the case of 4-OT.
Thus, by substituting N2 = 3 and evaluating the integration numerically, the SER
of (4.24) can be evaluated. For instance, for a M-QAM mapping format with size
M = 4, the SER of our proposed 4-OTS scheme can be given by
SER = 0.5

∫ ∞
0
F (s; 0, σ4 )F (s; 0,
σ
8 ) f (s;
1√
2
, σ8 ) ds . +
(
1 − er f c
(√
1
8σ
))
× (4.37)
∫ ∞
0
F 2(s; 0, σ8 ) f (s;
1√
2
, σ4 ) ds .

To show the accuracy of our derived expression in (4.24), a comparison between
the simulated results of our proposed 4-OTS scheme and the theoretical SER
expression in Proposition 4.5.2 when assuming that the employed mapping format
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is a M-QAM is illustrated in Fig. 4.18. The very tight match between the
simulated and theoretical curves in Fig. 4.18 confirms the validity of our derived
SER expression in Proposition 4.5.2.
Finally, the evaluation of the SER of our proposed Tri-OT scheme is straight-
forward. For example, the SER of our proposed Tri-OT scheme (in conjunction
with SML or JML) when Ss¨m is a M-QAM constellation with size M = 4 can be
formulated by
SER = 1 −Q*, −1√2σ +-
1 − 12er f c*, 1√2σ +-
 (4.38)
Figure 4.19 depicts the simulated and analytical SER performance of our
proposed Tri-OT scheme for different constellation sizes. Notice that the simulated
curves in Fig. 4.19 are generated by excluding the DC-shift (setting c = 0). As
it can be seen from Figure 4.19, the simulations and analytical SER results are
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Figure 4.18: Comparison of the simulated (via Monte Carlo simulation) against the
theoretical (via (4.24)) SER performance results of our proposed 4-OTS scheme with
perfect synchronization for various constellation sizes.
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Tri -CT
SER in (22)
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Figure 4.19: Comparison of the simulated (via Monte Carlo simulation) against the
theoretical (via (4.38)) SER performance results of our proposed Tri-OT scheme with
perfect synchronization for various constellation sizes.
in-line with each other, which validates the accuracy of our derived SER expression
in Proposition 4.5.3.
4.7 Implementation Challenges
It is known that OPS such as MHP comes with a challenging autocorrelation
characteristic. This can be seen from Fig. 4.2; the autocorrelation functions of
MHP exhibit narrow main-lobes and cross-correlation functions with side-lobes,
which indicate that the performance of MHPs as orthogonal carriers would be
susceptible to degradation due to jitter; i.e., high time-sensitivity to receiver
synchronization and clock sampling jitters. Adversely, in practical systems, the
estimated sampling clock times at the receiver deviates from the ideal sampling
time, which usually referred to as timing jitter, and causes BER performance losses.
Thus, it is relevant to investigate under what circumstances the system performance
is limited predominantly by the inherent timing jitter error. Figs. 4.20 to 4.22
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depicts the results considering the impact of timing jitter on the performance of
the Hermite carriers for different timing jitter; ε = 0s, 0.01s, 0.02s . . ., where the
jitter error is modeled as a positive and uniformly distributed random timing jitter
in the range of [0; ε] in agreement with work reported in the literature in [50] for
M-QAM constellation with size M = 4. Clearly, the presence of synchronization
jitter causes the matched filter to sample the received signal, not at the sampling
instant t = Ts , but at random samples in its vicinity, altering the detected two
parts of sm and degrading the BER performance of the system.
It can be observed in Fig. 4.20 that as a result of the time displacement, the
timing jitter has little effect less than 1 dB for timing offsets of less than 0.01.
However, for higher timing offsets, an additional power is required to achieve
specific BER and this power increases exponentially as the timing jitter increases.
Thus, in our proposed 2-OT scheme a timing recovery circuit is necessary for the
receiver to separate the two parts of the 2D signals efficiently.
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Figure 4.20: Effect of timing jitter on our proposed 2-OT transceivers BER perfor-
mance for a constellation size M = 4 and c = 0.
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It is also observed in Fig. 4.21 that there is a drastic reduction in BER of our
proposed scheme 4-OTS and 4-OTJ with growing synchronization error. However,
it can be noticed that the JML method is more prone to suffering from timing
jitter error compared to our proposed SML method. For instance, the timing
jitter plateau level of our proposed 4-OTJ occurs when the amount of jitter noise
is less than 0.07s; whereas the timing jitter plateau level of our proposed 4-OTS
is expected to occur when the jitter level is less than 0.1s. On the other hand, the
energy penalty associated with low jitter levels such as 0.05s is significantly higher
in our proposed 4-OTS compared to 4-OTJ, where it is almost less by 5 dB in our
proposed 4-OTS than it is in our proposed 4-OTJ scheme. This can be explained
by considering that the jitter error effects the four received observations, and since
the JML approach relies on the four received samples, the error in estimating
the transmitted symbol will be higher than the SML approach, which drops two
observations to recover the transmitted symbol jointly. In the case of our proposed
Tri-OT scheme, it is apparent from Fig. 4.22 that the effect of timing jitter error
is a degradation in the BER performance of the system. Note that in the Tri-OT
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Figure 4.21: Effect of timing jitter on our proposed 4-OTJ and 4-OTS transceivers
BER performance for a constellation size M = 4 and c = 0.
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system as it is depicted in Fig. 4.22, an error of less than 0.1Ts incurs a loss of
almost 1dB in the BER performance. However, the system degrades severely as
jitter error increases by a small amount and the BER performance saturates when
the timing jitter is as low as 0.04s. These significant degradations in the bit error
performance is because our proposed Tri-OT scheme constitutes an OOK signal;
i.e., s˙m,3.
Finally, it is interesting to note that the results observed in Figs. 4.20 to 4.22
indicate that our proposed 4-OTS transceiver is the most jitter-robust transceiver
amongst our proposed transceivers, whereas, our proposed Tri-OT transceivers is
the most susceptible transceiver to jitter.
It is noteworthy to mention here that it was shown in previous work in the
literature such as the work in [50] that the BER performance of higher-order MHPs
is more susceptible to degradation due to jitter when compared to lower-order
waveforms. More specifically, the presence of slightly small timing jitter would
severely destroy orthogonality at the receiver for higher-order MHPs.
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Figure 4.22: Effect of timing jitter on our proposed Tri-OT transceiver BER per-
formance for a constellation size M = 4 and c = 0.
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4.8 Conclusion
This chapter proposes a novel OT based on a multi-waveform concepts, which
exhibit the potential to surpass the classical two waveforms OT scheme. It was
shown our proposed 4-OT scheme has scaled down the required DC component
level of the transmit 2D signal of our proposed 2-OT scheme considerably. Also,
this chapter introduces a three-dimensional signal space to enhance the EE
(reducing the DC component) of the 2D signaling transmission in VLC against
the P-OT scheme. Furthermore, two receivers JML and SML were proposed, and
the SML is shown to be an efficient-low complex alternative to the classical JML.
The analysis of the SERs expressions of the proposed transceivers is presented
and discussed. Also, the effect of timing synchronization error on the error
performance of our proposed schemes is demonstrated and discussed. Simulation
results revealed that our proposed could improve the SE or the EE compared to its
existing counterparts, for instance, Tri-OT could improve the SE of ACO-OFDM
for the same BER performance when the constellation size is M = 16. Also our
Tri-OT can improve the the achieved SE by ≈ 11% in comparison with CAP as
well as the EE by almost 3 dB.
As a summary of this chapter, Table 4.1 presents a qualitative comparison
between our proposed transceivers related to the different performance metrics
that are discussed in this chapter on the application of our proposed transceivers
to transmit classical 2D symbols in the single-carrier (SC) scenario.
Table 4.1: Qualitative comparison between our proposed transceivers.
Performace metric 2-OT 4-OT Tri-OT
Implementation Complexity Low High Moderate
The transmitted DC component High Moderate Low
Timing-jitter robustness Moderate High (4-OTJ) Low
SE gains against ACO-OFDM Higher Similar Higher
EE gains against ACO-OFDM Higher forM = 4 Similar forM=16 Lower for the sameM
Computational Complexity High Low (4-OTS) Moderate (Tri-OTS)
114
Spatial Quadrature Transmission 5
In practice, an indoor environment is normally illuminated by using distributed
multi-LED arrays. This has motivated the design of MIMO-VLC systems since
it has the potential for low power consumption (unipolar systems) and high
transmission data rates. Indeed, Haas demonstrated in his TED talk of 2011 a
VLC system utilizing the state of the art spatial modulation (SM) that could
achieve a transmission speed of 1 Gb/s [53].
The proposed approach in this chapter is inspired by the SM concept, and it
relies on the spatial indexing technique to convert any 2D symbol into a unipolar
2D signal that can then be transmitted over the IM/DD channel, thus the technique
is referred to as SQT hereafter, in contrast to the existing techniques. It should
be noted here, as mentioned earlier in Chapter 2, that this concept has attracted
a lot of interest in the past two years since it enables 2D symbol transmission with
enhanced SE and EE in VLC systems [12, 25, 102, 114, 117]. That being said, it
is worth mentioning that the presented SQT system in this chapter and the work
in [12, 102, 114] have been developed in parallel completely independently from
each other and broadly within the same time period. In addition, the novelty of
our proposed transceiver over the techniques proposed in [12, 102, 114] is that
it offers simplification in the detection process to recover the 2D symbol at the
receiver.
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In the following, we first introduce a detailed description of the system model
related to our proposed approach in the single-carrier and multi-carrier scenarios.
Then we discuss the content, findings and the main practical implementation
challenges of the chapter.
5.1 System Model
5.1.1 SQT Transceiver
An indoor MIMO wireless communication system, which typically consists
of T LEDs and R PDs, is here considered, where T and R should be divisible
by four for the proposed scheme. However, we consider T = R = 4 for ease of
presentation and as an example of implementation, as it can be seen from Fig. 5.1.
Furthermore, the transmitted symbol is a 2D symbol (i.e., a symbol belonging to
a 2D constellation - e.g. M-QAM constellation or OFDM) s˙ = [s˙1, s˙2] and each
element of s˙ are spatially mapped onto one of the four elements of the symbol
s = [s1, s2, s3, s4] according to their polarities as it is illustrated in Table 5.1. Thus,
when transmitting the symbol s ∈ RT×1 over an AWGN, the received electrical
vector y = [y1,y2, · · · ,yR] is given by
y = Hs + z,
where the vector z = [z1, z2, · · · zR] stands for the sum of the ambient shot light
noise and thermal noise. The optical MIMO channel H ∈ RR×T can be expressed
by
Input bits s 2D 
Separator
s1[n]>0
. s1[n]= s1[n]
.
s2[n]=-s1[n]
.
x1LED 
LEDs1[n]>0
.
LED 
LEDs2[n]<0
.
.
.
s2[n]>0
.
x2
x3
x4
s3[n]= s2[n]
s4[n]=-s2[n]
..
2D-digital 
Mapping
Transmitter
Figure 5.1: Block diagram of our proposed SQT transmitter.
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Table 5.1: Signal spatial mapping.
Signal Polarity LED No. Transmitted signal
s˙1 > 0 1 s1 = s˙1
s˙1 < 0 2 s2 = −s˙1
s˙2 > 0 3 s3 = s˙2
s˙2 < 0 4 s4 = −s˙2
H =

h1,1 h1,2 . . . h1,T
...
...
. . .
...
hR,1 hR,2 . . . hR,T

,
where hr ,t represents the LOS optical path loss between the r -th PD and the
t-th LED and it can be estimated by using (2.3). Consequently, s is transmitted
directly, i.e., c = 0 in (2.1), via the transmitting LEDs across the IM/DD wireless
channel H. Also note that in our proposed SQT, only two LEDs out of the four
LEDs are active at each symbol time Ts . Furthermore, in our proposed SQT, as
in [95], the distance between transmitters should satisfy the following condition
dTx ≥
√
2
(
d tan(ψcr )
)2 − (dRx )2. (5.1)
where dRx is the distance between the receivers. The condition in (5.1), which
can be easily derived by using trigonometry rules and (2.3), ensures perfect
alignment between the transmitters and the receivers, which is necessary to
maintain orthogonality and to avoid any cross-talk between the two transmitted
parts of s˙, i.e., s˙1 and s˙2. For instance, let ψc j = 15o, d = 2.25 − 0.75 = 1.5 m
and dRX = 0.1 m, which is a practical distance for a PD array implemented into
typical laptop computers, then the distance between the LED transmitters, dTx ,
should be ≥ 0.559 m to allow a perfect alignment; i.e, the transceiver structure is
designed to have a diagonal channel matrix, such that
HdTX=0.6m = 10
−4

0.7976 0 0 0
0 0.7976 0 0
0 0 0.7976 0
0 0 0 0.7976

.
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In other words, in our proposed scheme, H is conditioned to have four identical-
independent channels. Therefore, for simplicity of illustration, in the following,
the channel H is assumed to be a unit normalized matrix.
At the receiver side, the detector observes the vector y to detect the transmitted
2D symbol s as it is depicted in Fig. 5.2. This can be done by a highly accurate and
simplified SML detector that selects two signals among the four received signals
to jointly estimate the transmitted parts of s˙. In our proposed SML method, the
detection consists of two stages: stage 1 is about spatial de-mapping, while stage
2 is about amplitude de-mapping. The former estimates the indices of the active
LEDs by applying the following metric
t∗l = argmaxr∈Rl
yr , ∀l ∈ L = {1, 2}, (5.2)
where R1 = {1, 2} and R2 = {3, 4}. In addition, t∗l is the estimated transmitting
LED index of the l-th dimension of s˙, i.e., s˙l . Then, the detector proceeds to
detect the transmitted amplitudes of s˙l (∀l ∈ L) based on the results obtained via
the detection metric in (5.2) by first estimating the polarity of the received parts
by using
s¯l = (−1) (t∗l −1)yt∗l ∀l ∈ L. (5.3)
Then, the 2D symbol is recovered through a de-mapping process, which
depends on whether the transmitted symbol is a multi-carrier (i.e., OFDM) or
single-carrier (i.e, M-QAM). In the following, the two scenarios; the single-carrier
and the multi-carrier, will be discussed in details.
2D-digital
De-mapping y3PD 
y4PD
y1PD 
y2PD
Index 
Detector
Index 
Detector
2D
C
om
bi
ne
r
Output Bits
t1
-y
Y=[y1, y2,y3, y4]T
-t2
y
Receiver
Figure 5.2: Block diagram of our proposed SML detector.
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5.1.2 SQT Detection
5.1.2.1 Standard SML Detection
In the single-carrier scenario, the transmitted 2D symbol s˙ belongs to a M-
QAM constellation with size M; i.e., s˙ = s¨m ∈ Ss¨m , where Ss¨m is the set of points
s¨m,∀m ∈M = {1, 2, 3, . . . ,M}. Upon receiving the two parts of s¨m; i.e., s¨m,1 and
s¨m,2 and detecting the polarities of the transmitted parts by using the rules in
(5.2) and (5.3), then, the 2D symbol is recovered through the use of a classical
ML detector f (s∗) : s∗ = [s¯1 s¯2] 7→ s¨m ∈ Ss¨m that is given by
s∗ = arg max
m∈M
‖s¯ − s¨m‖. (5.4)
5.1.2.1 a) Performance analysis
In our proposed SQT scheme, decoding the 2D transmitted parts of s¨m is
simplified by estimating the indices of the active LEDs at the transmitter, as a first
stage. Upon which two elements of the received vector y are discarded and only
the remaining two elements are considered in the second stage to jointly recover
the transmitted two parts of s¨m. Here, we assume that the two detection stages
are independent to be able to analyze in a tractable manner the performance of
our proposed SQT scheme, however, this is not generally the case and the general
SER expression for SQT, provided in Proposition 5.1.1, is not the exact SER,
but a tight upper-bound. However, for some special case, e.g. when M = 4, the
dependency of the correct detection of the second stage on the results of the first
stage can be included in the analysis to further tighten the general SER presented
in Proposition 5.1.1 and obtain the exact SER performance of our 4-SQT scheme
in Proposition 5.1.2.
Proposition 5.1.1 The general SER of our proposed SQT scheme can be tightly
upper bounded by
SER =
1
M
M∑
m=1
1 −
2∏
l=1
[
Q
(−sm,tl
σtl
) ∫
4∗s¨m,l
e
−2z2
σ2tl dz
]
, (5.5)
where Q (·) is the Q-function. Furthermore, tl is the index of the transmitting LED
of the l-th dimension of s¨m. In addition, 4∗s¨m,l = 4s¨m,l − s¨m,l , where 4s¨m,l stands for
the decision region of the dimension s¨m,l .
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Proposition 5.1.2 For the case of M = 4 the exact SER of our SQT scheme can
be expressed in closed-form as
1 −Q2 *,−2
√
Es/E [¨sm]
σ
+-Q2*, −
√
2Es/E [¨sm]
σ
+- − 0.5Q*,
√
2Es/E [¨sm]
σ
+-Q *,2
√
Es/E [¨sm]
σ
+-×0.5Q*,
−√2Es/E [¨sm]
σ
+-Q *,2
√
Es/E [¨sm]
σ
+- + 2Q*, −
√
2Es/E [¨sm]
σ
+-Q *,−2
√
Es/E [¨sm]
σ
+-
 ,
(5.6)
where Es is the symbol energy.
Proof of Proposition 5.1.1 The SER of our proposed SQT can be upper-
bounded by the union bound method that is given by
SER =
M∑
m=1
Prc (s¨m )Pre (s¨m ), (5.7)
where Prc (s¨m ) is the probability of each symbol and Pre (s¨m ) is the pairwise error
probability which can be found by Pre (s¨m ) = 1 − Prc,c (s¨m, tc ). Here, Prc,c (s¨m, tc )
corresponds to the joint probability of correctly decoding s¨m and tl (∀l ∈ L) and
tc is the event when both tl (∀l ∈ L) are correctly detected. This can be written
as
Prc,c (s¨m, tc ) =
2∏
l=1
Prc,c (s¨m,l , tl ). (5.8)
The last step is due to the statistical in-dependency of s¨m,1 and s¨m,2, where
Prc,c (s¨m,l , tl ) (∀l ∈ L) is the joint probability of correctly detecting the amplitude
and the transmitting LED’s index, i.e., tl , of the l-th dimension. The follow-
ing discussion will consider the general derivation of the probability Prc,c (s¨m,l , tl )
since it is intuitively clear that the derivation of the probability Prc,c (s¨m,1, t1) is
similar to Prc,c (s¨m,2, t2). Given the assumption that the two decoding phases are
independent, then the probability Prc,c (s¨m,l , tl ) can be found by
Prc,c (s¨m,l , tl ) = Prc (s¨m,l ) Prc (tl ). (5.9)
where Prc (tl ) and Prc (s¨m,l ) are the probabilities to correctly decode tl and the
amplitude of s¨m,l , respectively. The evaluation of the probability of correctly
detecting tl is related to the metric in (5.2) which estimates tl . This metric
requires the received signal ytl associated with the transmitting tl -th LED to
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result in the greatest magnitude among a set of two signals ytl ,yt¯l , where t¯l =
2(l+1) − (1+tl ). The signals ytl and yt¯l follow a normal distribution with means 0
and sm,tl , respectively, and variance σ
2
t since the channel noise is assumed AWGN
with zero mean and variance σ2. The pdfs of these RVs can be expressed by
fytl (z) =
1√
2piσ2tl
e
−(z−sm,tl )2
2σ2tl . (5.10)
and
fyt¯l
(z) =
1√
2piσ2
t¯l
e
−z2
2σ2
t¯l . (5.11)
Clearly, the pdfs in (5.10) and (5.11) correspond to the received signals from
the active (transmitting) and the inactive LED, respectively. Thus, according to
(5.2), the correct detection of tl occurs when ytl > yt¯l , i.e., ytl −yt¯l > 0. This can
be determined by recalling that the pdf of a difference of two normally distributed
RVs, u and v, with means and variances (µu , σu) and (µv , σv), respectively, is
given by
fu−v (x ) =
e
− [x−(µu−µv )]
2
2(σ2u +σ2v )√(
2pi (σ2u + σ2v )
) . (5.12)
Therefore, by inserting u = ytl , v = yt¯l , σ
2
u = σ
2
tl ,σ
2
v = σ
2
t¯l
, µu = sm,tl and µv = 0
in (5.12), Prc (tl ) can be evaluated by
Prc (tl ) =
1√
2pi (σ2tl + σ
2
t¯l
)
∫ ∞
0
e
−(z−sm,tl )2
2(σ2tl +σ
2
t¯l
)
dx .
=Q*,
−sm,tl√
(σ2tl + σ
2
t¯l
)
+-. (5.13)
On the other hand, the second term in (5.9) is finding the probability Prc (s¨m,l ),
which can be generally done for an AWGN channel by computing the integral
Prc (s¨m,l ) =
1√
2piσ2tl
∫
4∗s¨m,l
e
−z2
2σ2tl dz. (5.14)
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where 4∗s¨m,l = 4s¨m,l − s¨m,l . Here, 4s¨m,l is the decision region of s¨m,l and it is
determined based on the constellation layout at the transmitter. For instance,
let us consider a unit-energy 4-QAM constellation, the Pc (s¨m,l ) can be represented
as reported in [4] by
Pr4c (s¨m,l ) = Q
*, -1√2σtl +- .
Next, by assuming equiprobable symbols, (5.5) can be obtained by substituting
(5.13) and (5.14) into (5.7), then invoking (5.7) in (5.8).
Proof of Proposition 5.1.2 In our analysis for the generalized SER, it was
assumed that Pre (s¨m ) = 1 − Prc,c (s¨m, tc ). However, for the case of M = 4, the
erroneous detection of the first stage; i.e., when recovering the transmitting index
by using the metric in (5.2) incorrectly, can lead to a correct de-mapping of the
2D symbols from the received signals; this case is further discussed in the sequel.
This can be expressed by the following formulation
Pre (s¨m ) = 1 − Prc,c (s¨m, tc ) − Prc,e (s¨m, te ). (5.15)
The additional term in (5.15); i.e., Prc,e (s¨m, te ), is the joint probability of correctly
detecting the symbol s¨m and erroneously estimating one or both of t1 and t2,
where te refers to the event of mis-detecting one or both of the LED’s indices. This
probability is significant as will be shown in Fig. 5.3 and it stems from the fact that
in certain conditions if the transmitting LED’s indices in our scheme are detected
erroneously, the original transmitted symbol can still be recovered correctly. To
elaborate, let us consider that the transmitted l-th dimension is positive, then
the probability to incorrectly detecting the index of the transmitting LED is
Pre (tl ) =1 − Prc (tl )
=Q*,
sm,tl√
(σ2tl + σ
2
t¯l
)
+-. (5.16)
This is the event of detecting the index of the inactive LED. Meanwhile, given
that the optimal detector in (5.2) selects the signal associated with the highest
bipolar amplitude (not the absolute value of the received observations), then
the probability in (5.16) could occur in the special case when yt¯l > ytl and
yt¯l ,ytl ∈ R<0. Thus, based on the detection rule in (5.4), the polarity of the
transmitted part s¨m,l is estimated to be negative and, in turn, the signal yt¯l ,
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which has a negative polarity in our example, will be shifted back to the correct
positive polarity i.e s¯l = (−1) (t¯l−1)yt¯l = −yt¯l . Thereby, despite the mis-detection
of tl , the recovered part s∗, which is subsequently de-mapped to the 2D symbol,
constitutes an l-th part s¯l that has a correct polarity. The probability of the
above discussed scenario is
Prc,e (s¨m,1, tl ) =Pe (tl )P (ytl < 0)P (yt¯l < 0)
=0.5Q*,
−sm,tl√
(σ2tl + σ
2
t¯l
)
+-Q
(
sm,tl
σt¯l
)
. (5.17)
where Prc,e (s¨m,1, tl ) is the probability of correctly detecting the transmitted l-th
dimension when the transmitting LED’s index is mis-detected. Now, by using the
probability in (5.17) the probability of Prc,e (s¨, te ) can be evaluated by considering
the following disjoint causes:
• The indices tl (∀l ∈ L) were incorrectly detected and led to correctly recover
both s¨m,l (∀l ∈ L), which corresponds to the probability Prc,e1&2 (s¨m, te ) =∏2
l=1 Prc,e (s¨m,1, tl ).
• Only one of the indices tl (∀l ∈ L) was incorrectly detected and led to cor-
rectly detect the corresponding l-th dimension, resulting in the probabilities
Prc,el¯ (s¨m, te ) = Prc,c (s¨m,1, tl ) Prc,e (s¨m,¯l , tl¯ ) (∀l ∈ L), here l¯ = 3 − l .
This implies that Prc,e (s¨m, te ) can be expressed by
Prc,e (s¨m, te ) = Prc,e1&2 (s¨m ) +
2∑
l=1
Prc,el¯ (s¨m, te ). (5.18)
Consequently, if we assumed that the symbols are equiprobable, then the formu-
lation of the SER for M = 4 is obtained by substituting (5.18) in (5.7).
Figure 5.3 validates the accuracy of our analytical SER upper bound for our
proposed SQT scheme presented in Proposition 5.1.1. This can be seen from
Fig. 5.3 since the curves of the analytical SER in Proposition 5.1.1 and the
simulated SER for the different constellation sizes; M = 16, and 32 are a very
tight upper bound of the simulated curves, especially at high bit energy-to-noise
ratio (Eb/No). On the other hand, the curves that belong to the case of M = 4
confirm the very tight match for low and high Eb/No and consequently, this verifies
the exactness of our derived SER in Proposition 5.1.2 for the case of M = 4.
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Figure 5.3: Comparison of the simulated (via Monte Carlo simulation) against the
theoretical (via (5.5) and (5.6)) SER performance results of our proposed SQT scheme
for various constellation sizes.
5.1.2.1 b) Numerical performance analysis
For the purpose of presenting numerical results on the EE and SE gains of
our proposed SQT scheme in the single-carrier scenario, its BER performance
is compared with the state of the art SM since both schemes completely avoids
ICI and offer simplified detection [86]. Different scenarios, which are detailed in
Table 5.2, are studied for the comparison between our proposed SQT and SM: in
the first scenario both systems achieve the same SE and in the second scenario
both systems have the same transceiver structure i.e for both T = R = 4. As it can
be seen from Fig. 5.4, our proposed SQT performs significantly better in terms of
the EE in the first scenario; i.e., 8 dB and 15 dB enhanced EE at 10−4 compared
to SM when the SE is 2 bits/s/Hz and 4 bits/s/Hz, respectively. The second
scenario shows that our proposed scheme outperforms the SE by 3 bits/s/Hz while
maintaining the same BER performance as SM. This can be seen by comparing,
for instance, the curve of our proposed 128-SQT against the one of 4 × 4 M-PAM
SM scheme.
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Table 5.2: Simulation configurations
SQT SM
bits/s M bits/s Nt M - PAM
2 4 2 2 2
4 16 4 4 4
5 32 3 4 2
7 128 4 4 4
0 5 10 15 20 25 30 35 4010
−4
10−3
10−2
10−1
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E b/No (dB)
BE
R
 
 
4−SQM
16−SQM
32−SQM
128−SQM
SM, 2 × 2 PAM
SM, 4 × 4 PAM
SM, 4 × 2 PAM
Figure 5.4: Performance comparison of our proposed SQT in the single-carrier sce-
nario; i.e. s¨m belongs to a M-QAM constellation, from the Monte Carlo simulations
with SM for different constellation sizes.
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5.1.2.2 Simplified SML Detector
In contrast to the state of the art SM [86], it should be noted here that the
metrics in (5.2) and (5.4) are functions of bipolar signals, i.e., yr and s¯, and not
the absolute values of the variables yr and s¯. Thus, an alternative approach in the
single-carrier scenario would be a method that incorporates the absolute value
of the received signals yr and s¯ in (5.2) and (5.4), respectively, in the detection
process. In turn, the resulting method, which we refer to in the following as
SQTabs , uses the following equation to estimate the polarities of the transmitted
parts
t∗l = argmaxr∈Rl
|yr |, ∀l ∈ L, (5.19)
where | · | stands for the absolute value. Then, the optimal function for detecting
the amplitudes of s¨m becomes f (s¯l ) : |yt∗l | 7→ |s¨m,l | ∈ S|s¨m,l | i.e.
s¯l = arg max
r∈Rl∀m∈M∗
‖|yt∗l | − s¨m,l ‖, ∀l ∈ L, (5.20)
where M∗ = {1, 2, . . . ,M/4}. Whereas the final detected parts are estimated by
s∗
l
= −1(t∗l −1)s¯l (∀l ∈ L). It can be observed from the simulation results of Fig. 5.5
that recovering the transmitted 2D symbols based on the bipolar random variables
yr and s¯ as in (5.2) and (5.4) yeilds a better bit error rate performance than
when utilizing the absolute value of the observations yr as in (5.19) and (5.20).
However, the CC associated with the joint metric in (5.20) is less compared to
the joint detection in (5.4) because the search space of (5.20) is half than the
search space of (5.4) (∀l ∈ L). On the other hand, the JML detector introduced in
[12, 102, 114] offers a slightly better BER performance compared to our proposed
SML methods for low values of M (see Fig. 5.5), but at the expense of 50% higher
CC than our proposed SML in (5.2) and (5.4). This is because the SML method
reduces the observed four dimensional vector y to a 2D vector s¯ before estimating
jointly the 2D parts of s¨m in both metrics (5.4) and (5.20). In mathematical terms,
let us define the CC for a ML detector z (x∗) : y 7→ x˙m ∈ Sx˙m as the number of
linear operations required to estimate all the constellation points s¨m (∀m ∈M).
Then, it is given by CC = ı`X , where, ı is the number of linear operations required
per element of the `-length vector space x˙m to evaluate the Euclidean distance
between y and x˙m [61]. Also, X is the size of the constellation points Sx˙m . Given
that ` = 4, 2 and 2, also that X = M,M and M/4, then the CC=4ıM, 2ıM and
ıM/2 for the JML approach in [12, 102, 114], our standard SML in (5.4) and our
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Figure 5.5: Performance comparison of our proposed SQT, SQTabs systems and
the classical JML approach from the Monte Carlo simulations for different constellation
sizes
simplified SML in (5.20), respectively. Consequently, it is clear that our proposed
SML method is less computationally demanding than the JML method. Note
that the first stage in the SML method comprised of two different sets which
only requires a comparison between two signals to determine the indices of the
transmitting LEDs. The complexity of this stage is independent of the modulation
order and does not increase the CC of the SML approach as M increases.
The above discussion can also be interpreted by considering the exact number
of linear operations (addition and subtractions) that are required to estimate the
received observations. Recall that the metric in (5.4) requires 2M − 1 additions, M
subtraction, and 2M squares to estimate s¯, whereas the metric in (5.20) requires
M/4 − 1 additions, M/4 subtraction, and M/2 squares to estimate s¯l . In the case
of JML detection, the number of required additions, subtractions and squares
are 4M, 3M and 4M, respectively. Thus, the CC of the proposed metrics in (5.4),
(5.20) and the JML approaches are O(2M ), O(M/2) and O(4M ), respectively.
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Implying that our proposed SML methods significantly outperform (by a factor
of 8) the JML method in terms of CC.
5.1.3 Multi-carrier SQT
In the multi-carrier scenario, after mapping the incoming bits into M-ary
QAM symbols; i.e., s¨, F complex symbols are fed to a serial to parallel converter
followed by an F -point IFFT operation. Therefore, in the multi-carrier scenario,
the transmitted 2D of our SQT scheme signal is given by
s˙[n] =
1
F
F−1∑
k=0
(
s¨1[k] + js¨2[k]
)
exp
(
j
2pi
F
kn
)
,
where s˙[n] is the time-domain sample, n ∈ F = {1, 2, . . . , F}, at the output of the
IFFT. Also, s¨1[k] and s¨2[k] are the 2D parts of the k-th 2D symbol s¨[k]. Then,
each part of the 2D sample s˙[n] is mapped into the transmitting LED based on
the rules detailed in Table 5.1.
Thus, the statistical characterization of the transmitted signals st (∀t ∈ T =
{1, 2, 3, 4}) follows the clipped Gaussian pdf that can be expressed by [114]
pst (x ) =
1√
pi
e−x
2
u (x ) +
1
2
δ (x ) ,∀t ∈ T , (5.21)
Equation (5.21) can be explained by recalling that the OFDM signal is the sum
of a group of i.i.d components, thus, for any practical choice of sub-channel number
and/or constellation size M, becomes approximately Gaussian due to the central
limit theorem [17]. A number of subcarriers as small as 64 is sufficient to ensure
Gaussianity [24]. Therefore, the elements s˙l ,∀l ∈ L follow a Gaussian probability
distribution with 0 mean and 1/2 variance, due to symmetry, when the IFFT
operation satisfies the normalization of E[S˙†S˙] = F , where S˙ = [s˙[1], s˙[2], . . . , s˙[F ]]
is the input frame to the IFFT. Thus, the average transmitted electrical power
for each of the transmitting LEDs [114] is such that
E[st ] =
∫ ∞
0
xpst (x )dx =
1
2
√
pi
,∀t ∈ T . (5.22)
At the receiver side, the polarity of each part of the 2D sample s¨(n) is detected
by using the rules in (5.2) and (5.3) (i.e. by using the standard SML technique of
128
5.1. System Model
Section 5.1.2.1), and the detected 2D parts s¯l (n) (∀l ∈ L and ∀n ∈ F) go through
a serial to parallel conversion. Then, the transmitted M-ary complex symbols are
recovered by using an FFT operation. It should be noted here, it is not feasible to
apply the simplified SML technique of Section 5.1.2.1 in the multi-carrier scenario
since the OFDM received signal in the frequency domain is not a uniformly
distributed signal, and in turn, maximum likelihood detection cannot be utilized
to detect the amplitudes of the received observations. Furthermore, it would not
be possible to directly forward the received signal to the OFDM demodulator when
using the simplified detection approach, because the 2D parts of the transmitted
signal must be recovered first to obtain the estimate of the frequency domain
OFDM block.
For the multi-carrier scenario in Fig. 5.6, our proposed scheme SQT is compared
with the state of the art; ACO-OFDM and DCO-OFDM. Fig. 5.6 shows that the
superiority of the proposed SQT scheme in the multi-carrier scenario is evident
compared to ACO-OFDM and DCO-OFDM for higher and lower order modulation
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Figure 5.6: Performance comparison of our proposed SQT; i.e., s¨ is the M-QAM-
OFDM sample against DCO-OFDM and ACO-OFDM for different constellation sizes.
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sizes. Precisely, for a constellation size M = 64, our proposed SQT scheme in
the multi-carrier scenario achieves significantly better BER performance than the
existing ACO-OFDM and DCO-OFDM schemes for the same constellation size
i.e., by at least 5 dB and 14 dB, respectively at a BER of 10−4. Additionally,
contrary to ACO-OFDM and DCO-OFDM, our SQT scheme does not require
Hermitian symmetry, such that the SE of our proposed scheme is 50% and 75%
higher than the SE of ACO-OFDM and DCO-OFDM schemes i.e., the SE of our
proposed scheme ηSQT = 2ηDC−OFDM = 4ηAC−OFDM .
5.2 Conclusion
In this chapter, a unipolar 2D transmission scheme based on a MIMO transceiver
structure is proposed. This novel scheme aims to maximize the EE performance of
the 2D transmission without sacrificing the SE (i.e., improving the EE-SE trade-off
in VLC). An accurate SER performance for the single-carrier scenario was derived
and shown to match closely with the simulated results. The performance of our
proposed SQT solution is shown to outer-perform the performance of the state of
the art SM in terms of the bit error rate performance for a target Eb/No. Also,
technically, contrary to the existing multiple antennas scheme in the literature (e.g.,
SM), which its data rate enhancement capability increases logarithmically with
the number of transmit antennas, our proposed scheme relies on a fixed number
of transmitters regardless of the employed constellation size in the single carrier
scenario. Furthermore, we develop two novel detection methods for the detection
of our proposed transmission scheme; namely, the standard and simplified method.
The former achieves the best error rate performance but at the cost of higher
computational complexity compared to the later. Also both detection methods;
i.e, the standard and the simplified methods are shown to reduce the decoding
complexity of the conventional JML but with a slight degradation in the error
rate performance. In the multi-carrier scenario, our proposed scheme avoids the
need for Hermitian symmetry and DC bias to operate; thus our proposed scheme
significantly outer-performs the state of the art ACO-OFDM and DCO-OFDM
schemes both in terms of spectral and energy efficiency. However, our proposed
SQT scheme requires a perfect alignment between the LEDs and PDs ( i.e. the
geographical positioning of the different transceiver’s elements is constrained by
(5.1)). This implies that practical applications of our proposed SQT could be
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limited to stationary transmitters and receivers, e.g. video conferencing since the
necessity to have perfect alignment is less practical for mobile applications.
131
Conclusions 6
In this chapter, we summarize and conclude the research works discussed in
this thesis. We summarize the research contributions and highlight the main
findings as well as achievements with regards to the main objective of this thesis.
Finally, scope for future work is presented.
6.1 Main Findings
This thesis presented new transmission schemes by relying on OPS. It is
demonstrated in this thesis that they can be utilized via a novel simple unipolar
transmission technique to eliminate the need to incorporate DC biasing in the
transceiver structure. It is also shown that an EE transmission scheme can be
designed by relying on OPSs. The potential for broad applications of these OPSs
is highlighted by proposing different transceiver designs that can mitigate the
absence of the phase and polarity dimensions in VLC systems. Thus, it is shown in
this thesis that not only the orthogonality of the OPS can be useful for orthogonal
transmission, but the characteristics of the OPS can also be beneficial to achieve
uni-polarity and improve the EE performance of the conventional transmission
technique. Comprehensive analytical treatments of the performance of the different
transceiver designs are derived and analyzed in details. Practical case studies
were studied and investigated to show the EE gains that can be attained by the
proposed generic transmission schemes. Finally, we took a new direction at the
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end of the thesis to introduce a MIMO transceiver architecture for simple unipolar
quadrature transceiver scheme. The strength of the MIMO technique lies in its
capability to allow 2D transmission without any SE and EE loss that is unlike
our work based on OPSs.
Initially, we formulated the relevant VLC channel and system model, and then
a representation of the recent research on the proposed transmission schemes of
the classical 2D symbols in the literature is outlined and categorized. Emphasis
is placed on the SE and EE characteristics of the existing transceivers in order
to identify that the error performance of signaling transmission of any mapping
format in VLC systems is not only governed by the minimum distance between
the possible signal space points (as in classic RF-based systems), but it also
depends on the level of the DC shift that is required to ensure the non-negativity
of the transmitted electrical signal. Link-level simulator based on the considered
channel model was presented to show that current research activities in VLC
that are focused on adapting real-valued RF-based systems lead to significant EE
performance degradation because of the DC bias penalty on the electrical SNR.
The recent developments toward improving the EE of the adapted real-valued
RF-based systems was then introduced and shown to achieve unipolar transmission
at the cost of high SE degradation that dramatically reduces the achievable data
rates.
Chapter 3 proposed a novel unipolar transmission scheme to encompass the
positive uni-polarity condition of the IM/DD channel, and it was then shown
to enable transmission of the bipolar one-dimensional symbols effectively. The
scheme could convey in a smart way the polarity dimension of the symbol into the
intensity of the light without relying on any other dimension such as time, space or
frequency, which is unlike what is proposed in the literature. With this feature in
place, our proposed scheme could transmit the bipolar symbol without scarifying
the time and frequency domains of the underlying one-dimensional mapping
format and thus provides higher gains compared to the proposed techniques in
the literature. The theoretical SER expression of the proposed UOT scheme was
derived for the single-carrier scenario, and the accuracy of this expression was
verified using link-level Monte Carlo simulations. Results illustrate the enhanced
EE benefits of our proposed UOT scheme over existing state-of-the-art techniques
in VLC systems.
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In Chapter 4, we explore other advantageous deployment scenarios of the
OPSs by proposing a orthogonal transmission schemes that does not require
phase and frequency detection, which is in line with the DD constraint in VLC
systems. It was also demonstrated that the DC component of the transmit
2D VL signal can be as high as twice the transmitted average electrical power
when using two OPSs at the transmitter; in turn, this is shown to dramatically
increase the SNR requirement to ensure a target BER performance. Thus, in
Chapter 4, we sought to further improve the EE performance of the 2D-OT
scheme, by proposing a novel principle of multi-waveform transmission using a
number of OPS. The new principle maps each symbol in the constellation into
an optimized waveform designed to match the unipolar physical property of the
IM/DD transmission medium by requiring the least DC biasing to transmit the
symbol. The proposed optimal waveform is formed either by using a technique
that relies on a number of OPSs, which we referred to as P-OT scheme, where P
is the number of OPSs that are utilized for transmission, or by using a technique
that relies on three-waveforms, which we refer to by Tri-OT scheme. Since the
detection of the multi-waveform transmit signal of our proposed P-OT and Tri-OT
schemes is computationally demanding when using an optimal joint detector, we
proposed a SML that simplified the CC of the conventional JML. In terms of
the bit error performance, the proposed P-OT and Tri-OT schemes are shown
to strike a practically relevant trade-off between the EE performance and SE
compared to 2D-OT; they improve the performance of the 2D-OT scheme by
more than 5 dB for a target BER. Finally, closer inspection of the results of the
work in this chapter highlighted that an EE or SE enhancement in comparison
to the state of the art techniques in the literature can be obtained by reducing
the negative elements of the 2D points in a constellation since it helps to reduce
the high DC-shift required to transmit the overall 2D VL signals obtained by the
constellation. Finally, the challenges for practical implementation of our proposed
solutions were discussed and highlighted independently for each scheme. It is
known that the bit error performance of any communication system dramatically
degrades when unsynchronization between transmitter and receiver occurs, and
it is shown that our proposed systems are no exceptions in this regard. An
elaborate quantitative investigation of unsynchronization between transmitters
was performed for each proposed scheme in Chapter 4, and results confirmed that
the proposed systems perform very poorly in the presence of timing jitter error.
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The problem of the lost phase and polarity dimensions are jointly addressed in
Chapter 5 via proposing a MIMO structured transceiver, which is referred to as
SQT, to efficiently accommodate 2D transmission in VLC systems. The scheme
endorses the potential of utilizing the spatial domain to convey the phase and
polarity of the two parts of the 2D symbols by designating a pair of LEDs for
each dimension of the 2D symbol whereby the polarity of the dimension activates
one of the two designated LEDs. The bit error rate performance of the system
is demonstrated by means of Monte Carlo simulations which were verified by
detailed analytical SER expressions. As a benchmark for comparison with existing
MIMO-VLC systems, the state-of-the-art SM is considered. It is shown that for an
equal SE, our proposed SQT outperforms SM in terms of the energy requirements,
i.e., 8 dB and 15 dB enhanced EE at 10−4 compared to SM when the SE is 2
bits/s/Hz and 4 bits/s/Hz, respectively. Whereas for similar transceiver structure;
i.e., the system constitutes four LEDs and PDs at the transmitter and the receiver,
respectively, the SE of our proposed SQT scheme exceeds the SE of SM by 3
bits/s/Hz at a target BER performance.
6.2 Outlook and Future Work
The performance evaluation of our proposed systems in Chapters 3 to 5 is
done by following two main approaches: a pragmatic approach based on practical
evaluation which was conducted via link-level simulations using Hermite-based
communication systems, system-level simulations based on a practical indoor
setup or a theoretical approach by deriving the SER expressions of our proposed
schemes were provided. Despite the evaluations already performed, open questions
remain, which is commentary tradition in scientific research.
6.2.1 Implementation
VLC is a physical layer technology, in a sense that any new schemes or ideas
need to be experimentally tested to prove the possibility of integrating the scheme
and get a real-life sense of its functionality. However, the work done in this thesis
related to the use of OPSs was limited to theoretical analyzes and simulations in a
simple AWGN. Thus, the next step is the development of an experimental system
to confirm the proposed ideas and obtained numerical results. The experimental
135
6.2. Outlook and Future Work
system needs to be designed based on the particular choice for LED and PD that
are utilized as transceivers before starting with the deep experimental investigation
and data capturing.
6.2.2 Unipolar-2D Transmission SISO-based Transceiver
In this thesis work, promising techniques were proposed in Chapter 4. The
schemes were gradually developed to achieve practically a plausible energy efficient
OT technique. The first approach was a 2-OT which was based on the traditional
assumption that the overall points of constellation points are transmitted using
only two orthogonal waveforms. Though our proposed 2-OT scheme is shown to
achieve EE performance enhancement against existing techniques, the DC shift
required in our proposed 2-OT system was high. Thus, we proposed our multi-
waveform OT; i.e., P-OT, which could reduce the DC component of our transmit
2D-VL signal, however, the technical implementation of the scheme requires a
number of pulse shapes, and in turn, the SE is severely reduced. Subsequently,
we proposed a Tri-OT scheme to reduce the possible technical implementation
and enhance the SE of P-OT. Despite the fact that our Tri-OT scheme could
achieve relatively high EE performance with low implementation requirements
and higher SE in comparison to P-OT, the scheme still incorporates a DC-shift
in the transmit signal.
Finally, though we proposed a unipolar scheme to completely eliminate the
need to have DC biasing in the transceiver structure, the SE of our proposed
unipolar scheme is dramatically reduced since it required a Hermitian symmetry
to transmit the 2D symbol. Therefore, it is an immediate proposition for future
work to consider utilizing the new OPS dimension to design a unipolar 2D-OT
scheme.
6.2.3 LED’s Non-linearity
The transmitter front-end in VLC systems has a limited dynamic range because
of the p-n junction barrier and the saturation effect of the LED. Resulting in a non-
linear effect when transferring the information-carrier signal. A nonlinear model
of the LED response has not been considered in our numerical model in Matlab,
which is a standard assumption in theoretical studies [7]. However, nonlinearity
in realistic VLC channels will result in an increased bit error or electrical SNR
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requirement, future research should study the degradation of electrical SNR in
more system-challenging setups by including non-linear distortion caused by the
LED time response.
6.2.4 Prolate Spheroidal-based Communication
The performance of our proposed generic frameworks presented in Chapter 4
were assessed via the Hermite set, which as was discussed in [42] have proved to
be promising pulse shapes for VLC. However, the authors in [42, 83] also proposed
prolate spheroidal pulse (PSP) as spectrally efficient pulse shapes. An interesting
topic for future work is, therefore, an investigation concerning transceivers design
criteria based on the PSP, and to draw a comparison between the PSP-based
Communication and MHP-based Communication systems.
137
Appendix A
Publications
138
IEEE TRANSACTIONS ON COMMUNICATIONS 1
A Novel Unipolar Transmission Scheme for Visible
Light Communication
Diana W. Dawoud, Student Member, IEEE, Fabien He´liot, Member, IEEE,
Muhammad Ali Imran, Senior Member, IEEE, and Rahim Tafazolli, Senior Member, IEEE
Abstract—This paper proposes a novel unipolar transceiver for
visible light communication (VLC) by using orthogonal wave-
forms. The main feature and advantage of our proposed scheme
over most of the existing unipolar schemes in the literature
is that the polarity of the real-valued orthogonal frequency
division multiplexing (OFDM) sample determines the pule shape
of the continuous-time signal and thus, the unipolar conversion
is performed directly in the analog domain and not in the digital
domain. Therefore, our proposed scheme does not require any
direct current bias or clipping as it is the case with existing
schemes in the literature. The bit error rate (BER) performance
of our proposed scheme is analytically derived and its accuracy
is verified by using Matlab simulations. Simulation results also
substantiate the potential performance gains of our proposed
scheme against the state-of-the-art OFDM-based systems in VLC.
For instance, it is shown that our scheme outperforms both
the asymmetrically clipped-OFDM (ACO-OFDM) and direct-
current-OFDM (DCO-OFDM) in terms of energy efficiency (EE)
by at least 3 dB and 2 dB, respectively, at a target BER of 10−4
when considering the same spectral efficiency for all the schemes.
Index Terms—Intensity modulation, Direct detection, unipolar
transmission, orthogonal frequency division multiplexing, visible
light communication.
I. INTRODUCTION
The emergence of visible light communication (VLC) tech-
nology has only been possible via advances in and availability
of cost-efficient light emitting diodes (LEDs), better known as
off-the-shelf LEDs. However, employing these LEDs as trans-
mitters in VLC systems poses a unique technical challenge at
the receiver to extract the phase of the electrical sub-carrier
from the optical carrier [1]–[5]. This restriction limits the types
of transceivers that can be used in VLC systems; the common
one being the intensity modulation/direct detection (IM/DD)
type of transceiver, whereas classic radio frequency (RF)
methods (e.g., quadrature amplitude modulation (M -QAM) or
orthogonal frequency division multiplexing (OFDM)) relying
on quadrature-multiplexed signals require adjustments that
reduce their conventional efficiency [2], [3]. Adding to that,
the IM/DD channel in VLC systems further limits the transmit
signal to be nonnegative, making the design of the electrical
sub-carrier more challenging. In recent years, a continuous
effort has been made to adapt RF transceiver techniques to
D. W. Dawoud, F. He´liot and R. Tafazolli are with the 5G Innovation
Center (5GIC) and the Institute of communication systems (ICS), Guild-
ford GU2 7XH, UK e-mail: (d.dawoud@surrey.ac.uk; f.heliot@surrey.ac.uk;
r.tafazolli@surrey.ac.uk).
Muhammad Ali Imran is with School of Engineering, University of Glas-
gow, UK and with the Institute of communication systems, Guildford GU2
7XH, UK (e-mail: m.imran@surrey.ac.uk).
VLC by converting the two-dimensional (2D) signal into a
one-dimensional unipolar signal [6]. To this end, optical-
orthogonal frequency division multiplexing (O-OFDM), which
utilizes Hermitian symmetry prior to the inverse fast Fourier
transform (IFFT) operation, has been widely adopted since it
allows to generate bipolar-real-valued samples, and therefore,
is compatible with LED transmission. Although O-OFDM,
which is also known as real-valued OFDM, is very popular
in VLC systems, it suffers from energy inefficiency when it is
compared to the conventional coherent techniques where two
bipolar carrier signals are individually modulated. The energy
inefficiency is due to direct current (DC) shift that is required
to convert the bipolar time-domain signal of the real-valued
OFDM into a positive-unipolar signal. The aforementioned
technique is known as direct-current-optical-OFDM (DCO-
OFDM) [7] and it has been shown in the literature to require
a high DC-shift (i.e., leading to low EE performance) to
convert the bipolar into a unipolar signal [6]. Indubitably, the
DC-shift process is a considerable waste of energy since it
increases the necessary amount of transmit power. In turn,
this severely affects the bit error rate (BER) performance of
such a system. To improve the EE of direct-current-optical-
OFDM (DCO-OFDM), several schemes have been proposed
in the literature to generate genuine unipolar signals over the
IM/DD channel. For instance, asymmetrically clipped optical-
OFDM (ACO-OFDM) produces a unipolar signal by using an
asymmetrical optical-OFDM (AO-OFDM) operation, which is
similar to O-OFDM (but where only the odd subcarriers of
the N -point IFFT are modulated), followed by clipping the
negative AO-OFDM samples to obtain a non-negative signal.
The AO-OFDM and clipping processes lead to an electrical
energy penalty in comparison to DCO-OFDM. The former
reduces the spectral efficiency (SE) by a factor of two when
compared to DCO-OFDM because of the restrictions imposed
on its frame structure, which eliminates any EE benefits for
constellation sizes higher than four; whereas the later reduces
the EE by an additional 3 dB beacuse it causes intermodulation
distortion. An alternative approach to asymmetrically clipped
optical-OFDM (ACO-OFDM), known as unipolar-OFDM (U-
OFDM)/Flip-OFDM [8], [9], was proposed in the literature.
Though the U-OFDM/Flip-OFDM scheme avoids clipping by
transmitting the positive and negative samples consecutively
in time, it offers similar spectral and energy efficiency perfor-
mances as ACO-OFDM. To this end, there is an ever-growing
list of variants of the ACO-OFDM and U-OFDM/Flip-OFDM
techniques that are proposed to tackle the SE gap between
these techniques and DCO-OFDM such as enhanced ACO-
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OFDM [10], layered ACO-OFDM [11], enhanced U-OFDM
(eU-OFDM) [12], and recently the GREENER-OFDM scheme
[13]. However, the improvement regarding EE is obtained at
the cost of higher transceiver complexity, which is at odds
with the low-complexity philosophy of the IM/DD transmis-
sion scheme in VLC. For instance, a major drawback of
GREENER-OFDM is that it requires a significant amount of
memory at the transmitter side to generate one OFDM frame,
which is composed of at least three streams of information. At
the receiver side, an intensive high computational complexity
(CC) detection scheme (i.e., a successive interference cancel-
lation (SIC) type of detector) is utilized to decode the informa-
tion streams. Although GREENER-OFDM is able to achieve
promising EE performance, it entails high memory and large
hardware resource utilizations, as well as a prohibitive CC
compared with classic O/AO-OFDM-based schemes, which
makes it less practical and viable for VLC systems.
In this paper, we propose a new unipolar transmission
scheme for VLC by following a new direction (i.e., using or-
thogonal waveforms (OWs)) for converting the bipolar O/AO-
OFDM samples into a unipolar signal, which is unlike that
has so far been proposed in the literature. Thus the main
contributions of this paper are:
• A new unipolar transmission scheme, which we refer to
as unipolar orthogonal transmission (UOT) or extended-
UOT (E-UOT), is proposed to provide a high EE low-
complexity unipolar transmission scheme for VLC by
relying on OWs; high EE by completely avoiding the
DC-shift and clipping processes. Low complexity, by
avoiding multi-layered signal transmission/reception in
comparison with eU-OFDM or GREENER-OFDM and
keeping our proposed scheme practical by using simple
and robust transmission and detection techniques. As
such, it ensures simplicity and low complexity that is
unlike some of the most recently proposed techniques in
the literature.
• The derivation of the analytical BER expression for our
proposed UOT/E-UOT scheme (in the form of a compact
computable formula) is provided; its great accuracy is
verified through Monte Carlo simulations.
• A comprehensive performance analysis of UOT/E-UOT
in the general setting of unipolar VLC system is per-
formed; we present the performance of our proposed
UOT/E-UOT scheme and draw insights from it by com-
paring our scheme with OFDM-based systems in VLC
such as DCO-OFDM and ACO-OFDM in terms of
both theoretical and practical key performance indicators,
including EE, SE, BER, peak to average power ratio
(PAPR), inter-channel interference (ICI) and complexity.
The paper is organized as follows. Section II describes the
unipolar VLC system framework, i.e. the channel model, as
well as provides a short overview of the classic unipolar ACO-
OFDM scheme. Section III presents a complete description of
the system model and provides details regarding the design
of our proposed UOT/E-UOT scheme by discussing both its
transmitter and receiver processes. In Section IV, we derive
the analytical BER of our UOT/E-UOT scheme and validate
its accuracy via simulation. Section V demonstrates the perfor-
mance gains attained by our proposed scheme in comparison
with existing schemes in the literature, for instance, our
scheme is at least 3 dB more EE than ACO-OFDM, for
the same SE. Section V also presents practical performance
analysis of our proposed scheme, including PAPR, complexity
and the effect of miss-synchronization on its performance.
Finally, conclusions are drawn in Section VI.
II. UNIPOLAR VLC SYSTEM
In a classic point-to-point VLC system, as it is shown in
Fig. 1, transmission of data is performed by converting an
electrical signal into an optical signal. The received signal y(t)
(i.e., the received photocurrent by the photodetector (PD)), can
usually be expressed as
y(t) = γαs(t) ∗ h+ z(t) (1)
where α is the electro-optical conversion factor in watts per
ampere, γ reflects the photodetector responsivity, and s(t)
denotes the intensity modulated signal sent by the LED; due to
the IM/DD channel practical constraint, s(t) has to be a non-
negative (i.e. unipolar) real valued signal, which fundamentally
differentiates VLC signals from other signals used in wireless
communication systems. Furthermore, the average transmitted
optical power, i.e. Po = limT=−∞
α
T
∫ T
−T s(t)dt,is limited to
meet ”eye safety” requirements. In addition, z(t) in (1) is the
sum of the ambient shot light noise and thermal noise, which
is modelled as an additive white Gaussian noise (AWGN) with
zero mean and variance σ2 [14] and h represents the channel
impulse response; here, h is the impulse response of the
Bits
Electrical Signal 
Processing
s(t) 
z(t)
LED
h
outputElectrical Signal 
Processing
y(t) 
PD
Input
Bits
Fig. 1. Generic model of a standard VLC system.
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φ
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Fig. 2. Geometric representation of the LOS propagation model.
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LED’s light emission that is Lambertian in nature according
to [15]. As it is depicted in Fig. 2, Lambertian emission can
be modeled as a direct LOS DC gain such that [15]
h =

w2A
d2 sin2(ψc)
Ro(φ) cos(ψ), 0 ≤ ψ ≤ ψc
0, ψc < ψ,
where A is the detector area, w is the refractive index, d is the
distance between the LED and PD, φ and ψ are the irradiance
and incidence angles, respectively, and ψc is the field of view
(FOV) semi-angle of the PD. In addition, the channel DC
gain, Ro(φ) equals Ro(φ) = [(m + 1)/2pi] cosm(φ), where
m = − ln(2)/ ln(cosφ1/2), and it denotes the order of the
Lambertian emission; here, φ1/2 represents the transmitter
semi-angle and ln(·) is logarithm to base e.
A. Review of ACO-OFDM
Consider an ACO-OFDM scheme with N sub-carriers as
it is shown in Fig. 3. First, the incoming bits b ∈ {0, 1} are
mapped at the transmitter side to a digital M -QAM symbol
s¨m, m ∈ M = {1, 2, . . . ,M}, where M is the constellation
size of the M -QAM modulation. Then, to obtain real samples
s˙(n) (∀n ∈ N = {1, 2, . . . , N}) at the output of the IFFT,
ACO-OFDM employs an AO-OFDM operation, which only
modulates the odd subcarriers, as well as utilizes Hermitian
symmetry in conjunction with IFFT. Thus, in AO-OFDM the
input frame of the IFFT is arranged as below
s¨m(2n+ 1) = s¨
†
m(N − 1− 2n), 0 < n ≤ N4 − 1;
s¨m(2n) = 0, 0 < n ≤ N2 − 1,
where [·]† denotes the complex conjugate. This special ar-
rangement helps to generate an output IFFT frame with an
asymmetrical structure; i.e., the first N/2 samples at the output
of the IFFT are repeated in the second half of the frame but
with a reverse polarity, such that clipping the negative samples
of the frame will not result in any loss of information at the
receiver [7], [16], [17]. Meanwhile, given that the time-domain
OFDM samples are obtained by adding a large number of sub-
carriers modulated by uniformly distributed random symbols
drawn from M -QAM constellation in ACO-OFDM, the central
limit theorem (CLT) (as explained in [18]) can be applied to
these real samples such that they follow a Gaussian distribution
with zero mean. In other words, after clipping, the clipped
samples s(n) (∀n ∈ N ) has a probability of 0.5 at 0 and
follows a half Gaussian distribution otherwise, such that [19]
fs(n)(s) = 0.5δ(s) +
u(s)
σs˙(n)
√
2pi
exp
(
− s
2
2σ2s˙(n)
)
; (2)
DAC
IFFT Frame 
Mapping
s(t)
IFFT
Serial to 
Parallel 
conversion
Clipping
2D-digital 
Mapping
..s s(n)s(n)
.
.... ....[0, sm(1), 0, sm(2)     sm(N/2-1), 0, sm(N/2-1)     sm(2), 0, sm(1)]T    
.. ..  
Fig. 3. Block diagram of the ACO-OFDM transmitter.
where u(s) is the unit step function and δ(s) is the Dirac delta
function. Thus, s(n) has an average optical transmitted power
that is equal to
E[s] =
∫ ∞
−∞
sfs(n)(s)ds =
σs˙(n)√
2pi
,
where σs˙(n) is the standard deviation of the unclipped digital
sample s˙(n). Consequently, the driving electrical sub-carrier
in ACO-OFDM is composed of sinusoids lying only on
the odd harmonics such that the achieved SE is reduced to
ηAC = 0.25 log2M bits/s/Hz (instead of log2M bit/s/Hz) in
comparison with the traditional OFDM scheme used in RF.
Furthermore, the noise caused by clipping is projected on
the even sub-carriers in the frequency domain. This can be
explained by considering that the transmitted signal in ACO-
OFDM is expressed as
s(n) = 0.5(s˙(n) + |s˙(n)|), (3)
where s˙(n) is the unclipped sample at the output of the IFFT.
Equation (3) implies that the effect of clipping the negative
samples is equivalent to multiply the odd sub-carriers (that are
loaded with data) by half, but it does not cause any ICI on them
[20]. Finally, the samples s(n) are converted into an analog
signal s(t) by using a digital-to-analogue conversion (DAC)
process. At the receiver, the conventional FFT demodulation
process is performed to recover the transmitted symbols, and
only the odd sub-carriers are utilized to decode the data.
Therefore, unipolarity is achieved in ACO-OFDM scheme at
the expense of a lower SE and an additional 3 dB energy
loss, which translates into EE performance degradation for
constellation sizes greater than 4 (i.e., M > 4), in comparison
with DCO-OFDM.
III. UOT/E-UOT TRANSCEIVER DESIGN
A. Transmitter process
As in ACO-OFDM or DCO-OFDM, our proposed UOT
scheme is a multi-carrier transceiver scheme for VLC that
relies on the the same standard IFFT process, which has been
described in Section II-A. But contrary to ACO-OFDM, our
proposed UOT scheme can convert bipolar digital samples into
a unipolar signal without clipping the negative samples at the
output of the AO-OFDM (as in ACO-OFDM). Furthermore,
as it is shown in Fig. 5, our scheme does not require to
convert the entire AO-OFDM frame since due to the anti-
symmetry property of the time-domain samples, the first N/2
samples, i.e., s˙(n) (∀n ∈ N ∗ = {1, 2, 3, . . . , N/2}), would
be sufficient at the receiver to recover the entire AO-OFDM
s(t)
Transmitter
LED
p1 (t)
p2(t)
.s(1) … s (N/2)
.
2D-digital Mapping
.s(n) < 0
.
Input bits
 s1 (n)
 s2 (n)s(n) < 0
AO-OFDM
Fig. 4. Block diagram of our proposed UOT/E-UOT transmitter.
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Fig. 5. Illustration of (a) samples at the output of the standard AO-OFDM
process (i.e., s˙(n) in Fig. 3); (b) samples at the output of the standard ACO-
OFDM process [21] (i.e., s(n) in Fig. 3) based on the AO-OFDM process
of (a); (c) samples at the output of our proposed UOT process based on the
AO-OFDM process of (a).
without any loss of information. Therefore, only the first
N/2 digital samples at the output of the AO-OFDM process
are fed to our proposed UOT scheme as it is illustrated in
Fig. 4, where each sample s˙(n) is converted into a 2D point
s(n) = [s1(n), s2(n)], based on the following mapping rule
s˙(n) ≥ 0⇒ s1(n) = s˙(n) and s2(n) = 0;
s˙(n) < 0⇒ sl(n) = − s˙(n)√
2
,∀l ∈ L = {1, 2}. (4)
In other words, the bipolar digital sample s˙(n) is mapped
into s(n) = [s˙(n), 0], if it is positive, and into s(n) =
−[s˙(n), s˙(n)]/√2, if it is negative. Afterward, a pulse shaping
operation is performed and the continuous-time signal s(t),
which is then directly intensity modulated at the LED, can be
expressed as s(t) = s1p1(t) + s2p2(t), where pl(t) (∀l ∈ L)
are two OWs that satisfy the following conditions
p1(t) ≥ 0, ∀t ∈ R;
p1(t) + p2(t) ≥ 0, ∀t ∈ R;∫ ∞
−∞
p1(t)p2(t) dt = 0.
(5)
The list of conditions can be interpreted as: the system
utilizes two non-negative unipolar waveforms where the first is
a non-negative unipolar pulse p1(t), and the second is a non-
negative unipolar pulse that is based on a combination of p1(t)
and p2(t); this combination provides a second non-negative
unipolar pulse shape for our proposed UOT scheme. Moreover,
p1(t) and p2(t) are orthogonal to each others. Obviously, the
selected pulse shapes; i.e., p1(t) and p2(t), that satisfy the
conditions in (5) can transform any positive (s˙(n) > 0) or
negative (s˙(n) < 0) real digital sample s˙(n) into a non-
negative continuous-time waveform since according to (5), the
impulse response of both p1(t) and the linear combination of
p1(t) and p2(t) are always non-negative. An example of two
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Fig. 6. Normalized time response of the zero and first order Walsh rectangular
orthogonal waveforms; i.e., W0(t) and W1(t), respectively, as well as the sum
of these waveforms.
pulse shapes that satisfy the conditions in (5) are the zero and
the first order Walsh functions (rectangular waveforms) that
are shown in Fig. 6. It should be noted here that the zero and
the second order waveforms of the modified Hermite pulse
and prolate spheroidal pulse sets also satisfy the conditions in
(5); however, for the simplicity of introduction and fairness of
comparison between the different schemes we only consider
the rectangular waveforms in the following. It should be noted
here that unlike for an RF OFDM symbol, bandwidth (BW)
constraints are not as critical in this system. As such, a sample-
and-hold mechanism may be used in our scheme to convert
the digital signal to analog signal [22].
In order to better understand how the transmit signal is
generated in our scheme and how it differs from the ACO-
OFDM signal, Fig. 7 depicts both signals based on the same
AO-OFDM samples. It can be seen in Fig. 7 (b), which
shows an example of an analog signal generated by using our
proposed UOT scheme, that the equivalent waveform duration
of each sample in our scheme can be expressed by
s(t) = s˙(n), 0 < t < Ts, (6)
if s˙(n) is positive. Whereas, if s˙(n) is negative
s(t) =
−
√
2s˙(n), 0 < t ≤ Ts
2
;
0, Ts/2 < t < Ts,
(7)
Thus, the minimum pulse duration of our proposed UOT
scheme is half less than Ts/2. In turn, the BW requirement for
our UOT scheme is twice higher than that of ACO-OFDM. A
simple way to deal with this problem is to extend the sampling
time of our proposed UOT to 2Ts as it is shown in Fig. 7
(b) (see green line) such that the minimum pulse duration of
the waveform becomes Ts, as in ACO-OFDM. The proposed
extended-UOT (E-UOT) signal is then given by:
s(t) = s˙(n)/
√
2 0 < t < 2Ts, (8)
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if s˙(n) is positive. Whereas, if s˙(n) is negative
s(t) =
{
−s˙(n), 0 < t ≤ Ts;
0, Ts < t < 2Ts.
(9)
Equations (8) and (9) indicate that our proposed E-UOT
scheme has the same throughput and BW requirement as ACO-
OFDM (i.e., our proposed E-UOT achieves the same SE when
compared to ACO-OFDM). It should also be noted here that
when the sampling time is extended to 2Ts there is no crosstalk
from other sub-channels (as in ACO-OFDM), as it is shown
in Fig. 8.
B. Receiver process
In our proposed UOT/E-UOT scheme, upon reception of
the transmitted waveform s(t) over the AWGN channel, the
received signal y(t) is passed through two matched filters
p¯l = pl(Tc − t) (∀l ∈ L), where Tc is the sampling period;
Tc = Ts in UOT or Tc = 2Ts in E-UOT. After which the
observations s˜l(n) (∀l ∈ L) are obtained. Note that despite
the fact that the transmitted signals in our proposed scheme
are positive unipolar, the received samples s¯l(n) (∀l ∈ L) are
not necessary positive since the AWGN can be negative [23],
[24]. Therefore, it has been proposed in the literature to clip
the negative samples at the receiver (as a first stage) to force
the negative samples to be equal to zero. This technique, which
was utilized for ACO-OFDM in [22], can also be utilized in
our proposed UOT/E-UOT scheme as an initial stage for noise
clipping. Therefore, for the sake of completeness, we design
here two detectors including or not the negative clipper, and
assess their performance later in this paper. In the case that
a negative clipper is not included, the receiver directly passes
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Fig. 7. Illustration of time domain waveforms for (a) the ACO-OFDM
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and negative (blue dashed line) samples; (b) respective spectrum of positive
(red solid line) and negative (blue dashed line) samples when the sampling
time is extended to twice the sampling time of ACO-OFDM.
the received samples s¯l(n) (∀l ∈ L) to detect the transmit-
ted signals. Whereas if a negative clipper is included; the
receiver first clips the negative observations before estimating
the transmitted signal. Afterwards, the receiver utilizes the
orthogonality between p1(t) and p2(t) to distinguish whether
the positive or the negative signal was transmitted as follows
s∗(n) = s˜1(n)(1− p)− p√
2
(s˜1(n) + s˜2(n)) (10)
where s˜l(n) , s¯l(n) if no negative clipping is utilized
and s˜l(n) , max[s¯l(n), 0] if negative clipping is utilized.
Moreover, p is defined as
p =
{
0, if
(
s˜1(n)− s˜2(n)
)
> s˜2(n);
1, otherwise.
(11)
Given that the received observations s˜l(n) (∀l ∈ L) cannot be
directly utilized to detect the polarity of the transmitted sample
s˙(n) (since the waveform p1(t) is utilized for transmitting
both positive and negative sample s(n)), the metric in (11)
is required to detect the polarity of the transmitted sample.
Following the amplitude extraction in (10), the standard FFT
demodulation process is adopted to recover the bit streams.
IV. BER PERFORMANCE ANALYSIS
This section derives the BER of our proposed UOT/E-UOT
transceiver on the premise that the transmitting channel is an
AWGN and without negative clipping. Accordingly, the error
rate probability of our proposed transceiver can be evaluated
by considering that in our proposed scheme, recovering the n-
th transmitted sample s˙[n] is performed in two stages; the first
stage detects the polarity of the transmitted symbol by using
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the metric in ??. The second stage then estimates the amplitude
of the transmitted sample based on the result of the first stage
and by using the rule in ??. Thus, the correct detection of each
individual sample in the time-domain depends on the correct
detection of p and s∗, which is a function of two independent
and normally distributed random variables s˜l (∀l ∈ L), i.e.,
s˜l ∼ fs˜l(s) where
fx(s) =
1√
2piσ2x
e
−(s−µx)2
2σ2x ,
where µx and σx are the mean and the standard deviation
of the variable x. Note that the mean of the distribution of
each random variable (RV) (i.e., s˜l) depends on whether the
transmitted signal s˙[n] is non-negative or negative. Note also
that for simplicity of notation, we omit the index n in the rest
of the derivation.
Let us first assume that the transmitted signal s˙ is non-
negative. Then, the probability to obtain the correct value of p
is equivalent to correctly estimate the event 2s˜2 < s˜1, where
the random variables s˜1 and 2s˜2 have a mean value of s˙
and 0, respectively. Consequently, the conditional probability
p(2s˜2 < s˜1|s˜1 = s) = Φ(s/2σ2), where Φ(·) is the
cumulative probability distribution function of the standard
normal RV, is the probability of correctly obtaining p when the
observation value s˜1 takes the value s. Thus, the probability to
correctly obtain p when the transmitted signal is non-negative,
P +c (p), which equals the unconditional probability that 2s˜2
does not exceed s˜1, is, based on the law of total probability,
given by
P +c (p) =
∫ ∞
−∞
fs˜1(s)Φ
( s
2σ2
)
ds.
= Φ
( 2s1√
7σ2
)
.
Meanwhile, due to the detection process at the reciever, the
transmitted sample will be transformed to a new value at the
receiver, i.e., s∗, which its noise component can be calculated
by using
σ+c (s˙) =
∫ ∞
−∞
s2fs˜1(s)Φ
( s
2σ2
)
ds.
P +c (p)
−
(
µ+c (s˙)
)2
, (12)
where µ+c(s˙) can be found by
µ+c(s˙) =
∫ ∞
−∞
sfs˜1(s)Φ
( s
2σ2
)
ds.
P +c (p)
. (13)
The same methodology can be applied to derive the noise
component of the detected sample when the transmitted signal
is negative and the value of p is correctly detected, σ−c (s˙).
However, recall that in the case of transmitting a negative sam-
ple, the probability P−c (p) is equivalent to correctly estimate
the event (s˜1 − s˜2) < s˜2, where s˜1 − s˜2 and s˜2 have a mean
value 0 and s2 = s˙/
√
2, respectively. Note also that the re-
ceived sample is mapped to the signal (s˜1+ s˜2)/
√
2 according
to the detection rule in ??. Therefore, after some mathematical
manipulation, the value of σ−c (s˙) can be estimated by
σ−c (s˙) =
∫ ∞
−∞
2s2fs˜2(s)Φ
( s
σ
)
ds.
P +c (p)
−
(
µ−e (s˙)
)2
, (14)
where
µ−c (s˙) =
∫ ∞
−∞
−√2sfs˜2(s)Φ
( s
σ
)
ds.
P +c (p)
.
The variances in (12) and (14) are defined based on the
polarity of the variable s˙. Thus, the average of the variances
in (12) and (14) over the entire frame can be evaluated by
σc =
∫ ∞
0
σ+c (s˙)ds˙+
∫ 0
−∞
σ−c (s˙)ds˙.
Note that the noise components in (12) and (14) are trans-
formed into an AWGN due to the CLT and because of the flat
channel assumption.
Next, we need to obtain σ+(s˙) and µ+(s˙) as well as σ−(s˙)
and µ−(s˙) for the case that p is mis-detected. Obviously, the
probability of incorrectly detecting p when the transmitted
signal is non-negative and negative equals the conditional
probability p(2s˜2 > s˜1|s˜1 = s) and p((s˜1 − s˜2 > s˜2|s˜2 =
s), respectively. Consequently, the probability of incorrectly
detecting p when the transmitted signal is non-negative and
negative equals P +e (p) = 1−P +c (p) and P−e (p) = 1−P−c (p),
respectively. Therefore, the expressions in (12) and (13) can
be re-evaluated for the case when p is mis-detected as follows
σ+e(s˙) =
∫ ∞
−∞
2s2fs˜1(s)Q
( s
2σ2
)
ds.
P +e (p)
−
(
µ+c (s˙)
)2
. (15)
where Q(·) is the Q-function and
µ+e(s˙) =
∫ ∞
−∞
−√2sfs˜1(s)Q
( s
2σ2
)
ds.
P +e (p)
.
for the case when the transmitted signal is non-negative, s˙ ≥ 0.
Whereas when s˙ < 0 (14) and (15) can be re-expressed as
σ−e (s˙) =
∫ ∞
−∞
s2fs˜2(s)Q
( s
σ
)
ds.
P -e(p)
−
(
µ−e (s˙)
)2
, (16)
where
µ−e (s˙) =
∫ ∞
−∞
sfs˜2(s)Q
( s
σ
)
ds.
P -e(p)
.
Similar to (12) and (14), (15) and (16) are defined based on
the polarity of the variable s˙. Thus, the average of the variances
in (15) and (16) over the entire frame can be evaluated by
σe =
∫ ∞
0
σ+e(s˙)ds˙+
∫ 0
−∞
σ−e (s˙)ds˙.
We know from the Bussgang theorem that if P (x) is a
nonlinear transformation of a zero mean Gaussian RV x, then
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P (x) = ζx + z, where E[xz] = 0 and ζ is a constant.
Consequently, ζ and z can be evaluated for both correct and
incorrect cases by using
ζd =
E[s˙µd(s˙)]
σ2s˙
=
1
σ2s˙
(∫ ∞
0
s˙µ+d(s˙)fs˙(s)ds˙+
∫ 0
−∞
s˙µ−d (s˙)fs˙(s)ds˙
)
,
and
zd =
∫ ∞
0
(
µ+d(s˙)
)2
fs˙(s)ds˙+
∫ 0
−∞
(
µ−d (s˙)
)2
fs˙(s)ds˙− ζ2dσ2s˙ ,
where d = c and e for the cases of correct and incorrect
detection, respectively. Hence, the average of the gain factor
and the noise component, i.e. ζ¯ and z¯, respectively can be
calculated by using
ζ¯ = Pcζc + (1− Pc)ζe, (17)
and
z¯ = Pc(σc + zc) + (1− Pc)(σe + ze), (18)
where Pc is the average probability of correct detection that
can be estimated by
Pc =
∫ ∞
0
Φ
(√
4s˙2
7σ2
)
fs˙(s)ds˙+
∫ 0
−∞
Φ
(√
2s˙2
5σ2
)
fs˙(s)ds˙.
Finally, invoking (17) and (18) in the BER formula of the
M -QAM, the BER performance of our proposed scheme can
be expressed by
BERUOT = BERQAM
( ζ¯Eb,elec
z¯
)
. (19)
where BERQAM is the conventional BER expression of M -
QAM.
Figure 9 illustrates a comparison between the numerical
results of our derived BER expression provided in ?? and
Monte Carlo simulations for our proposed E-UOT transceiver
without negative clipping and different constellation sizes;
M = 16, 64 and 256. The figure clearly shows that the
simulations and analytical BER results are in-line with each
other, which validates the great accuracy of our derived BER
expression in ??.
The BER performance of the two different reception meth-
ods proposed in Section III-B is presented in Fig. 10. Contrary
to ACO-OFDM, Fig. 10 reveals that negative clipping prior to
the detection process does not enhance the BER performance
in our scheme. This can be attributed to the fact that in our
proposed scheme the received signal (and; thus, the channel
noise variance σ2) is split over two matched filters at the
receiver, such that it makes it better immune to noise. This
can be also explained by considering that though recovering
s∗(n) from s˜l (∀l ∈ L) requires additional polarity information
from p, and, thus, any incorrect sign flipped due to the noise
process will then lead to a corresponding error in s∗(n) as
well, this error propagation only occurs when the noise at the
output of the second matched filter, p¯2(t), is larger than the
signal at the output of the first matched filter, p¯1(t). Hence,
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Fig. 9. Comparison of the simulated (via Monte Carlo simulation) against the
theoretical (via ??) BER performance results of our proposed E-UOT scheme
without negative clipping for various constellation sizes.
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Fig. 10. Effects of noise clipping on the BER performance of our proposed
E-UOT scheme at the receiver for different constellation sizes.
errors are most likely to occur on those signal points with
relatively low power. Incorrect flipping of low-power signals
will only have a marginal effect on the results. On the other
hand, an incorrect flipping of a large-magnitude signal due to
a very large noise is highly unlikely [25]. Therefore, s∗(n) is
only likely to suffer from a small signal-to-noise ratio (SNR)
penalty, and thus the negative clipper at the receiver does not
improve the performance of the system as compared with the
conventional schemes such as ACO-OFDM.
V. NUMERICAL RESULTS AND ANALYSIS
In this section, we first present numerical case studies on
the error rate performance of our proposed scheme and discuss
its EE and SE in light of state-of-art schemes such as ACO-
OFDM and DCO-OFDM. Also, in order to get insight into the
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performance of our proposed UOT/E-UOT scheme, we then
discuss how the design of our scheme makes it efficient and
robust in terms of practical considerations in comparison with
the state-of-the-art. For ensuring a fair comparison between
the different schemes that are compared to one another in
this section, the SNR is defined as SNR= E[s2(t)]/σ2, in
accordance with [26]. Furthermore, since practical IFFT/FFT
sizes are greater than 64, in our simulations an IFFT/FFT size
of 512 is chosen. Also, note that in general a carrier prefix (CP)
is included in OFDM-based systems to combat inter-symbol
interference and ICI. However, in optical wireless systems the
CP is shown to have a negligible impact on the electrical SNR
requirement and SE [27]. Therefore, CP is not considered
in our simulations. Furthermore, recall that link parameters
such as the FOV, α, φ, φ1/2 and γ determine the optical path
gain coefficient, h, which is merely a factor in the detection
process, implying that a change in h would result in an equal
SNR penalty for all the considered schemes in this section.
Therefore, as in [1], we set h = 1 for simplicity.
A. EE and SE gains
Figure 11 assesses the BER performance of our proposed
E-UOT in comparison with the state of the art ACO-OFDM
scheme for different constellation sizes. Recall that, as previ-
ously mentioned the sampling time of E-UOT is twice as the
one of ACO-OFDM such that both schemes are compared on
equal ground in terms of SE. It can be observed in Fig. 11 that
our proposed E-UOT scheme exhibits a very significant BER
performance improvement as compared to ACO-OFDM. For
instance, at a target BER performance of 10−4, our proposed
UOT scheme enhances the EE performance by almost 3 dB as
compared to ACO-OFDM for M = 16, and this gain further
increases as the constellation size, M , increases, i.e. a gain
of 5 dB is achieved at a BER of 10−4 for M = 1024. This
large performance gain is due to the fact that our proposed
UOT scheme completely avoids clipping the negative samples
0 5 10 15 20 25 3010
−4
10−3
10−2
10−1
100
E b/No
B
E
R
M = 16
M = 64
M = 256
M = 1024
E -UOT
ACO-OFDM
Fig. 11. BER performance comparison of our proposed E-UOT scheme
against ACO-OFDM for different constellation sizes.
(i.e., our proposed scheme exhibits no clipping noise on even
sub-carriers ); in turn, this implies a 3 dB enhancement at
high Eb/N0 in comparison with schemes using clipping like
ACO-OFDM. Furthermore, the second step of our proposed
detection method in (10) discards the second observation s˜2(n)
for detecting the positive signal, which is only a noise com-
ponent, and divides the noise component by
√
2 for detecting
the negative signal ; in turn, this improves the detection of the
amplitude value of the recovered sample, and thus enhances
the BER performance of our proposed E-UOT scheme over
the conventional detection scheme in ACO-OFDM, as it is
confirmed in Fig. 11.
In Fig. 12, our proposed scheme is compared against the
state of the art DCO-OFDM for different constellation sizes. It
should be noted here that in order to circumvent the very high
PAPR characteristic of the OFDM signal in DCO-OFDM, the
DC shift is not necessarily evaluated based on the minimum
peak of the transmitted signal for each constellation size;
instead, it is first estimated based on simulations, it is then
applied to the DCO-OFDM signal, and finally the remaining
negative parts of the signals are clipped (after the DC-shift
is applied) [12]. According to [12], the optimal DC shift
values for constellation sizes M = [16, 64, 256, 1024] are
[7, 9.5, 11, 13], respectively, in DCO-OFDM. Consequently,
as in [12], we have used these values for simulating the
BER performance of DCO-OFDM in Fig. 12. This figure
illustrates that our proposed scheme can improve the EE by
more than 2 dB at a BER of 10−4 in comparison to DCO-
OFDM (when considering the same SE for both scheme); this
can be observed by comparing the result of our proposed
E-UOT scheme for M = 256 against the result of DCO-
OFDM for M = 16. It is intuitively clear that DCO-OFDM
scheme has a SE of ηDC = log2M/2 for a given constellation
size M , whereas E-UOT has the SE as ACO-OFDM, i.e.
ηAC = log2M/4, such that E-UOT with a constellation
size M2 is equivalent to DCO-OFDM with a constellation
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Fig. 12. BER performance comparison of our proposed E-UOT scheme
against DCO-OFDM for different constellation sizes.
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size of M in terms of SE. Indeed, E-UOT with M = 256
(i.e. ηE−UOT = log2M/4 = 2 bits/s/Hz when M = 256)
produces the same SE as DCO-OFDM with M = 16 (i.e.,
ηDC = log2M/2 = 2 bits/s/Hz when M = 16). The gain of
our scheme over DCO-OFDM can be explained by noticing
that our scheme electrical SNR is similar to that of a bipolar
OFDM signal, which is unlike ACO-OFDM. Whereas DCO-
OFDM electrical SNR is 6-7 dB worst that of a bipolar
OFDM signal for a 4-QAM and this SNR loss dramatically
increases with the modulation order M . Consequently, our
proposed scheme performs better than DCO-OFDM (as shown
in Fig. 12) for constellation sizes higher than M = 4, which
is unlike ACO-OFDM.
B. Practical issues
1) Optical power: The probability density function (PDF)
distribution of the digital samples s˙(n) in our proposed
UOT scheme is half normal-distribution, and, hence, can be
expressed by [19]
fs(n)(s) =
√
2
σs˙(n)
√
pi
exp
( −s2
2σ2s˙(n)
)
u(s). (20)
such that s˙(n) has an average optical transmitted power that
is equal to
E[s(n)] =
∫ ∞
−∞
sfs(n)(s)ds =
√
2
pi
σs˙(n). (21)
However, extending the sampling time to 2Ts reduces Po in
(21) by 1/
√
2 such that the average transmitted optical power
of our E-UOT scheme is 40% higher than that in ACO-OFDM.
2) PAPR: The multi-carrier time-domain OFDM signal, as
previously mentioned, is the result of the addition of a large
number of sub-carriers, and, in turn it exhibits an inherently
high PAPR. In VLC, LEDs have a limited operating voltage
range and the voltage-current characteristic shows a nonlinear
behavior. Thus, when an OFDM signal is used to intensity
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Fig. 13. PAPR comparison between our proposed E-UOT scheme and ACO-
OFDM for the same data information.
modulate LEDs, the high PAPR of the OFDM signal causes
LED chip overheating and nonlinear distortions. Therefore, the
PAPR of the output signal plays a vital role in determining the
overall system practical performance and is considered as an
essential performance metric.
The PAPR is defined as the ratio of peak signal power to
average signal power. For OFDM-based systems, the PAPR
is computed per OFDM frame and it is usually assessed in
terms of the complimentary cumulative distribution function
(CCDF), which is the probability that the PAPR exceeds a
certain value x, where the CCDF= 1−P (PAPR ≤ x), and the
PAPR of the continuous time output OFDM signal in decibels
can be calculated by
PAPR = 10 log10
max[s2(t)]
E[s2(t)]
(22)
Using this metric, we assess, in Fig. 13, the PAPR performance
of our E-UOT scheme against ACO-OFDM as a function of
the threshold x. Results show that the PAPR performance
of our proposed E-UOT scheme is similar to that of ACO-
OFDM. This can be explained by considering that the PAPR
of ACO-OFDM is twice as the one for AO-OFDM. Indeed,
in ACO-OFDM, the clipping of (on average) half the samples
reduces the average energy of the signal, i.e. E[s(t)2], by half
compared to AO-OFDM; whereas max[s(t)2] remains similar.
Hence, based on (22), these PAPRs differ by a factor of two.
Meanwhile, the PAPR of our E-UOT scheme is also twice as
the one of AO-OFDM and, thus, similar to ACO-OFDM; the
PAPR of the signal being inversely proportional to the duty
cycle of the transmitting pulse, which in our proposed scheme
is (Ts/2)/Ts = 0.5, implies that the PAPR of our E-UOT
scheme is also twice that of AO-OFDM.
3) Complexity: In terms of implementation complexity, our
proposed E-UOT scheme employs at the transmitter side a
simple sample and hold technique, which varies depending on
the polarity of the transmitted signal. Whereas at the receiver
side, it requires an additional filter to detect the polarity of the
transmitted signal, in comparison with ACO-OFDM. However,
in terms of CC, though our proposed scheme needs to recover
two samples per transmitted waveform to decode each one of
them, it requires a total of N samples to recover the entire AO-
OFDM frame, which is similar to ACO-OFDM. Obviously, the
number of FFT/IFFT operations in both of the schemes is the
same, and thus in the CC is similar for both schemes; E-UOT
and ACO-OFDM. Note that the additional step in (11) that
recovers the polarity in our proposed E-UOT scheme has a
complexity of one real addition, and; thus, it has a negligible
effect on the CC.
4) Timing Jitter: Given that our proposed scheme detector
employs two detection stages to estimate any transmitted sym-
bol, it is relevant to investigate under which circumstances the
system performance can be limited by the inherent timing jitter
error. The first detection stage estimates the polarity of the
transmitted signals, whereas the second stage determines the
amplitude of the symbol based on the previous stage. However,
the first stage relies on OWs, which is known to have a chal-
lenging autocorrelation characteristic; i.e., OWs exhibits time-
sensitivity to receiver synchronization and clock sampling
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Fig. 14. Effect of the timing jitter on our proposed E-UOT transceiver BER
performance for a constellation size M = 16.
jitters. Adversely, in practical systems, the estimated sampling
clock times at the receiver deviates from the ideal sampling
time, which usually referred to as timing jitter, and causes BER
performance losses. Figure 14 depicts the impact of timing
jitter on the BER performance of our proposed scheme for
different timing jitter; ε = 0s, 0.01s, 0.03s . . . , .23s, where the
jitter error is modeled as a positive and uniformly distributed
random timing jitter in the range of [0; ε] as in [28], for an M -
QAM constellation. Clearly, the presence of synchronization
jitter causes the matched filter to sample the received signal,
not at the sampling instant t = Tc, but at random samples in its
vicinity, altering the detected two parts of s and degrading the
BER performance of the system. It can be observed in Fig. 14
theat the timing jitter has a little effect on the preformance
(less than 1 dB) for timing offsets of less than 0.07. However,
for higher timing offsets, an additional power is required to
achieve specific BERs and this power increases exponentially
as the timing jitter increases. But note that the jitter noise
plateau level of our proposed scheme occurs when ε = 0.23
which indicates that our proposed E-UOT transceiver is a jitter-
robust transceiver unlike OT schemes in the literature such as
multilevel pulse position modulation [29].
VI. CONCLUSION
This paper perceives an application of OWs to mitigate
a major technical limitation in VLC systems, which is uni-
polarity of the transmit signal carrier in IM/DD channels. The
scheme is unipolar, and it encrypts the polarity of the bipolar
symbol into the amplitudes and indices of the transmitted
2D OW, which is in a clear contrast to what is proposed
in the literature. An analytical derivation of the BER for
our proposed scheme is presented, and it proves to closely
match the Monte Carlo BER simulation. Simulations show
that substantial performance gains can be achieved by our
proposed scheme concerning energy savings compared with
its existing counterparts at no expense in terms of SE, PAPR
and complexity. The proposed scheme is also shown to be
robust against timing jitter error and noise, which is unlike
existing VLC systems.
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Abstract—This paper proposes a novel energy efficient
transceiver scheme for visible light communication (VLC) sys-
tems based on 3D-orthogonal transmission (3D-OT). Our pro-
posed technique is designed to minimize the direct current
shift that is required for transmitting VLC signals by smartly
redesigning the transmit two-dimensional (2D) signal constella-
tion. Simplified de-mapping approach with optimal error-rate
performance is also introduced. The performance of our proposed
3D-OT scheme has been theoretically analyzed and it matches
simulation results. The findings show that our scheme could
enhance the energy efficiency of its existing counterparts in
VLC schemes, for instance, it could achieve energy and spectral
efficiency improvements by 11% and 3 dB, respectively, against
the state of the art technique carrierless amplitude and phase
modulation (CAP)
Index Terms—visible light communication, modified Hermite
waveform, coherent transmission.
I. INTRODUCTION
In visible light communication (VLC), the signal is usually
intensity modulated such that the electrical sub-carrier signal
modulating the light emitting diode (LED) must be non-
negative. Thus, the error performance of any signal constella-
tion for VLC systems is not only governed by the minimum
distance between the possible signal points (as in classic radio
frequency (RF)-based systems), but it also depends on the
level of direct current (DC) that is required to ensure the
non-negativity of the transmitted electrical signal [1]. On the
other hand, the applied DC must be adjusted according to the
transmitting LED’s manufacturer data sheet to ensure that its
chip does not overheat, in order to avoid degradation in output
light or, in the worst case scenario, total failure. Therefore,
schemes such as pulse amplitude modulation (PAM), which
traditionally has bipolar amplitudes (voltage levels) in RF-
based systems, is modified to have unipolar level amplitudes
in VLC-based systems, which helps to minimize the required
DC-shift after pulse shaping [2]. However, in the case of sig-
nals based on traditional two-dimensional signal constellations
(2DSCs), such as in CAP [3] and P-orthogonal transmission
(OT) [4], the current focus in VLC is to simply convert
them into unipolar signals by using sufficient DC bias without
modifying the 2DSC constellation itself [3].
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In this paper, unlike CAP and P-OT, we propose to reduce
the DC shift of the VLC transmit signal by designing VLC sig-
nals based on three-dimensional signal constellations (3DSCs)
instead of 2DSCs. The third dimension, which obviously
allows for more flexibility in the design of VLC signals, is
utilized to convey the polarity of the elements of the two
other dimensions. This approach, which we refer to as 3D-
orthogonal transmission (3D-OT), helps to avoid transmitting
most of the negative elements of a 2DSC, which are the ones
driving up the value of the DC shift after pulse shaping;
hence, it could achieve transmission of 2D symbols (e.g.
quadrature amplitude modulation (QAM) symbols) in a more
energy efficieny manner (i.e., by reducing the DC shift). This
approach goes beyond our previous work related to P-OT
in [4] by further reducing the DC shift by 20% as well as
improving the spectral efficiency (SE) in comparison to P-
OT, CAP and PAM.
The rest of the paper is organized as follows. In Section II,
our proposed transmission scheme is introduced. In Section III,
results are presented. Finally, Section IV concludes the paper.
II. SYSTEM MODEL
In this section, we describe our proposed 3D-OT scheme
that relies on a set of three orthogonal waveforms (OWs).
These waveforms can for instance be modified Hermite wave-
forms (MHWs) or prolate spheroidal waveforms since they are
known to be efficient OWs for VLC systems [4]–[6]. In this
paper, we rely on MHWs for their ease of implementation;
digital filters based on MHWs only require adders and delay,
morevover, they have shorter lenghts than raised cosine filters
[7], [8].
The MHWs are generated based on a Hermite polynomial
and a Gaussian window such that
hw(t) =
√
µw
w!εTs
√
2pi
e
−t2
4(εTs)2 hew(t),
where µw is the energy of the pulse of order w ∈ W =
{0, 1, 2, . . . ,W} and −∞ < t < ∞. In addition, the Hermi-
tian polynomial hew(t) is defined as [7]
hew(t) = (−εTs)w e
t2
2(εTs)2
dw
dtw
e
−t2
2(εTs)2 ,
where Ts is the pulse duration and the normalization factor
ε =
√
0.01 ensures that 99% of the energy is contained within
Ts, as it is shown in [4, Fig.2] .
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Fig. 1. Block Diagram of our proposed 3D-OT transmitter.
A. Transmitter Process
Our proposed scheme aims at minimizing the DC shift
applied to the electrical-sub-carrier se(t) = sm(t) + c, where
c = [maxm[maxt[−sm(t)]]]+ is the DC-shift and [.]+ refers
to max{., 0}. Also, sm(t) is the analog signal associated with
each constellation point sm, m ∈ M = {1, 2, 3 . . . ,M}
and M is the constellation size. The points of our signal
constellation, sm, belong to a three-dimensional (3D)-vector
space, i.e., sm ∈ R3. Each element of sm is obtained by
mapping the 2D elements s¨m, i.e. s¨m ∈ R2, which belong to a
conventional 2DSC (e.g., QAM), to the new 3D constellation
points sm ∈ R3. The first two elements sm,1 and sm,2 of sm
correspond to the two elements of s¨m (i.e., [s¨m,1, s¨m,2]) and
the third element sm,3 conveys the polarity of s¨m. Accordingly,
the first two elements of sm are obtained as
s¨m,1 ≥ 0⇒ sm,l = s¨m,l,∀l ∈ {1, 2};
s¨m,1 < 0⇒ sm,l = -s¨m,l,∀l ∈ {1, 2}.
Whereas the third component of sm, i.e., sm,3 ∈ {0, 1},
encapsulates the polarity of s¨m,1; i.e., if s¨m,1 < 0 then
sm,3 = 1, or 0 otherwise. The benefit of this new 3D mapping
for reducing the DC-shift can be explained by recalling the
constellation points of a conventional 2DSC such as a M = 4
QAM, as follows
S =
[
1 1 -1 -1
1 -1 -1 1
]T
,
where .T refers to the matrix transpose operator. It is antici-
pated that constellation points similar to s3 = [−1− 1] would
require the highest DC shift in the constellation since they in-
clude two negative elements concurrently i.e. s¨3,1, s¨3,2 ∈ R<0.
In our proposed constellation, only one element (out of the
three) could be negative since sm,1 and sm,3 are always non-
negative and, thus, it helps to reduce the amplitude of the
negative peaks (of the analog electrical signals) associated
with the 2DSCs, thereby, minimizing the required DC-shift
after pulse shaping. Subsequently, each of the discrete values
sm,l, ∀l ∈ L = {1, 2, 3}, is transmitted by using a different
OW as shown in Fig. 1. The selection of the OWs ensuring
the uni-polarity of the optical channel is an essential factor
with regards to system performance. This stems from the fact
that the amplitude of the lowest negative peak of the analog
signal related to sm (that need to be compensated by a DC
bias) also depend on the envelope of the utilized waveforms
for transmitting sm (∀m ∈ M). Thus, the design of the
optimal set of OW that minimizes the DC value is equivalent
to determining the best subset of three OWs among a larger set
of OWs that minimizes the required DC bias, where p = pn(t)
(∀n ∈ N = {1, ·, N}), is the considered set of N pulses; this
yields the following combinatorial optimization problem
(n1, n2, n3) = arg max∀n∈N
[
max
∀m∈M
−cm,nˇ1,nˇ2,nˇ3
]+
,
s.t. nˇ1 6= nˇ2 6= nˇ3,
max ηε,nˇ
(1)
where cm,nˇ1,nˇ2,nˇ3 = mint
∑3
l=1 sm,lpnˇl(t), is the value of
the minimum peak related to the analog signal when the
combination of pulses pnˇl(t) ∈ p (∀l ∈ L) are used to transmit
sm,l (∀l ∈ L), which is evaluated for the different combi-
nations of pnˇl(t) (∀l ∈ L) ∈ p. In addition, the constraint
nˇ1 6= nˇ2 6= nˇ3 ensures that each sm,l (∀l ∈ L) is transmitted
over a different dimension. Also, the condition max ηε,nˆ,
where nˆ = max[nˇ1, nˇ2, nˇ3] ensures that the selected shapes
entail the highest SE, where ηε,nˆ = 1/(Bε,nˆTs) and Bε,nˆ
is defined as the fractional energy bandwidth (FEB) of the
pulse thaving the highest order amongst the three pulses pnˇl
(∀l ∈ L), i.e., Bε,nˆ satisfies the following condition [6], [8]:∫ Bε,nˆ
−Bε,nˆ
|pnˆ(f)|2
[ ∫ ∞
−∞
|pnˆ(f)|2
]−1
= 1− ε2. (2)
where pnˆ(f) is the continuous time Fourier transform of pnˆ(t).
Note that the highest order pulse has the largest FEB (see [8,
Fig 2.4]). Hence, its FEB i.e. Bε,nˆ reasonably defines the sys-
tem bandwidth (BW) and SE ηε,nˆ. Furthermore, pnl(t) (∀l ∈
L) are the selected waveforms for our proposed 3D-orthogonal
transmission (OT) and c = [max∀m−cm,n1,n2,n3 ]+ is the
optimal DC shift. The optimization problem in (1) is NP-
hard and, hence, the optimal values of nˇ1, nˇ2 and nˇ3 can
be obtained through exhaustive search for low to medium
values of N and M . For instance, in the case that p is a
set of 10 MHWs, i.e. N = 10, and sm belongs to a M -QAM
constellation (with M = 4, 16 and 64), we found that the
values n1, n2 and n3 optimizing c are 1, 2 and 3, respectively.
B. Receiver Process
When the analog signal associated with sm is transmitted
over an additive white Gaussian noise (AWGN) channel with
zero mean and variance σ2n i.e. N (0, σ2n), the received ob-
servation at the lth unit-energy matched filter pl(Ts − t), is
sˆl = sl + nl at t = Ts. Here, each noise component nl,
(∀l ∈ L), is assumed to be an independent and identically
distributed (i.i.d) AWGN random variable (RV) with zero
mean and variance σ2l i.e. N (0, σ2l ), where σ2l = E[(sm,l)2]σ2n
and E[·] stands for the expectation parameter [9]. Then, the
receiver performs a successive maximum likelihood detection
(SMLD) to retrieve sm; the detector first estimates the ampli-
tudes of the two first elements of the transmitted symbol, i.e.,
s˙m = [sm,1sm,2]; it then detects the amplitude of the third
element sm,3 to determine the polarity of s¨m,1. The former
step can be done by using a maximum likelihood detector
f(s) : sˆs = [sˆ1, sˆ2] 7→ s˙m ∈ S such that
s¯ = min
∀s˙m∈S
‖sˆs − s˙m‖2, (3)
3where S = {s˙m}(M/2)m=1 is the constellation of s˙m. Then the
polarity of s¯ is acquired by using a threshold detector i.e.
s∗ =
{
s¯, if sˆ3 < E[(sm,3)2]/2;
−s¯, otherwise.
C. SER performance Analysis
The symbol error rate (SER) probability of a transmitted
symbol sm for both the joint maximum likelihood detection
(JMLD) and SMLD detections is given by
Proposition 1: Assuming that the symbols of a given 2D
constellation are equiprobable, the pairwise error probability
of sm can be expressed as SER =
M/2∑
m=1
2
M
(
1− Q
(− sm,3σ3 )
2pi
2∏
l=1
(∫
As˙m,l
e
σ2l
(x−s˙m,l)2
2σ2l dx.
))
,
(4)
where Q(d) =
1√
2pi
∫∞
d
e−g
2/2dg and As˙m,l stands for the
ranges yielding the correct decision of s˙m,l which can be
determined as it is conventionally done in the literature [9].
Proof: please refer to Appendix A
III. SIMULATION AND INSIGHTS
In this section, link level simulations have been performed
to showcase the benefits of our proposed 3D-OT scheme in
comparison with existing relevant schemes, when considering
M -QAM constellations. In our simulations, the average power
of the symbols of the M -QAM constellations is normalized to
unit-energy and the signal-to-noise ratio (SNR) is defined as
SNR= (E[s2m(t)]+c2)/σ2n, in accordance with [10], to ensure
a fair comparison between the different schemes.
In Fig. 2, we discuss the bit error rate (BER) performance of
our proposed 3D-OT in conjunction with our proposed SMLD
reception method (3D-OTS) and the classical JMLD method
(3D-OTJ); such that the latter provide benchmark results for
the former. Note that JMLD is a straightforward solution to
find the symbol index m that achieves
m¯ = arg min
∀m∈M
‖sˆj − sm‖2, (5)
where ‖·‖ denotes the Euclidean norm and sˆj = [sˆ1, sˆ2, sˆ3].
In addition, m¯ is the detected symbol index i.e. s = s¨m=m¯.
As it can be observed in Fig. 2, the SER performances of the
JMLD and SMLD detectors are similar. This can be attributed
to the fact that the variables sˆ1, sˆ2 and sˆ3 are assumed to be
statically independent, and, in turn, it is intuitively clear that
both detectors are expected to perfrom in a similar manner in
terms of error performance. However, from a computational
point of view, the SMLD method is less demanding than the
JMLD method in (5). Indeed, the search space of JMLD is
M symbols according to (5). Wherease the SMLD method
consists of a first stage that has a search space of M/2
symbols in (3) and a second stage that has a complexity of
one real addition. Thus, if the computational complexity (CC)
of a maximum likelihood detector f(x) : y 7→ xˆ ∈ X is
defined by C = xLX , where X is the size of the search
space X, and x is the number of linear operations per element
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Fig. 2. Performance comparison between the simulated results and analytical
(in Proposition 1) SER results of our 3D-OT scheme in conjunction with the
SMLD and JMLD methods for different constellation sizes and no DC-shift
(i.e., c=0).
in the L-length vector space xˆ [11]; then the CC of JMLD
and SMLD are C = 3xM and C = xM , respectively,
since L = 3 and X = M for JMLD, while L = 2 and
X = M/2 for SMLD. Hence, SMLD can achieve the same
SER performance as JMLD, as shown in Fig. 2, but with
only one third of the complexity. Also, Fig. 2 illustrates the
simulated and analytical SER performances of our proposed
3D-OT scheme for different constellation sizes and no DC-
shift (i.e. c = 0). As it can be seen from Fig. 2, the simulations
and analytical SER results are tightly matching each others,
which graphically validates the accuracy of our derived SER
expression in proposition 1.
In Fig. 3, the BER performance of our proposed 3D-OT
is compared against PAM, CAP and the proposed schemes
of P-OT [4]. Notice here that it was found by using Mat-
lab simulations that the SEs of 2-OT and 4-OT (in [4]),
CAP using a raised cosine filter with β = 0.25 (in [3]),
and our 3D-OT scheme using MHWs are 0.5538 log2M
bit/s/Hz, 0.2578 log2M bit/s/Hz, 0.45 log2M bits/s/Hz and
0.398 log2M bits/s/Hz, respectively. Now, it can be seen from
Fig. 3 that our proposed transceiver exhibits an energy effi-
ciency (EE) performance improvement over PAM, CAP and 2-
OT of [4] for all constellation sizes. Also, as depicted in Fig. 3
our proposed 3D-OT scheme provides a ≈39% improvement
in terms of achieved SE in comparison to PAM (from 1.8
bits/s/Hz for M -PAM to 2.4 bits/s/Hz for 3D-OT scheme).
This is demonstrated by the graphical overlap between the
BER curves of our 3D-OT scheme for M = 64 and 4-PAM.
Also note that our 3D-OT can improve the the achieved SE by
≈ 11% in comparison with CAP (from 1.8 bits/s/Hz for CAP
to 2 bits/s/Hz for 3D-OT) and the EE by almost 3 dB. Those
improvements in the SE and EE can be seen by comparing
the BER curve of CAP with M = 16 against the one of
3D-OT with M = 32. In comparison to the proposed P-OT
schemes of [4], i.e., 2-OT and 4-OT, our proposed 3D-OT can
improve the SE by 9% and 55% in comparison with 2-OT and
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Fig. 3. BER performance comparison of our 3D-OT scheme against 2-OT,
4-OT, PAM and CAP for different constellation sizes and when considering
each scheme optimal DC-shift value, i.e. c.
4-OT, respectively. This can be seen by comparing the BER
curves of 2-OT for M = 16 and 4-OT for M = 64 against
the one of 3D-OT for M = 64. This significant improvement
can be explained by considering Fig. 4, which illustrates the
transmitting waveforms associated with our proposed 3D-OT
scheme. As it can be seen from Fig. 4, the associated optimal
biasing value c = [max∀m−cm,1,2,3]+ of our proposed 3D-
OT when M = 4 is c ≈ 0.4. Thus, it can be seen by comparing
Fig. 4 and Fig.3 and Fig.4 of [4], which illustrate waveforms
designed based on the baseline 2DSC for M = 4, that our
3D-OT optimal DC-shift (c ≈ 0.4) is lower than that of the
2-OT and 4-OT schemes in [4] i.e., c = 1.7 and c = 0.5,
respectively. This represents a 76% and 20% reduction in the
required DC-shift when compared to the two P-OT schemes
of [4]. On the other hand, the CAP optimal value of c was
found to be c ≈ 1.6 for M = 4 by using Matlab simulations,
when raised cosine pulses are utilized with a roll off factor
β = 0.25, implying that our 3D-OT scheme can reduce the
required DC-shift by 75% (i.e. from c ≈ 1.6 to c ≈ 0.4) when
compared with CAP. Thus, this reduction in the DC-shift in
our proposed 3D-OT in comparison to the rest of the schemes
helps to achieve considerable EE and error rate performance
improvement over the other schemes as demonstrated in Fig. 3
IV. CONCLUSION
This paper uses a three-dimensional signal space to enhance
the energy efficiency (reducing the DC component) of 2D
signaling transmission schemes in VLC. The derived analytical
SER formula and the simulated results of our proposed 3D-
OT scheme are shown to be perfectly matching. Furthermore,
to assess the superiority of our proposed 3D-OT scheme over
existing VLC transmission schemes, such as the 4-OT scheme,
results from link level simulations revealed that our scheme
could achieve better performance gains in terms of energy and
spectral efficiency as compared with the 4-OT scheme of [4].
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APPENDIX
A. Proof for Proposition 1
The pairwise error probability of detecting the symbol sm´
given that the symbol sm was transmitted can be obtained by
Pr(sm → sm´6=m) =
M/2∑
m=1
Pr(s˙m)
(
1− Pr(s˙m → s˙m´=m)Pr(sm,3 → sm´=m,3)
)
(6)
where (6) is due to the assumption that the elements nl
(∀l ∈ L) are i.i.d and Pr(s˙m) indicates the probability of the
mth symbol s˙ which is equal to 2/M for equiprobable symbols
Sm. In addition, Pr(s˙m → s˙m´=m) and Pr(sm´=m,3 → sm,3)
are the probabilities to correctly decode s˙m and sm,3, respec-
tively. Obviously, Pr(s˙m → s˙m´=m) is the joint probability
of correctly detecting Pr(s˙m,1 → s˙m´=m,1) and Pr(s˙m,2 →
s˙m´=m,2), thus, when assuming an AWGN channel, the prob-
ability of Pr(s˙m → s˙m´=m) can be expressed by
Pr(s˙m → s˙m´=m) =
2∏
l=1
1√
2piσ2l
∫
As˙m,l
e
(x−s˙m,l)2
2σ2l dx, (7)
where As˙m,l stands for the ranges yield the correct decision of
s˙m and σ2l = E[(sm,l)2]σ2n. Obviously, Pr(sm´=m,3 → sm,3)
corresponds to an on-off Keying (OOK) signal and thus the
probability of correctly detecting sm,3 can be calculated by
Pr(sm´=m,3 → sm,3) = Q
(
−sm,3
σ3
)
(8)
where Q(z) =
1√
2piσ
∫∞
z
e−a
2/2da. Substituting (8) and (7)
in (6), the SER introduced in proposition 1 is then obtained.
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Abstract—The spatially-incoherent radiators in visible light
communication (VLC) constrain the optical carrier to be only
driven by a real electrical sub-carrier, which cannot be quadra-
ture modulated as in classic RF-based systems. This restriction,
in turn, severely limits the transmission throughput of VLC
systems. To overcome this technical challenge, we propose a
novel orthogonal transmission scheme for VLC, in which the
optical carrier is only treated as a purely amplitude-modulated
carrier capable of transmitting two-dimensional (2D) symbols
(e.g. quadrature amplitude modulated symbols). The ability of
our new orthogonal transmission scheme to transmit 2D symbols
is validated through analytical symbol error rate derivation and
Matlab simulations. Results show that our scheme can improve
the energy efficiency of VLC systems; i.e., by achieving more
than 45% energy efficiency improvement, when compared to its
existing counterparts.
Index Terms—Visible light communications, intensity modu-
lated direct detection, coherent transmission.
I. INTRODUCTION
The most common light emitting diodes (LEDs) utilized
as front-end devices in visible light communication (VLC)
exhibit low-rise time and spatially-incoherent illumination; the
former limits the modulation bandwidth (BW) to few MHz,
whereas the latter limits the choice of possible modulation
to the spectrally-inefficient intensity modulation technique.
The limitation of only using incoherent modulation schemes
introduces a new challenge when compared to classical wire-
less systems such as radio frequency (RF). This problem
is identified as a major bottleneck in the literature since
the limited modulation BW of LEDs drastically reduces the
transmission capacity, especially in multicarrier transmission
scenarios [1]. Indeed, direct-current-orthogonal frequency di-
vision multiplexing (DC-OFDM), which is the most spectrally
efficient (SE) scheme for multicarrier transmission in VLC
systems, produces a real signal in the time domain by relying,
in the frequency domain, on the Hermitian-symmetry tech-
nique which reduces the SE by a factor of two [1], [2].
In this paper, a novel orthogonal transmission technique1 is
proposed based on orthonormal pulse shapes (OPS). Thereby,
as in classic RF systems, the proposed scheme achieves the
conventional orthogonality as with sinusoidal carriers, but
without the need for phase or frequency recovery of the electri-
cal sub-carrier at the receiver, which is particularly beneficial
for VLC systems. Furthermore, intensity-modulated signal in
1The scheme is initially introduced in [3]
VLC must be real-positive. This constraint is addreseed in this
paper by proposing two design criteria for efficiently selecting
the set of OPSs that optimize the energy efficiency (EE) of
the electrical sub-carrier. In turn, the required direct current
(DC) that ensures the non-negativity of the electrical sub-
carrier waveform is minimized. Thanks to these criteria, our
proposed transmission is shown to improve the EE by more
than 19 dB and 10 dB when compared to pulse amplitude
modulation (PAM) and DC-OFDM scheme, respectively.
The paper is organized as follows; in Sections II and III,
an overview of OPSs is presented and the system model of
our novel scheme is introduced, respectively. Following that,
the symbol error rate (SER) of our proposed scheme is first
derived and then discussed in Section IV. Section V provides
simulation results, and Section VI concludes the paper.
II. ORTHOGONAL PULSE SHAPES
OPSs are based on orthogonal waveforms that have been
considered for a wide range of applications in wireless com-
munication [4]. An example of OPS set is the set of modified
Hermite pulsess (MHPs), which has been utilized for VLC
systems [5], [6]. MHPs are quite easy to implement; i.e., their
digital circuitry only requires adder and delay circuits and,
hence, do not rely on any coefficient multiplier circuits [5], [6].
The orthonormal MHP hw(t) of order w can be formulated
as in [7]
hw(t) =
√
Ew
ζTsw!
√
2pi
e
−t2
4(ζTs)2 hˆw(t) t ∈ R, (1)
where hˆw(t) are Hermitian polynomials , such that [7]
hˆw(t) = (−ζTs)w e
t2
2(ζTs)2
dw
dtw
e
−t2
2(ζTs)2 . (2)
In (2), ζ =
√
0.01 is the normalization coefficient ensuring
that 99% of the pulse energy Ew is contained in the range
[−0.5Ts , 0.5Ts] of the pulse duration Ts. Figure 1 shows the
time domain representation of the lower order unit-energy (i.e.,
Ew = 1) MHPs w = 0, 1, 2, 3 and 4 when Ts = 1s. It can be
seen from Fig. 1 that this set of waveforms have roughly the
same time duration. Thus, given the practical aspect of MHPs,
without loss of generality, we utilize these waveforms in this
paper for implementing our novel VLC transmission scheme.
More specifically, we consider the set h(t) = {hw(t)}4w=0,
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Fig. 1. Time response of the unit-energy MHPs for different orders
since the higher order MHPs exhibit longer pulse duration
compared to the lower order MHPs, as it is discussed in [4].
III. SYSTEM MODEL
A. Transmitter design
As shown in Fig. 2, contrary to classic RF systems, where
cosine and sine waveforms are utilized to transmit symbols
belonging to a 2-dimensional constellation (2DC) , we design
our VLC transmit signal by using time-limited waveforms
(e.g. pulses), which do not carry any phase information.
More specifically, our VLC transmit signal is generated by
using several waveforms belonging to a basis of orthonormal
waveforms, thus, we refer this approach as P-orthogonal
transmission (OT), where P is the number of transmitting
waveforms. Therefore, our VLC transmit signal can be for-
mulated by
s˙m(t) = s¨mAmp(t), (3)
where p(t) = [p1(t), p2(t), . . . , pI(t)]T is an orthonormal
basis of the N -waveform/signal space SN , where .T refers
to the matrix transpose operator. In addition, Am is a 2×N
waveform selector matrix and s¨m = [s¨m,1, s¨m,2] is a symbol
(where s¨m,1 and s¨m,2 are transmitted over the equivalent of
the in-phase and quadrature dimensions in RF, respectively)
belonging to a given 2DC S, such that m ∈M = {1, 2, ...,M}
with M being the constellation size. Subsequently, the signal
sm(t) is amplitude-shifted (if necessary) by employing a DC
bias, c, to ensure that it is both positive and unipolar. Assuming
a linear relationship between the LED’s output optical power
and the input drive current, the m-th transmitted optical signal
can then be formulated as
sm(t) = s˙m(t) + c. (4)
As it is well-known in intensity modulation/direct detection
systems such as VLC, the DC shift has to be within certain
limitations for safety and power-consumption reasons [8].
Hence, in the following, we propose criteria for reducing the
DC shift by designing Am in an efficient manner.
B. DC-shift reduction
Based on equation (3), s˙m(t) is a weighted sum (linear
combination) of the waveforms pn(t), such that by changing
the values of the elements of Am, i.e., am,l,n, we can change
the shape/amplitude of the transmitted signal s˙m(t). In turn,
this has an impact on the minimum value of c that is required
to ensure the uni-polarity of sm(t) in (4). Without loss of
generality, and for ease of introduction, we consider here
that only one pulse is utilized for transmitting s¨m,1 or s¨m,2,
∀m ∈ M, such that ∑Nn=1 |am,l,n| = 1, ∀m ∈ M and
l ∈ L = {1, 2}. Moreover, to take full advantage of the wave-
forms orthogonality for simplifying the detection, the pulses
that are used for transmitting s¨m,1 and s¨m,2 must be different,
such that if |am,l,n| = 1 then ai,l¯,n = 0, ∀m ∈ M, i ∈ M,
m 6= i and n ∈ N = {1, 2, . . . , N}. In addition, l¯ is the
complement of l, i.e., l¯ = 3 − l, ∀l ∈ L = {1, 2}. Based
on these constraints, different approaches can be utilized for
reducing the DC-shift c through the optimization of Am.
1) Optimization criterion 1: A simple approach for design-
ing Am (∀m ∈ M) based on the two constraints previously
mentioned is, as in RF, to utilize one waveform for transmitting
s¨m,1 (∀m ∈ M) and a different one (which is orthogonal to
the first one) for transmitting s¨m,2 (∀m ∈M). Consequently,
in this scheme that we refer to as 2-OT, A1 = . . .AM = A,
such that finding A?m that minimizes c in (4) is equivalent to
solving the following optimization problem
c = min
A
max
m∈M
fm(A),
s.t. al,n ∈ {0, 1}, al,nal¯,n = 0,∀n ∈ N ,
N∑
n=1
al,n = 1,∀l ∈ L.
(5)
In addition,
fm(A) = [max
t
−s¨mAp(t)]+, (6)
in (5), where [.]+ refers to max{., 0}.
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Fig. 2. Block Diagram of our proposed P-OT Scheme.
2) Optimization criterion 2: A more involved approach
for designing Am can be to utilize different waveforms for
transmitting s¨m,1 (∀m ∈M) as well as for transmitting s¨m,2,
but by still making sure that these two sets of waveforms are
disjoint; i.e., if |am,l,n| = 1 then ai,l¯,n = 0, ∀i 6= m. In this
case, finding A?m (∀m ∈ M) that minimizes c in (4) boils
down to solving the following optimization problem
c = max
m∈M
min
Am
fm(Am),
s.t. am,l,n ∈ {−1, 0, 1}
N∑
n=1
|am,l,n| = 1,∀l ∈ L and m ∈M,
am,l,nai,l¯,n = 0,∀n ∈ N ,m ∈M and i ∈M.
(7)
Both optimization problems in (5) and (7) are combinatorial
problems and, hence, NP-hard. For instance, the problems
in (5) requires to search amongst N(N − 1) A matrices to
optimally find c. Whereas this number of A matrices is upper
bounded by ((N2−N)M +M ) in (7). Consequently, for low
to medium values of N and M the optimal value of c based on
our criteria can be obtained via exhaustive search. For instance,
in the case that s¨m belongs to an M -quadrature amplitude
modulation (QAM) (with M = 4, 16 and 64), p(t) is an
orthonormal basis of MHPs, i.e., p1(t) = h0(t), p2(t) = h1(t),
. . . , pN (t) = hN−1(t), and N = 5, we have found that the
optimal matrix A? based on criterion 1 is such that
A? =
[
0 0 1 0 0
0 0 0 0 1
,
]
. (8)
In other words, s¨m,1 (∀m ∈ M) and s¨m,2 (∀m ∈ M) are
transmitted by using h2(t) and h4(t), respectively. In addition,
the optimal value of c based on A? in (8) is then c ≈ 2, as
it can be seen from Fig. 3, when M = 4. Whereas, based on
criterion 2, we found that c is optimize when s¨m,1 (∀m ∈M)
is transmitted by using h0(t), and s¨1,2, s¨2,2, s¨3,2 and s¨4,2 are
transmitted by using h1(t), h2(t), h4(t) and −h1(t), respec-
tively, such that, for instance
A?4 =
[
1 0 0 0 0
0 -1 0 0 0
]T
. (9)
In this case, the scheme utilizes 4 waveforms to transmit
sm(t), thus, we refer to it as 4-OT in the following. Further-
more, the optimal value of c based on A∗m is then c ≈ 0.5,
as it can be seen from Fig. 4, when M = 4. The 2-OT
scheme is obviously simpler than the 4-OT approach since it
only requires two waveforms (instead of four) for generating
sm(t). However, as it is confirmed by the SER performance
evaluation of Section V, the latter can drastically reduces the
DC-shift and, in turn, improve the SER performance.
C. Receiver Design
At the receiver, the DC-shift is first removed and, then,
the received electrical signal s¯m(t) = s˙m(t) + z(t) passes
through a bank of selected (via Am) unit-energy matched
filters p¯l = {pn(Ts − t),∀n ∈ Nl = {nu}Nlu=1} (∀l ∈ L),
where Nl is the set of indices of the OPSs that have been
used for transmitting the l-th dimension s¨m,l, ∀m ∈ M,
and Nl is the cardinal of Nl. For instance, N1 = {2} and
N2 = {4} in Fig. 3, whereas N1 = {0} and N2 = {1, 2, 4}
in Fig. 4. Furthermore, z(t) is the sum of the ambient shot
light and thermal noise; z(t) is modeled as an additive white
Gaussian noise (AWGN) with zero mean and variance σ2.
Hence, at the sampling instant t = Ts, the outputs of the
matched filters s¯ = s˙m + z, where s˙m is a row vector
containing s˙m,n = s¨m,lam,l,n, ∀n ∈ Nl and ∀l ∈ L, and
each element zn ∈ z is the noise component at the output of
the matched filter pn(Ts − t); this noise is independent and
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Fig. 3. Optimal set of transmitted waveforms based on optimization criterion
1 in (5) for a M -QAM constellation with size M = 4, when considering that
p(t) = h(t).
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Fig. 4. Optimal set of transmitted waveforms based on optimization criterion
2 in (7) for a M -QAM constellation with size M = 4, when considering that
p(t) = h(t).
identically distributed (i.i.d) such that zn follows an AWGN
with zero mean and variance σ2n, where σ
2
n = σ
2E[(s˙m,n)2]
and E(·) stands for the expectation parameter [9]. Thus, upon
reception of s¯m, the detector observes s¯ and based on the
optimal detection rule decides in favor of the symbol m that
minimizes
m¯ = arg min
m
‖s¯− s˙m‖.
Afterward, the detector de-maps sm¯ to the two-dimensional
(2D) symbol s¨m¯, such that the detected symbol is s∗ =
[s¨m¯,1, s¨m¯,2].
IV. PERFORMANCE ANALYSIS
In this section, the union bound of the pairwise error
probability of our proposed P-OT scheme is derived, and then
SERs of the 2-OT and 4-OT schemes (which we introduced
in Section III-B) are discussed. In our proposed scheme, the
two parts of the constellation symbols are transmitted via
different OPSs, such that each part of the symbols is in effect
transmitted independently. Consequently, the SER of our P-
OT scheme can be expressed as
Proposition 1: Based on the premise that all the signal
points in S are equally probable, the probability of incorrectly
detecting a symbol is evaluated by using
SER =
M∑
m=1
1
M
{
1−
2∏
l=1
∫
4∗
(10)
[ Nl∏
u=1
nu 6=nl
1− 2τQ
(
zτ√
2σ2nu
)]
e
-z2
2σ2nl√
2piσ2
nl
dz
}
,
here, nl is the index of the selected waveform for transmitting
the l-th dimension of s¨m where only am,l,nl 6= 0. In addition,
τ = 1 if pnl is a bi-orthogonal waveform (biOW), i.e.,
{s˙m,nl < 0}Mm=1 6= ∅, or τ = 0 otherwise, and zτ =
|z+ s˙m,nl | or zτ = z+ s˙m,nl for τ = 1 or τ = 0, respectively.
In addition, Q(·) is the Q-function and4∗ = 4−s˙m,nl , where
4 is the decision region of s˙m,nl .
Proof: please refer to Appendix A.
It is readily seen from (10) that the conventional SER of
the 2DCs is obtained when N1 = N2 = 1. That is the
dimentionality of our proposed 2-OT scheme. Hence, the SER
of our proposed 2-OT scheme if s¨m belongs to a M -QAM can
be formulated by (based on [10]) by SER =
4
√
M − 1√
M
Q
(√
3
M − 1
(log2M)Eb
σ
)
− 4
[√
M − 1√
M
×
Q2
(√
3
M − 1
(log2M)Eb
σ
)]2
, (11)
where Eb is the energy per bit. Whereas for our proposed
4-OT scheme, N1 = 1 and N2 = 3 since N1 = {1} and
N2 = {2, 3, 5}. Furthermore, the waveforms p1(t), p3(t) and
p4(t) are orthogonal waveforms (OWs) and p2(t) is biOW.
The decision regions 4, on the other hand, are determined
based on the underlying PAM constellation of {s˙m,nl}Mm=1.
To elaborate, let s¨m belongs to a 4-QAM constellation, then
s˙m,1 = 1/
√
2 ( ∀m ∈M ) and, thus, 4 of s˙m,1 ( ∀m ∈M )
is the entire real line. The same methodology can be applied
to the decision regions of s˙m,2, s˙m,3 and s˙m,5 (∀m ∈ M ).
Consequently, the performance of 4-OT when S is a 4-QAM
constellation is formulated by SER4 =
1−
√
2√
piσ2
[∫ ∞
− 1√
2
(
1− 2Q(β0))2e−2z2σ2 dz+
1√
2
∫ ∞
−∞
(
1−Q(√2β1))(1−Q(β1))e−4z2σ2 dz] (12)
where β0 = |
√
2z + 1|/√σ2/2 and β1 = (√2z + 1)/√σ2/2.
V. RESULTS AND COMPARISONS
To illustrate the effectiveness of our new P-OT scheme
in terms of EE (i.e., DC-shift reduction) and SER perfor-
mance improvement, we compare it against existing single
and multi carrier VLC transmission schemes. It should be
noted here, that perfect synchronization is assumed, E[s˙2m(t)]
is normalized. Also, the signal-to-noise ratio (SNR) is defined
as SNR= (E[s˙2m(t)] + c2)/σ2, in accordance with [11], for
ensuring a fair comparison between the different schemes.
Fig. 5 illustrate the efficiency of our proposed scheme at
independently transmitting and receiving the two parts of any
2DC symbols by comparing the theoretical SER performance
of our proposed 2-OT and 4-OT schemes in (10) and (11),
respectively, against their corresponding simulated results, for
no DC-shift (i.e., c = 0) and various M -QAM constellation
sizes. Clearly, the simulated results of our proposed 2-OT
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in Fig. 5 tightly match the theoretical SER performance
derived in (11), i.e., the conventional SER performance of
QAM. Therefore, it is evident that the matched filters can
detect effectively the two parts of the transmitted symbols.
Furthermore, the simulated results of our proposed 4-OT also
tightly match the results from our derived SER expression
in (10) for any constellation sizes; this, in turn, validates the
accuracy of our analytical SER expression in (10).
Next, Fig. 6 depicts the BER performance comparison of
our 2-OT and 4-OT schemes against a classic intensity-based
modulation, i.e., PAM, when considering the effect of the DC-
shift. The results clearly indicate the significantly improved
performance of our 2-OT and 4-OT schemes in terms of
EE when compared to PAM. Precisely, our 2-OT and 4-OT
schemes achieve an improvement of at least 14 dB and 19 dB,
respectively, compared to PAM at a BER of 10−4 for M = 64.
Note that amongst the classic single carrier modulation used
in VLC, PAM is the more BW efficient compared to on-off
Keying (OOK) and multilevel pulse position modulation (M -
PPM); this explains why PAM is here used as a benchmark
[12]. Note also that our proposed transceiver does not require
complex oscillators and mixers, which makes the comparison
with PAM even fair in terms of implementation complexity.
Finally, Fig. 6 also confirms that our 4-OT scheme can for
instance enhance the EE by 5 dB at a BER of 10−4 when
compared to 2-OT for M = 16.
Figure 7 depicts the BER of our proposed 2-OT scheme as a
function of Es/No in the multi-carrier scenario when assuming
that the 2D symbols belong to a QAM-OFDM mapping
format. In Fig. 7, we compare the performance of 2-OT and
DC-OFDM for the same η = log2M , i.e., η = [3, 4, 5] bits/s,
which is equivalent to compare 2-OT with M = [8, 16, 32]
against DC-OFDM with M2 = [64, 256, 1024]. Indeed, con-
trary to our 2-OT scheme, DC-OFDM scheme requires Hermi-
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Fig. 7. BER performance comparison of our proposed 2-OT scheme in the
multi carrier scenario (QAM-OFDM) against DC-OFDM for various number
of η = log2M .
tian symmetry which returns a real signal at the output of the
inverse fast Fourier transformation (IFFT), but only half of the
OFDM sub-carriers are effectively modulated. It is intuitively
clear that our proposed 2-OT scheme produces the classical η
for a given constellation size M , i.e., η = log2M , whereas for
DC-OFDM scheme to produce the same η value, DC-OFDM
needs to employ a constellation size M2. Thus, in Fig. 7 our
proposed 2-OT scheme for constellation sizes M = [8, 16, 32]
(i.e., η = [3, 4, 5]) is compared with DC-OFDM scheme
for constellation sizes M2 = [64, 256, 1024], respectively.
Furthermore, in order to circumvent the very high peak to
average power ratio (PAPR) ratio characteristic of the OFDM
signal, the DC shift of each constellation size is not evaluated
based on the minimum peak of the transmitted signal, rather,
a sufficient DC bias is applied to the OFDM signal after
the pulse shaping and the remaining negative signals are
clipped. The estimated DC bias for each constellation size
is here optimized through simulations by following the same
method introduced in [13]. To this effect, the optimum DC
bias of our 2-CT scheme when the 2D symbols belonging to
a QAM-OFDM mapping format for constellation sizes of M
= [8, 16, 32, 1024] is estimated to be [7, 7, 8, 13]. While the
optimum DC bias of DC-OFDM for constellation sizes M =
[64, 256, 1024] are [9.5, 11, 13], as estimated in [13]. Fig. 7
shows that our 2-OT scheme exhibits better BER performance
compared to DC-OFDM; by at least 9, 12 and 17 dB for
η = 3, 4 and 5, respectively, at a BER of 10−4. It should be
noted here that the EE gap between the two schemes increases
as η increases because of the disadvantages of utilizing a
higher constellation size M2 in DC-OFDM instead of a lower
size M to achieve certain SE value; the PAPR of the time-
domain OFDM signal (which impacts the value of the required
DC shift level) grows with modulation order. In other words,
since DC-OFDM requires higher modulation orders to achieve
the same data rate as 2-OT, it requires higher DC-shift, which
translates into EE performance degradation. This EE loss adds
up to the conventional EE performance degradation that higher
order modulations (M2) exhibit in comparison with lower
order modulations (M ).
VI. CONCLUSION
A new orthogonal transmission for VLC is proposed that
rely on OPS to improve both the EE of VLC systems. OPSs
create new dimensions for OT that help to mitigate a major
technical limitation in VLC (i.e., by the use of the spatially
incoherent transmitters ) and offer a viable alternative to the
classic RF 2D sinusoidal carriers; in turn, this open a new
era in the development of complex modulation techniques for
VLC systems.
APPENDIX
A. Proof for Proposition 1
The union bound of the pairwise symbol error probability
of our proposed scheme can be expressed as
SER =
M∑
m=1
Pr(s¨m)
{
1−
2∏
l=1
Prc(s˙m,nl)
}
, (13)
where Pr(s¨m) is the probability of symbol s¨m, and
Prc(s˙m,nl) (∀l ∈ L) is the probability to correctly detect
the l-th part s¨m,l. Equation (13) follows from the statistical
independence of the noise on the carriers pnl(t). Obviously,
the derivation of Prc(s˙m,nl) for l = 1 or 2 is similar, and
therefore, the general analysis of Prc(s˙m,nl) is discussed in
the following. To evaluate the probability of correctly detecting
the l-th component s˙m,l, let us assume that the transmitting
waveform pnl(t) is an OW (τ = 0). With this assumption,
the received vector at the output of the matched filters pn(t)
(∀n ∈ Nl) is s¯l = {s¯m,n1 = zn1 , · · · , s¯m,l,nl = s˙m,nl +
znl , · · · , s¯m,l,nNl = znNl }, here, nu 6= nl. Therefore, the
detector makes a correct decision if s¯m,nl > {s¯m,nu 6=nl}Nll=1
and s¯m,nl belongs to the decision region 4. This corresponds
to
Pr[(zn1 < s¯m,nl , · · · , znu 6=nl < s¯m,nl , · · · ,
znNl < s¯m,nl)|s˙m,nl sent, τ = 0] (14)
Obviously, each event in (14) can be calculated using
Pr[zn < s¯m,nl |τ = 0] =
1√
2piσ2n
∫ s¯m,nl
−∞
e
-z2
2σ2n dz
=1−Q(αn), n 6= nl, (15)
where αn = s¯m,nl/
√
σ2n. Clearly, the events in (14) are not
independent since the random variable in s¯m,nl is part of all
the events; zn1 < s¯m,nl , · · · , znu 6=nl < s¯m,nl , znNl < s¯m,nl ,
therefore, the joint probability in (14) is calculated by condi-
tion the events on s¯m,nl , i.e., Prc(s¯m,nl |τ = 0) =
1√
2piσ2nl
∫
4
Nl∏
u=1
nu 6=nl
[
1−Q(αnu)
]
e
-(z+s¯m,nl )
2
2σ2nl dz. (16)
Now, (14) and (15) are rederived under the assumption that
s¨m,l is transmitted using a biOW (i.e., τ = 1). In this case, the
detector makes a correct decision if s¯m,nl > {|s¯m,nu 6=nl |}Nll=1
belongs to the decision region 4 which can be exressed as
Pr[(|zn1 | < s¯m,nl , · · · , |znu | < s¯m,nu 6=nl , · · · ,
|znNl | < s¯m,nl)|s˙m,nl sent, τ = 0] (17)
and so (15) becomes
Pr[|zn| < s¯m,nl |τ = 1] =
1√
2piσ2n
∫ |s¯m,nl |
-|s¯m,nl |
e
-z2
2σ2n dz
=1− 2Q(|αn|), n 6= nl. (18)
Based on (15) and (18), the generalized Prc(s˙m,nl) can be
expressed mathematically by Prc(s˙m,nl) =
1√
2piσ2nl
∫
4∗
Nl−1∏
u=1
nu 6=nl
[
1− 2τQ
(
zτ
σnu
)]
e
-z2
2σ2nl dz. (19)
where in the last step the integrand variable is shifted by s˙m,nl .
Substituting Prc(s˙m,nl) into (13) yields the SER in (10).
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Transmitting and Receiving Symbols via Unipolar Signals 
 
Technical Field 
The present invention relates to apparatus and methods for transmitting and receiving 
symbols via unipolar signals. 5 
 
Background 
Unipolar transmission schemes transmit data by modulating a unipolar signal, that is, a 
signal which only has a single polarity.  An example of a unipolar transmission scheme 
is Visible Light Communication (VLC), which utilizes an intensity modulation (IM) 10 
signalling scheme to modulate the intensity of an optical carrier with a wavelength in 
the visible optical spectrum (around 380 – 700 nanometres).  The optical signal is an 
example of a unipolar signal, since it cannot have a negative intensity.  VLC is a 
technology that has gained considerable interest in recent years as a potential candidate 
for carrying mobile traffic indoors, in order to reduce the burden on existing RF 15 
systems, and enabling the next-generation of wireless communication networks to 
provide better data rates, spectral efficiency and energy efficiency. 
 
In a VLC system the receiver uses direct detection (DD) to receive the optical signal.  
Real-valued orthogonal frequency division multiplexing (OFDM) has been proposed as 20 
a possible modulation technique for VLC in order to mitigate inter-symbol interference 
(ISI).  In real-valued OFDM, quadrature symbols are converted to bipolar-real-valued 
symbols.  The bipolar time-domain signal is then converted to a positive-unipolar 
signal by applying a direct current (DC) shift.  However, OFDM signals have a high 
peak-to-average-power ratio (PAPR), meaning that the minimum of the negative peak 25 
of the time-domain signal can be very low, and consequently a high DC-bias is required 
to raise the entire negative peak above zero.  DC-OFDM therefore suffers from poor 
energy efficiency as a result of the high DC bias that is needed.  Hence, there is a need 
in the art for an improved solution for transmitting data via unipolar signals. 
 30 
Summary of the Invention 
According to a first aspect of the present invention, there is provided apparatus for 
transmitting a symbol via a unipolar signal, the apparatus comprising a symbol 
allocating unit configured to receive a symbol and allocate the symbol to one or more 
signals among a plurality of signals, a filter bank comprising a plurality of orthogonal 35 
pulse shaping filters each configured to apply pulse shaping to a respective one of the 
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plurality of signals and output a filtered signal, wherein the filtered signals outputted by 
the plurality of pulse shaping filters are orthogonal signals, and a transmitter 
configured to transmit the sum of the filtered signals as a unipolar signal, wherein the 
transmitted signal is a weighted sum of the orthogonal pulse shapes. 
 5 
In some embodiments according to the first aspect, the symbol is a quadrature symbol 
and the plurality of signals comprises one or more first signals and one or more second 
signals, wherein the symbol allocating unit is configured to allocate an in-phase 
component of the quadrature symbol to a selected one of the one or more first signals 
and allocate a quadrature part of the quadrature symbol to a selected one of the one or 10 
more second signals according to a predetermined look up table.  For example, in some 
embodiments the quadrature symbol is an OFDM, QAM or QPSK data symbol. 
 
In some embodiments according to the first aspect, the filter bank comprises one or 
more first pulse-shaping filters and one or more second pulse-shaping filters each 15 
configured to apply pulse shaping to a respective one of the one or more first signals 
and the one or more second signals, wherein the one or more first and second pulse-
shaping filters are orthogonal.  
 
In some embodiments according to the first aspect, the symbol allocating unit is 20 
configured to receive a symbol as a bipolar signal, the plurality of signals comprises a 
first signal and a second signal, and the symbol allocating unit comprises a polarity 
detector configured to allocate the symbol either to the first signal or to both the first 
and second signals by determining a polarity of the symbol, allocating the symbol to the 
first signal only in response to a determination that the symbol has a first polarity, and 25 
allocating the symbol to both the first and second signals in response to a 
determination that the symbol has an opposite polarity to the first polarity, and a 
polarity mapping unit configured to invert a polarity of a negative symbol before pulse 
shaping is applied. For example, in some embodiments the bipolar symbol is a real-
OFDM symbol or bipolar pulse amplitude modulation (PAM) symbol. 30 
 
In some embodiments according to the first aspect, the filter bank comprises a first 
pulse shaping filter configured to apply a unipolar first square pulse shape, and a 
second pulse shaping filter configured to apply an orthogonal bipolar second square 
pulse shape, wherein the sum of the first square pulse shape and the second square 35 
pulse shape is unipolar. 
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In some embodiments according to the first aspect, the filter bank comprises a first 
pulse shaping filter configured to apply a unipolar first prolate spheroidal wave 
functions (PSWF) pulse shape, and a second pulse shaping filter configured to apply an 
orthogonal bipolar second PSWF pulse shape, wherein a sum of the first PSWF pulse 5 
shape and the second PSWF pulse shape is unipolar.  The bipolar second PSWF pulse 
shape may be a second order pulse shape. 
 
In some embodiments according to the first aspect, the symbol is a quadrature symbol, 
the plurality of signals comprises first, second and third signals, and the filter bank 10 
comprises first, second and third filters configured to apply pulse shaping to the first, 
second and third signals respectively, wherein the symbol allocating unit is configured 
to allocate an in-phase component of the symbol to the first signal and to allocate a 
quadrature  component of the symbol to the second signal, wherein the symbol 
allocating unit is further configured to determine the polarity of the symbol,  invert a 15 
polarity of the symbol before pulse shaping is applied in response to a determination 
that the symbol has a negative polarity, and control the third signal to indicate whether 
or not the polarity of the symbol was inverted.  The polarity of the symbol can be 
determined based on the polarity of the in-phase component of the symbol. 
 20 
In some embodiments according to the first aspect, the plurality of signals comprises 
one or more first signals and one or more second signals and the filter bank comprises 
one or more first orthogonal pulse-shaping filters and one or more second orthogonal 
pulse-shaping filters, wherein the symbol allocating unit is configured to allocate the in-
phase component to one of the one or more first signals and to allocate the quadrature 25 
component to one of the one or more second signals according to a predetermined look 
up table.  Each of the one or more first orthogonal pulse-shaping filters can be 
configured to apply pulse shaping to a respective one of the one or more first signals 
and each of the one or more second orthogonal pulse-shaping filters can be configured 
to apply pulse shaping to a respective one of the one or more second signals, wherein 30 
each of the one or more first orthogonal pulse-shaping filters is orthogonal to each of 
the one or more second orthogonal pulse-shaping filters.  For example, the one or more 
first signals may comprise a first signal and the one or more second signals may 
comprise second, third and fourth signals.  The one or more first orthogonal pulse 
shaping filters may comprise a first pulse shaping filter and the one or more second 35 
orthogonal pulse shaping filters may comprise second, third and fourth filters.  The 
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first, second, third and fourth orthogonal pulse-shaping filters are configured to apply 
pulse shaping to the first, second, third and fourth signals respectively, wherein the 
symbol allocating unit is configured to determine the polarity of each of an in-phase 
component and a quadrature component of the symbol.  In response to a determination 
that the in-phase component has a positive polarity, the symbol allocating unit is 5 
configured to allocate the positive in-phase component to the first signal and allocate 
the quadrature component to the second signal, and in response to a determination 
that the in-phase component has a negative polarity, the symbol allocating unit is 
configured to invert a polarity of the in-phase component and allocate the inverted in-
phase component to the first signal, to allocate the quadrature component to the third 10 
signal in response to a determination that the quadrature component has a positive 
polarity, and to invert a polarity of the quadrature component and allocate the inverted 
quadrature component to the fourth signal in response to a determination that the 
quadrature component has a negative polarity. 
 15 
In some embodiments according to the first aspect, the sum of the filtered signals 
comprises a bipolar signal, and the apparatus further comprises a direct current DC 
biasing unit configured to apply a DC bias to convert the bipolar signal to a unipolar 
signal, before the filtered signals are transmitted by the transmitter. 
 20 
In some embodiments according to the first aspect, the unipolar signal generator is 
configured to transmit the filtered signals as a Visible Light Communication VLC 
signal. 
 
According to a second aspect of the present invention, there is provided apparatus for 25 
receiving a symbol via a unipolar signal, the apparatus comprising a receiver configured 
to receive a unipolar signal, a matched filter bank comprising a plurality of orthogonal 
matched filters each configured to apply filtering to the received unipolar signal and 
output a filtered signal, and a symbol detector configured to perform symbol detection 
on the plurality of filtered signals outputted by the matched filter bank to determine the 30 
received symbol. 
 
In some embodiments according to the second aspect, the matched filter bank 
comprises first and second matched filters configured to output first and second 
matched signals respectively, and the apparatus further comprises a polarity detector 35 
configured to determine the polarity of the received symbol by comparing the 
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difference in amplitude between the first filtered signal and the second filtered signal to 
the amplitude of the second filtered signal and assigning a polarity to said received 
symbol according to the result of the comparison, wherein the symbol allocating further 
comprises a polarity de-mapper that is configured to invert the polarity of the symbol in 
response to the polarity detector assigning a negative polarity to the symbol. 5 
 
In some embodiments according to the second aspect, the matched filter bank 
comprises first, second and third matched filters configured to output first, second and 
third matched signals respectively, and the apparatus further comprises a polarity 
detector configured to determine the polarity of the symbol by detecting the amplitude 10 
of the third filtered signal and assigning a polarity to the symbol according to the result 
of the detected amplitude, wherein the symbol allocating unit further comprises a 
polarity de-mapper that is configured to invert a polarity of the symbol in response to 
the polarity detector assigning a negative polarity to the symbol. 
 15 
In some embodiments according to the second aspect, the received symbol is a 
quadrature symbol, the matched filter bank comprises one or more first matched filters 
and one or more second matched filters configured to output one or more first matched 
signals and one or more second matched signals, wherein the one or more first matched 
filters are matched to one or more orthogonal pulse shaping filters of a transmitter and 20 
the one or more second matched filters are matched to one or more second orthogonal 
pulse shaping filters of the transmitter, the apparatus further comprising first and 
second amplitude detectors configured to detect the maximum amplitude value of each 
of the signals among the one or more first and second matched signals and output first 
and second detected signals, respectively, the apparatus further comprising a polarity 25 
detector for detecting the polarity of an in-phase and a quadrature component in 
response to the detected combination of the first and second detected signals according 
to an inverse look up table.  For example, the one or more first matched filters may 
comprise a first matched filter configured to output a first matched signal, and the one 
or more second matched filters may comprise second, third and fourth matched filters 30 
configured to output second, third and fourth matched signals respectively, the first 
amplitude detector may be configured to output the first detected signal based on the 
first matched signal, the second amplitude detector may be configured to output the 
second detected signal based on the second, third and fourth matched signals, and the 
polarity detector may be configured to determine the polarity of an in-phase 35 
component of the symbol and the amplitude and polarity of a quadrature component of 
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the symbol according to which one of the second, third and fourth matched signals is 
detected as the second detected signal, based on the inverse look up table. In response 
to the second detected signal being the second matched signal, the polarity detector 
may be configured to determine that the in-phase component has the same polarity as 
the first matched signal and that the quadrature component has the same polarity as 5 
the second matched signal, in response to the second detected signal being the third 
matched signal the polarity detector may be configured to determine that the in-phase 
component has the opposite polarity to the first matched signal and that the quadrature 
component has the same polarity as the third matched signal, and in response to the 
second detected signal being the fourth matched signal the polarity detector may be 10 
configured to determine that the in-phase component has the opposite polarity to the 
first matched signal and that the quadrature component has the opposite polarity to the 
fourth matched signal. 
 
According to a third aspect of the present invention, there is provided a wireless 15 
communication system comprising a unipolar signal transmitter comprising the 
apparatus according to the first aspect, and a unipolar signal receiver comprising the 
apparatus according to the second aspect. 
 
According to a fourth aspect of the present invention, there is provided a method of 20 
transmitting a symbol via a unipolar signal, the method comprising allocating a symbol 
to one or more signals among a plurality of signals, applying pulse shaping to the 
plurality of signals to obtain a plurality of filtered signals, wherein the filtered signals 
are orthogonal signals, and transmitting the sum of the filtered signals as a unipolar 
signal, wherein the transmitted signal is a weighted sum of the filtered signals. 25 
 
According to a fifth aspect of the present invention, there is provided a method of 
receiving a symbol via a unipolar signal, the method comprising receiving a unipolar 
signal, applying a plurality of orthogonal matched filters to the received unipolar signal 
to obtain a plurality of filtered signals, and performing symbol detection on the 30 
plurality of filtered signals to determine the received symbol. 
 
According to a sixth aspect of the present invention, there is provided a non-transitory 
computer-readable storage medium arranged to store computer program instructions 
which, when executed, perform a method according to the fourth aspect or a method 35 
according to the fifth aspect. 
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Brief Description of the Drawings 
Embodiments of the present invention will now be described, by way of example only, 
with reference to the accompanying drawings, in which: 
Figure 1 illustrates apparatus for transmitting a unipolar signal in a wireless 5 
communication system, according to an embodiment of the present invention; 
Figure 2 illustrates apparatus for generating OFDM data symbols, according to an 
embodiment of the present invention; 
Figure 3 is a flowchart showing a method of transmitting a unipolar signal in a wireless 
communication system, according to an embodiment of the present invention; 10 
Figure 4 illustrates an example of a bipolar signal at the output of the IFFT unit of Fig. 
2, according to an embodiment of the present invention; 
Figure 5 illustrates an example of a unipolar continuous signal generated by the 
apparatus of Fig. 1, according to an embodiment of the present invention; 
Figure 6 illustrates a unipolar first square pulse shape, according to an embodiment of 15 
the present invention; 
Figure 7 illustrates a bipolar second square pulse shape that is orthogonal to the 
unipolar first square pulse shape of Fig. 6, according to an embodiment of the present 
invention; 
Figure 8 illustrates a unipolar square waveform obtained by applying the unipolar first 20 
square pulse shape of Fig. 6 to a signal, according to an embodiment of the present 
invention; 
Figure 9 illustrates a unipolar square waveform obtained by summing the unipolar first 
square pulse shape of Fig. 6 and the orthogonal bipolar second square pulse shape of 
Fig. 7, according to an embodiment of the present invention; 25 
Figure 10 illustrates a unipolar first modified Hermite pulse (MHP) pulse shape, 
according to an embodiment of the present invention; 
Figure 11 illustrates a bipolar second MHP pulse shape that is orthogonal to the 
unipolar first MHP pulse shape of Fig. 10, according to an embodiment of the present 
invention; 30 
Figure 12 illustrates a unipolar MHP waveform obtained by applying the unipolar first 
MHP pulse shape of Fig. 10 to a signal, according to an embodiment of the present 
invention; 
Figure 13 illustrates a unipolar MHP waveform obtained by summing the unipolar first 
MHP pulse shape of Fig. 10 and the orthogonal bipolar second MHP pulse shape of Fig. 35 
11, according to an embodiment of the present invention; 
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Figure 14 illustrates apparatus for receiving a unipolar signal in a wireless 
communication system, according to an embodiment of the present invention; 
Figure 15 illustrates apparatus for recovering data from OFDM data symbols, according 
to an embodiment of the present invention;  
Figure 16 is a flowchart showing a method of receiving a unipolar signal in a wireless 5 
communication system, according to an embodiment of the present invention;  
Figure 17 illustrates apparatus for transmitting a unipolar signal in a wireless 
communication system, according to an embodiment of the present invention; 
Figure 18 illustrates apparatus for receiving a unipolar signal in a wireless 
communication system, according to an embodiment of the present invention; 10 
Figure 19 illustrates apparatus for transmitting a unipolar signal in a wireless 
communication system, according to an embodiment of the present invention; 
Figure 20 illustrates apparatus for receiving a unipolar signal in a wireless 
communication system, according to an embodiment of the present invention; 
Figure 21 is a graph comparing the performance of unipolar wireless communication 15 
systems according to embodiments of the present invention against direct-current 
OFDM transmission systems; and 
Figure 22 illustrates four orthogonal pulse shapes that can be applied by a bank of pulse 
shaping filters, according to an embodiment of the present invention. 
 20 
Detailed Description 
In the following detailed description, only certain exemplary embodiments of the 
present invention have been shown and described, simply by way of illustration.  As 
those skilled in the art would realise, the described embodiments may be modified in 
various different ways, all without departing from the scope of the present invention.  25 
Accordingly, the drawings and description are to be regarded as illustrative in nature 
and not restrictive.  Like reference numerals designate like elements throughout the 
specification. 
 
Referring now to Fig. 1, apparatus for transmitting data via a unipolar signal is 30 
illustrated according to an embodiment of the present invention.  Apparatus for 
generating OFDM data symbols is illustrated in Fig. 2, and a flowchart showing a 
method of transmitting data via a unipolar signal is illustrated in Fig. 3. 
 
The apparatus for transmitting data via a unipolar signal comprises a data symbol 35 
generator 101, a symbol allocating unit 102, a filtering block 103, and a unipolar signal 
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generator 104.  In the present embodiment the data symbol generator 101 is configured 
to generate an OFDM data symbol, and comprises the apparatus shown in Fig. 2.  
However, in other embodiments of the present invention the apparatus shown in Fig. 1 
can be configured to operate on other types of data symbols than OFDM, such as pulse 
amplitude modulation (PAM). 5 
 
The OFDM symbol generator 101 outputs a bipolar output signal comprising an OFDM 
data symbol S to the symbol allocating unit 102.  The symbol allocating unit 102 is 
configured to allocate the OFDM data symbol to one or both of a first signal and a 
second signal in step S301 of the method shown in Fig. 3.  The first and second signals 10 
are sent respectively to a first pulse shaping filter 103a and a second pulse shaping filter 
103b of the filtering block 103.  In the present embodiment the symbol allocating unit 
102 comprises a polarity detector 102a configured to determine the polarity of the data 
symbol.  The symbol allocating unit 102 is configured to send a data symbol with a 
positive polarity to the first pulse shaping filter P1 103a, and to send a data symbol with 15 
an inverted negative polarity to both the first pulse shaping filter P1 103a and the 
second pulse shaping filter P2 103b. 
 
In step S302, the first pulse shaping filter 103a is configured to apply a first pulse shape 
to the first signal and output a first filtered signal, and the second pulse shaping filter 20 
103b is configured to apply a second pulse shape to the second signal and output a 
second filtered signal.  Here, the first and second pulse shapes are decomposed of 
orthogonal waveforms to each other.  The first pulse shape comprises a unipolar 
waveform, and the first pulse shaping filter 103a is herein denoted by P1.  The second 
pulse shape comprises a bipolar waveform, and the second pulse shaping filter 103b is 25 
herein denoted by P2.  The resulting first and second pulse shapes are both unipolar, 
and are configured to provide pulse shaping and passband modulation to the first and 
second signals. 
 
Since the sum of the first and second pulse shapes is always unipolar, the time-domain 30 
signal that is generated by summing the first and second pulse shaping filters 103a, 
103b is always a unipolar signal.  Accordingly, the sum of the first and the second 
filtered signals can be transmitted by the LED 104 without any DC shift.  Therefore by 
applying pulse shaping filters which are configured to output a unipolar time-domain 
signal, embodiments of the present invention can provide energy-efficient unipolar 35 
transmission schemes. 
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In the present embodiment, since a bipolar real OFDM signal is generated, the symbol 
allocating unit 102 is configured to determine the polarity of each pulse on a bipolar 
OFDM symbol frame.  In the case of a negative pulse, the polarity detector unit 102a is 
configured to output the pulse to the polarity mapper 102b, which inverts the negative 5 
pulse to a positive pulse.  The inverted negative pulse (i.e. a positive pulse) is then sent 
to the first and the second pulse shaping filters 103a and 103b, which convert the 
inverted negative pulse into a continuous unipolar signal, referred to as the second 
filtered signal.  In the case of a positive pulse, the polarity mapper unit 102 is 
configured to directly forward the pulse to the first pulse-shaping filter 103a without 10 
inversion.  The first pulse shaping filter 103a converts the positive pulse into a 
continuous unipolar signal. 
 
The filtering block 103 is configured to send the first and second filtered signals to the 
unipolar signal generator 104, which combines the first and second filtered signals into 15 
a combined unipolar signal and transmits the combined unipolar signal in step S303.  
In the present embodiment the apparatus is configured for use in a Visible Light 
Communication (VLC) system, and the unipolar signal generator 104 comprises a Light 
Emitting Diode (LED).  In other VLC embodiments a different type of unipolar signal 
generator 104 may be used, for example a laser.  Furthermore, in other embodiments 20 
the apparatus may be configured to generate a different type of unipolar signal other 
than an optical signal, and accordingly a different type of unipolar signal generator may 
be used. 
 
A receiving apparatus can apply inverse matched filters to separate out and recover 25 
data from the first and second signals.  The receiving apparatus can therefore 
reconstruct the original bipolar signal from the as-transmitted unipolar signal.  Also, 
apparatus such as the one illustrated in Fig. 1 can be used to convert a bipolar signal, 
such as a real OFDM symbol frame, into an energy-efficient unipolar signal, since a DC 
offset does not have to be applied before transmitting the unipolar signal.  30 
 
In the present embodiment, since both of the positive and the inverted-negative 
symbols are transmitted by positive-unipolar waveforms, an analogue unipolar symbol 
outputted by summing the first and second pulse shaping filters 103a, 103b comprises a 
pulse with a single polarity, and therefore can be readily intensity-modulated by the 35 
LED 104.  Figure 5 illustrates a resulting typical unipolar continuous signal generated 
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by the LED 104.  As shown in Fig. 5, the continuous time domain signal is unipolar, and 
therefore can be intensity modulated without the need for any additional DC-shift. 
 
Continuing with reference to Fig. 2, in the present embodiment the OFDM symbol 
generator 101 comprises a constellation-mapping unit 201 which is configured to map 5 
input bits onto a plurality of M-ary symbols where M represents the modulation order.  
The mapped symbols are then sent to a serial-to-parallel converter 202 which buffers 
the symbols into a (K) M-ary symbol stream, where K is the number of symbols per 
OFDM frame to be transmitted.  In the present OFDM embodiment, the buffered (K) 
M-ary symbol stream corresponds to an OFDM symbol frame.  The K quadrature 10 
symbols of the OFDM symbol frame are converted to real-valued time-domain signals 
by a subcarrier assignment unit 203, which is configured to impose a Hermitian 
symmetry on the frame structure OFDM symbol frame when assigning each of the K 
quadrature symbols to a subcarrier.  In this way, the K quadrature symbols are 
converted to real-valued time-domain signals. 15 
 
The subcarrier assignment unit 203 then outputs the frame to an N-point Inverse Fast 
Fourier Transform (IFFT) unit 204.  The frame at the output of the subcarrier 
assignment unit 203 consists of the K quadrature symbols and the conjugated values of 
the K quadrature symbols.  Hence in the present embodiment, N should be equal to 2K.  20 
The OFDM symbol generator 101 further comprises a parallel-to-serial converter 205 
which converts the N-time-domain signal array outputted by the IFFT unit 204 into a 
serial N-time-domain signal array.  The serial signal is then sent to the symbol 
allocating unit 102. 
 25 
Figure 4 illustrates an example of a typical bipolar signal outputted by the OFDM 
symbol generator 101.  Since the bipolar OFDM signal cannot be intensity modulated, it 
must be unipolarized before being transmitted.  In a prior art DC-OFDM method, a DC 
bias is applied to shift the minimum peak of the bipolar OFDM signal to zero.  
However, in OFDM systems the Peak-to-Average-Power Ratio (PAPR) of the time 30 
domain signal is high, meaning that a high DC shift is required.  This in turn drastically 
reduces the energy efficiency of DC-OFDM systems.  For instance, applying the 
necessary DC shift to a typical OFDM transmission in a VLC system can reduce the 
transmission power efficiency by at least 76%. 
 35 
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In comparison, embodiments of the present invention can convert a bipolar OFDM 
time-domain signal array into a unipolar OFDM time-domain signal array without the 
need to apply any DC bias, thereby increasing the energy efficiency by at least 76% 
when compared to a conventional DC-OFDM communication system.  Additionally, 
embodiments of the present invention can achieve a full utilization (100%) of the 5 
transmission power efficiency, which is not possible when applying a DC offset.   
 
In the embodiment illustrated in Fig. 1, first and second pulse shaping filters 103a, 103b 
are used to generate a unipolar signal from positive and negative parts of a bipolar 
input signal, which in the present embodiment is a real OFDM signal.  In other 10 
embodiments, the orthogonal first and second pulse shaping filters can be applied to a 
different type of input signal, for example a quadrature signal in which each data 
symbol comprises an in-phase component and a quadrature component.  In 
embodiments which are configured to operate on quadrature signals, the symbol 
allocating unit can be configured to allocate the in-phase component of each data 15 
symbol to the first signal and allocate the quadrature component of each data symbol to 
the second signal.  Since the first and second pulse shapes are orthogonal, the receiver 
can separate out the in-phase and quadrature components in order to recover the 
original quadrature signal. 
 20 
Furthermore, embodiments of the invention have been described in which two 
orthogonal pulse shaping filters are applied.  In other embodiments one or more 
additional pulse shaping filters may be applied.  For example, in one embodiment the 
transmitter may further comprise a third pulse shaping filter configured to apply a 
third pulse shape to a third signal and output a third filtered signal, the third pulse 25 
shape being orthogonal to each of the first and second pulse shapes.  In this 
embodiment, the symbol allocating unit can be configured to allocate each one of the 
plurality of data symbols to the first, second and third signals. 
 
In embodiments of the present invention, various types of orthogonal pulse shapes may 30 
be applied by the first and second pulse shaping filters 103a, 103b.  Figures 6 to 9 
illustrate examples of orthogonal square pulse shapes that can be applied by the first 
and second pulse shaping filters, according to an embodiment of the present invention.  
Referring first to Fig. 6, an example of a unipolar first square pulse shape is illustrated, 
which can be applied by the first pulse shaping filter 103a to shape the positive 35 
symbols.  A unipolar waveform that is obtained by applying the unipolar first square 
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pulse shape of Fig. 6 is illustrated in Fig. 8, and can be used when transmitting a 
positive symbol.  The unipolar first square pulse shape of Fig. 6 can be summed with a 
bipolar second square pulse shape, as shown in Fig. 7, to produce a unipolar square 
waveform as shown in Fig. 9.  The bipolar second square pulse shape in Fig. 7 is 
orthogonal to the unipolar first square pulse shape of Fig. 6.  The unipolar square 5 
waveform can be used when transmitting a negative symbol. 
 
Referring now to Figs. 10 to 13, further examples of orthogonal pulse shapes that can be 
applied by the first and second pulse shaping filters 103a, 103b are illustrated, 
according to another embodiment of the present invention.  In the example shown in 10 
Figs. 10 to 13, the first and second pulse shaping filters are configured to apply 
modified Hermite pulse (MHP) pulse shapes.  Figure 10 illustrates an example of a 
unipolar first MHP pulse shape, which is a zero-order MHP pulse shape that can be 
applied by the first pulse shaping filter 103a.  Figure 11 illustrates an example of an 
orthogonal second-order bipolar MHP pulse shape that can be applied by the second 15 
pulse shaping filter, which can be summed with the unipolar first MHP pulse shape of 
Fig. 9 to obtain a transmitted unipolar MHP waveform as shown in Fig. 13.  Figure 12 
illustrates a unipolar MHP waveform that is obtained by applying the unipolar first 
MHP pulse shape of Fig. 10 to a signal.  In one embodiment, the unipolar MHP 
waveform of Fig. 12 may be used when transmitting a positive symbol, and the unipolar 20 
MHP waveform of Fig. 13 may be used when transmitting a negative symbol. 
 
It will be understood that the pulse shapes and waveforms illustrated in Figs. 6 to 13 are 
provided by way of example only, and different pulse shapes may be applied by the first 
and second pulse shaping filters 103a, 103b in other embodiments of the present 25 
invention. 
 
Referring now to Fig. 14, apparatus for receiving data via a unipolar signal is illustrated 
according to an embodiment of the present invention.  Apparatus for recovering data 
from OFDM data symbols is illustrated in Fig. 15, and a flowchart showing a method of 30 
receiving data via a unipolar signal is illustrated in Fig. 16. 
 
The apparatus illustrated in Fig. 14 can be used to receive a signal transmitted by 
apparatus such as the one shown in Fig. 1.  Together, the transmitting apparatus of Fig. 
1 and the receiving apparatus of Fig. 14 form a system for transmitting and receiving 35 
data via the unipolar signal emitted by the LED 104. 
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The receiving apparatus comprises a unipolar signal receiver 1401, a matched filter 
bank 1402, a symbol detector 1403 and a demodulator 1404.  In the present 
embodiment the receiver and transmitter are configured for use in a VLC system, and 
the unipolar signal receiver 1401 comprises a photodetector.  In other embodiments a 5 
different type of receiver may be provided, depending on the type of unipolar signal 
that is used. 
 
The detected unipolar signal is sent to the matched filter bank 1402, which in the 
present embodiment comprises first and second matched filters 1402a, 1402b.  The 10 
first matched filter 1402a is configured to filter the received unipolar signal and output 
a first filtered signal .  The first matched filter 1402a of the receiver is configured to 
apply a first filter that is matched to the one which was applied by the first pulse 
shaping filter 103a in the transmitter, and may therefore be referred to as a first 
matched filter.  Similarly, the second matched filter 1402b is configured to apply a 15 
second filter which is matched to the second pulse shaping filter 103b that was applied 
in the transmitter.  The second matched filter 1402b of the receiver outputs a second 
filtered signal .  The symbol detector 1403 is configured to perform symbol detection 
on the first and second filtered signals to obtain the plurality of data symbols. 
 20 
The pulse shaping operation in the present embodiment therefore consists of two 
fundamental pulse shapes, hereinafter denoted as P1(t) and P2(t).  The continuous-time 
signal S(t) ready for transmission can be expressed as: 
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In the present embodiment, in order to be able to translate the positive (S > 0) and the 
negative (S < 0) real digital signals into positive continuous-time waveforms, the 
impulse response of the first pulse shape, P1(t), and the impulse response of the linear 
combination of the first and second pulse shapes P1(t) and P2(t) are both positive.  To 30 
put it another way, a first transmitted waveform that is generated by the first pulse 
shaping filter on its own is unipolar, as is a second transmitted waveform which is the 
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sum of the filtered signals generated by the first and second pulse shaping filters at the 
transmitter is unipolar. 
 
Furthermore, in the present embodiment since the first pulse shape is used in both the 
first and second transmitted waveforms, orthogonality between the negative and 5 
positive transmitted waveforms is lost.  Therefore in the present embodiment, the 
symbol detector 1403 comprises a polarity detector 1403a and polarity de-mapper 
1403b, wherein the polarity detector unit 1403a is configured to determine whether or 
not the polarity of the transmitted symbol was inverted and wherein the polarity de-
mapper unit 1403b is configured to detect the transmitted symbol.  The polarity 10 
detector unit 1403a detects the polarity of the transmitted symbol by determining the 
difference in amplitude between the first matched signal  and the second matched 
signal , and compare the difference to the amplitude of the second matched signal .  
If the difference is more than the amplitude of the second matched signal, then the 
received symbol is determined to be one which was filtered by the first pulse shaping 15 
filter at the transmitter, which in the present embodiment indicates a positive symbol, 
that is to say, a symbol with a positive polarity.  If the difference is less than the 
amplitude of the second filtered signal, then the received symbol is determined to be 
one which was filtered by the first and the second pulse shaping filters at the 
transmitter, which in the present embodiment indicates a negative symbol.  Once the 20 
polarity detector unit 1403a has detected a symbol and determined its polarity, { , 
} is sent to the polarity demodulator 1404b for further processing in order to recover 
the polarity of the received symbol.  Then, the polarity de-mapping unit de-maps the 
first matched signal  and the second matched signal  based on the following rule:  
 25 
 
 
Examples of orthogonal waveforms that satisfy these properties include those shown in 
Figs. 8 and 9, and those shown in Figs. 12 and 13. 
 30 
Thus, the polarity de-mapping unit 1403b further comprises a polarity inverter that is 
configured to invert the polarity of symbols for which the polarity detector unit 1403a 
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determines having a negative polarity symbol.  In this way, the combined signal of the 
first filtered signal  and the second filtered signal  is then inverted in order to 
obtain a bipolar signal which can be sent to the demodulator 1404.  The power level of 
the combined signal is also divided by a factor of √2 to obtain the correct amplitude. 
 5 
Figure 15 illustrates an OFDM demodulator 1505 for use in an OFDM system to convert 
bipolar real OFDM symbols into output bits, according to an embodiment of the 
present invention.  The demodulator 1505 comprises a serial-to-parallel conversion 
unit 1501 configured to convert the symbols received from the symbol detector 1403 
into a parallel stream blocks each comprising N symbols.  This parallel time-domain 10 
data is then transformed into the frequency domain by a fast Fourier transform (FFT) 
unit 1502, and converted into serial data by a parallel-to- serial conversion unit 1503.  
Then, the serial data is sent to a constellation inverse mapping unit 1504 which is 
configured to perform constellation de-mapping in order to recover the originally 
transmitted data. 15 
 
Whilst an OFDM embodiment is illustrated in Fig. 15, it will be appreciated that 
different types of demodulator may be provided in other embodiments of the present 
invention, according to the particular modulation scheme used. 
 20 
A method performed at the receiver is illustrated in Fig. 16.  First, in step S1601 a 
unipolar signal is received by the unipolar signal receiver 1401.  Then, in step S1602, 
the received signal is filtered by the first and second matched filters 1402a, 1402b, 
enabling the receiver to separate out symbols from the first and second pulse filters of 
the transmitter.  Then, in step S1603 the symbol detector 1403 performs symbol 25 
detection on the first and second filtered signals to obtain a plurality of symbols.  
Depending on the particular transmission scheme used, the method may further 
comprise a demodulation and/or demapping step to convert the plurality of symbols 
into data bits. 
 30 
Referring now to Fig. 17, apparatus for transmitting data via a unipolar signal is 
illustrated, according to an embodiment of the present invention.  Apparatus for 
receiving the transmitted unipolar signal is illustrated in Fig. 18.  Together, the 
transmitting apparatus of Fig. 17 and the receiving apparatus of Fig. 18 form a system 
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for transmitting and receiving data via the unipolar signal emitted by an LED 1705 in 
the transmitter. 
 
In the present embodiment, the apparatus for transmitting data via a unipolar signal 
comprises a data symbol generator 1701, a symbol allocating unit 1702, a pulse shaping 5 
filter bank 1703, a DC offset unit 1704, and a unipolar transmitter 1705.  The symbol 
allocating unit 1702 comprises a polarity mapping unit 1702a and an in-
phase/quadrature symbol separator 1702b.  The pulse shaping filter bank 1703 
comprises first, second and third pulse shaping filters 1703a, 1703b, 1703c.  The in-
phase/quadrature symbol separator 1702b is configured to allocate an in-phase part of 10 
a quadrature symbol to the first pulse shaping filter 1703a, and is configured to allocate 
a quadrature component of a quadrature symbol to the second pulse shaping filter 
1703b.  The polarity mapping unit 1702a is configured to send a polarity signal S3 to the 
third pulse shaping filter 1703c, to signal to the receiver whether or not the polarity of 
the received symbol should be inverted. 15 
 
The receiving apparatus comprises a unipolar signal receiver 1801, a DC offset 
removing unit 1802, a matched filter bank 1803, a symbol detector 1804, and a 
demodulator 1805.  The matched filter bank 1803 comprises first, second and third 
matched filters 1803a, 1803b, 1803c, which are matched respectively to the first, 20 
second and third pulse shaping filters 1703a, 1703b, 1703c of the transmitter.  The first 
matched filter 1703a outputs a first filtered signal which contains the in-phase 
component of the quadrature symbol, and the second matched filter 1703b outputs a 
second filtered signal which contains the quadrature component of the quadrature 
symbol. 25 
 
The symbol detector 1804 comprises an amplitude detector 1804a which determines 
the respective amplitudes of the in-phase and quadrature components of a received 
data symbol.  The in-phase and quadrature components can be combined to obtain the 
quadrature data symbol, which is then passed to the polarity de-mapping unit 1804b.  30 
The polarity de-mapping unit 1804b determines whether to invert the polarity of the 
quadrature data symbol according to the output of the third matched filter 1803c, 
which indicates the value of the polarity signal for the current data symbol. 
 
In the present embodiment the receiver and transmitter are configured for use in a VLC 35 
system, and the unipolar signal receiver 1801 comprises a photodetector.  In other 
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embodiments a different type of receiver may be provided, depending on the type of 
unipolar signal that is used. 
 
The data symbol generator 1701 generates data symbols by performing constellation 
mapping.  The data symbol generator 1701 assigns log2 M data bits to a quadrature 5 
signal ( )ℑℜ += SSS   in a two-dimensional (2D) signal space S , for example a QAM 
constellation.  The polarity mapping unit 1702a then converts the 2D symbol S  into a 
3D symbol S by first converting the 2D symbol S  to a symbol S  according to the 
following rule: 
 10 
 
 
and simultaneously generating a polarity pulse S3 if S  is inverted.  The polarity pulse S3 
is sent to a third pulse shaping filter 1703c in the pulse shaping filter bank 1703.  The 
third pulse shaping filter 1703c is configured to apply a pulse shape which is orthogonal 15 
to first and second pulse shapes applied by first and second pulse shaping filters 1703a, 
1703b, respectively.  A corresponding third matched filter 1803c can be used at the 
receiver to separate the polarity pulse signal and determine whether or not the original 
symbol was inverted by the polarity mapping unit 1702a.  If it is determined that the 
polarity of the symbol was inverted at the transmitter, then the polarity of the received 20 
symbol is inverted in the polarity de-mapping unit 1804b at the receiver, before passing 
the symbol to the demodulator 1805. 
 
Afterward, the symbol S is split into the in-phase and quadratic parts;  and , 
respectively, to form the 3D symbol .  The 3D symbol therefore 25 
comprises three components, ,  and , which are filtered by separate ones of the 
orthogonal pulse shaping filters 1703a, 1703b, 1703c.  This allows the receiver to 
recover the separate components of the 3D symbol by applying the corresponding 
matched filters 1803a, 1803b, 1803c.   
 30 
The three components of the 3D signal، ,  and , which may also be referred to as 
the constellation coefficients, then have the designated pulse shapes applied at the 
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transmitter translate S  into a continuous time-domain signal (S(t)) which can be 
expressed as: 
 
 
 5 
where ,  and  are the three orthogonal pulse shapes that are utilized to 
transmit ، ,  and  respectively. 
 
In the present embodiment, the time-domain signal S(t) that is generated by summing 
the first, second and third filtered signals in the transmitter is a bipolar signal.  Hence 10 
the transmitter further comprises the DC offset unit 1704 which applies a DC bias to 
convert the bipolar time-domain signal S(t) to a unipolar signal that can be used to 
modulate the transmitting LED 1705.  Assuming a linear relationship between the 
output optical power of the LED 1705 and the input drive current, the transmitted 
optical signal So can be formulated as: 15 
 
( ) ( ) CtStSo +=  
 
where C is the minimum required DC shift to ensure the unipolarity of S(t).  Although a 
DC offset is still required in the embodiment of Figs. 17 and 18, the DC offset is lower 20 
than would be required in a conventional DC-OFCM transmission system.  Hence the 
unipolar signal transmission system illustrated in Figs. 17 and 18 can achieve a higher 
energy efficiency than conventional DC-OFDM transmission systems. 
 
Referring now to Fig. 19, a graph is illustrated comparing the performance of unipolar 25 
wireless communication systems according to embodiments of the present invention 
against DC-OFDM transmission systems.  Figure 19 plots the bit error rate (BER) as a 
function of the energy per bit to noise power spectral density ratio (Eb/N0) for DC-
OFDM transmission systems with different constellation orders M, together with 
simulation results for corresponding unipolar OFDM systems according to 30 
embodiments of the present invention.  As shown in Fig. 19, for any given value of the 
energy per bit to noise power spectral density ratio, a unipolar OFDM system according 
to an embodiment of the present invention provides a lower BER than a respective DC-
OFDM system. 
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Referring now to Fig. 20, four orthogonal pulse shapes that can be applied by a bank of 
up to four pulse shaping filters is illustrated, according to an embodiment of the 
present invention.  In the embodiment shown in Fig. 20, a unipolar MHP pulse shape 
(n=0) can be used as a first pulse shape, a first order MHP pulse shape (n=1) can be 5 
used as a second pulse shape, a second order MHP pulse shape (n=2) can be used as 
third pulse shape, and a fourth order MHP pulse shape (n=4) can be used as a fourth 
pulse shape, according to an embodiment of the present invention. 
 
Depending on the embodiment, some or all of the orthogonal pulse shapes could be 10 
applied by a pulse shaping filter bank.  In one embodiment a pulse shaping filter bank 
may include three pulse shaping filters, each of which is configured to apply a different 
one of three orthogonal pulse shapes from among those illustrated in Fig. 20.  For 
example, in a bank of three pulse shaping filters, the unipolar MHP pulse shape (n=0) 
can be used as a first pulse shape, a first order MHP pulse shape (n=1) can be used as a 15 
second pulse shape, and a second order MHP pulse shape (n=2) can be used as third 
pulse shape, according to an embodiment of the present invention. 
 
Whilst certain embodiments of the invention have been described herein with reference 
to the drawings, it will be understood that many variations and modifications will be 20 
possible without departing from the scope of the invention as defined in the 
accompanying claims. 
 
Referring now to Fig. 19, apparatus for transmitting data via a unipolar signal is 
illustrated, according to an embodiment of the present invention.  Apparatus for 25 
receiving the transmitted unipolar signal is illustrated in Fig. 20.  Together, the 
transmitting apparatus of Fig. 19 and the receiving apparatus of Fig. 20 form a system 
for transmitting and receiving data via the unipolar signal emitted by an LED 1905 in 
the transmitter. 
 30 
In the present embodiment, the apparatus for transmitting data via a unipolar signal 
comprises a data symbol generator 1901, a symbol allocating unit 1902, a pulse shaping 
filter bank 1903, a DC offset unit 1904, and a unipolar transmitter 1905.  The symbol 
allocating unit 1902 comprises an in-phase/quadrature symbol separator 1902a and a 
polarity mapping unit 1902b.  The pulse shaping filter bank 1903 comprises one or 35 
more first pulse-shaping filters 1903a and one or more second pulse-shaping filters 
- 21 - 
1903b.  The polarity mapping unit 1902b is configured to allocate a positive in-phase 
component or an inverted in-phase component of a quadrature symbol to a selected 
filter among the one or more first pulse shaping filters 1903a, and is configured to 
allocate a quadrature component or an inverted quadrature component of a quadrature 
symbol to a selected filter among the one or more second pulse shaping filters 1903b.  5 
 
The receiving apparatus comprises a unipolar signal receiver 2001, a DC offset 
removing unit 2002, a matched filter bank 2003, a symbol detector 2004, and a 
demodulator 2005.  The matched filter bank 2003 comprises one or more first matched 
filters 2003a and one or more second matched filters 2003b, which are matched 10 
respectively to the one or more first and second pulse-shaping filters 1903a, 1903b of 
the transmitter.  The one or more first matched filters 2003a are configured to output 
first filtered signals which contain the in-phase component of the quadrature symbol, 
and the one or more second matched filters 2003b are configured to output second 
filtered signals which contain the quadrature component of the quadrature symbol. 15 
 
The symbol detector 2004 comprises an in-phase and a quadrature amplitude detector 
2004a that determines the respective amplitudes of the in-phase and quadrature 
components of a received data symbol and outputs first and second detected signals.  
Then the first and second signals are passed through a polarity de-mapping unit 2004b 20 
to determine the polarity of the in-phase and quadrature components in order to obtain 
the quadrature data symbol. 
 
In the present embodiment the receiver and transmitter are configured for use in a VLC 
system, and the unipolar signal receiver 2001 comprises a photodetector.  In other 25 
embodiments a different type of receiver may be provided, depending on the type of 
unipolar signal that is used. 
 
The data symbol generator 1901 generates data symbols by performing constellation 
mapping.  The data symbol generator 1901 assigns log2 M data bits to complex point 30 
 in a two-dimensional (2D) signal space , Ċ, for example a QAM 
constellation.  The in-phase and quadrature components separator 2004a splits the in-
phase and quadrature components and the polarity mapping unit 2002a then sends  
and , respectively, to the selected pulse–shaping filter  among the one or more 
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first pulse-shaping filters 1903a and to the selected pulse-shaping filter 
 among the one or more second pulse-shaping filters 1903b.  In the 
present embodiment the in-phase and quadrature components separator 2004a uses a 
look up table to convert the 2D symbol S  into a (NI, N2)-D symbol  =  +  
by converting the 2D symbol  to the combined signal of  and  according to 5 
the following rule: 
 
 
 
Thus, the continuous time signal  can be expressed mathematically as a weighted 10 
linear combination of the one or more first and second pulse-shaping filters 1903a, 
1903b by: 
 
Given the employed look up table,  is either the positive or the inverted pulse 
shape    and, similarly,  is the positive or the inverted pulse shape . 15 
The look up table can be generated in more than one way: 
 
Criterion 1: by choosing only two pulse shapes such that the required DC shift in the DC 
offset unit 1904 to transmit all the symbols in the constellation Ċ is minimized, i.e. all 
the quadrature components of the constellation points and  are mapped to the 20 
positive and negative pulse shapes of   and .  Thus, based on this selection 
method the one or more first and second pulse shaping filters 1903a, 1903b comprises 
only one selected pulse shape  and , respectively.  
 
Criterion 2: A first and second plurality of pulse shapes are selected such that the 25 
required DC shift in the DC offset unit 1904 to transmit each quadrature plane in the 
constellation Ċ is minimized, i.e. the quadrature components of the first quadrature 
plane that has and  are mapped  to the combination of pulse shapes  
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 and  that minimizes the required DC-shift to transmit all the quadrature 
components of the first quadrature plane,  the quadrature components of the second 
quadrature plane that has and  are mapped  to the combination of pulse 
shapes   and  that minimizes the required DC-shift to transmit all the 
quadrature components of the second quadrature plane,  the quadrature components of 5 
the third quadrature plane that has and  are mapped  to the combination 
of pulse shapes   and  that minimizes the required DC-shift to transmit 
all the quadrature components of the third quadrature plane and the quadrature 
components of the fourth quadrature plane that has and  are mapped  to 
the combination of pulse shapes   and  that minimizes the required DC-10 
shift to transmit all the quadrature components of the fourth quadrature plane.                 
                
Criterion 3: A first and second plurality of pulse shapes are selected such that the 
required DC shift in the DC offset unit 1904 to transmit each symbol in the 
constellation Ċ is minimized.   15 
 
One or more corresponding first and second matched filters 2003a, 2003b can be used 
at the receiver to separate the transmitted signals  and , respectively, 
and output one or more first matched signals  and one or more second matched 
signals .  Then the symbol detector unit 2004 determines the amplitude of the 20 
quadrature components and determines whether or not the original in-phase and/or 
quadrature components were inverted by the polarity mapping unit 1902b using the in-
phase/quadrature amplitude detector 2004a and the polarity de-mapping unit 2004b.  
In the present embodiment the in-phase/ quadrature amplitude detector 2004a 
comprises first and second amplitude detectors that detect the signals which have the 25 
maximum amplitude values among the one or more first and second matched signals of 
 and , respectively,  and output a first detected signal  and a second 
detected signal , respectively.  Then, the polarity de-mapping units 2004b de-maps 
the first and second detected signals based on an inverse look up table that is the 
inverse of the look up table used at the transmitter.  If the in-phase/quadrature 30 
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amplitude detector 2004a determines based on the inverse look up table that the 
polarity of the in-phase and/or the quadrature components is inverted at the 
transmitter, then the polarity of each of the detected amplitude of the in-phase and the 
quadrature components is inverted in the polarity de-mapping unit 2004b at the 
receiver, before passing the symbol to the demodulator 2005.  The above discussed 5 
receiver is a low computationally complex detector, however, a computationally 
complex joint maximum likelihood detector can be utilized to detect the transmitted 
symbol by comparing the first and second matched filters 2003a, 2003b to all the 
possible corresponding transmitted signals  and , respectively.    
 10 
Referring now to Fig. 21, a graph is illustrated comparing the performance of unipolar 
wireless communication systems according to embodiments of the present invention 
against DC-OFDM transmission systems.  Figure 21 plots the bit error rate (BER) as a 
function of the energy per bit to noise power spectral density ratio (Eb/N0) for DC-
OFDM transmission systems with different constellation orders M, together with 15 
simulation results for corresponding unipolar OFDM systems according to 
embodiments of the present invention.  As shown in Fig. 21, for any given value of the 
energy per bit to noise power spectral density ratio, a unipolar OFDM system according 
to an embodiment of the present invention provides a lower BER than a respective DC-
OFDM system. 20 
 
Referring now to Fig. 22, four orthogonal pulse shapes that can be applied by a bank of 
up to four pulse shaping filters is illustrated, according to an embodiment of the 
present invention.  In the embodiment shown in Fig. 22, a unipolar MHP pulse shape 
(n=0) can be used as a first pulse shape, a first order MHP pulse shape (n=1) can be 25 
used as a second pulse shape, a second order MHP pulse shape (n=2) can be used as 
third pulse shape, and a fourth order MHP pulse shape (n=4) can be used as a fourth 
pulse shape, according to an embodiment of the present invention. 
 
Depending on the embodiment, some or all of the orthogonal pulse shapes could be 30 
applied by a pulse shaping filter bank.  In one embodiment a pulse shaping filter bank 
may include three pulse shaping filters, each of which is configured to apply a different 
one of three orthogonal pulse shapes from among those illustrated in Fig. 22.  For 
example, in a bank of three pulse shaping filters, the unipolar MHP pulse shape (n=0) 
can be used as a first pulse shape, a first order MHP pulse shape (n=1) can be used as a 35 
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second pulse shape, and a second order MHP pulse shape (n=2) can be used as third 
pulse shape, according to an embodiment of the present invention. 
 
Whilst certain embodiments of the invention have been described herein with reference 
to the drawings, it will be understood that many variations and modifications will be 5 
possible without departing from the scope of the invention as defined in the 
accompanying claims. 
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Claims 
 
1. Apparatus for transmitting a symbol via a unipolar signal, the apparatus 
comprising: 
a symbol allocating unit configured to receive a symbol and allocate the symbol 5 
to one or more signals among a plurality of signals; 
a filter bank comprising a plurality of orthogonal pulse shaping filters each 
configured to apply pulse shaping to a respective one of the plurality of signals and 
output a filtered signal, wherein the filtered signals outputted by the plurality of pulse 
shaping filters are orthogonal signals; and 10 
a transmitter configured to transmit the sum of the filtered signals as a unipolar 
signal, wherein the transmitted signal is a weighted sum of the orthogonal pulse 
shapes. 
 
2. The apparatus according to claim 1, wherein the symbol is a quadrature symbol 15 
and the symbol allocating unit is configured to allocate an in-phase component of the 
quadrature symbol to a first one of the plurality of signals and allocate a quadrature 
component of the quadrature symbol to a second one of the plurality of signals. 
 
3. The apparatus according to claim 1, wherein the symbol allocating unit is 20 
configured to receive a symbol as a bipolar signal and the plurality of signals comprises 
a first signal and a second signal, wherein the symbol allocating unit comprises: 
a polarity detector configured to allocate the symbol either to the first signal or 
to both the first and second signals by determining a polarity of the symbol, allocating 
the symbol to the first signal only in response to a determination that the symbol has a 25 
first polarity, and allocating the symbol to both the first and second signals in response 
to a determination that the symbol has an opposite polarity to the first polarity, and 
a polarity mapper configured to invert a polarity of a negative symbol before 
pulse shaping is applied. 
 30 
4. The apparatus according to claim 1, 2 or 3, wherein the filter bank comprises: 
a first pulse shaping filter configured to apply a unipolar first modified Hermite 
pulse (MHP) shape; and 
a second pulse shaping filter configured to apply an orthogonal bipolar second 
MHP pulse shape, 35 
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wherein a sum of the first MHP pulse shape and the second MHP pulse shape is 
unipolar. 
 
5. The apparatus according to claim 1, 2 or 3, wherein the filter bank comprises: 
a first pulse shaping filter configured to apply a unipolar first square pulse 5 
shape; and 
a second pulse shaping filter configured to apply an orthogonal bipolar second 
square pulse shape, 
wherein a sum of the first square pulse shape and the second square pulse shape 
is unipolar. 10 
 
6. The apparatus according to claim 1, 2 or 3, wherein the filter bank comprises: 
a first pulse shaping filter configured to apply a unipolar first prolate spheroidal 
wave functions (PSWF) pulse shape; and 
a second pulse shaping filter configured to apply an orthogonal bipolar second 15 
PSWF pulse shape, 
wherein a sum of the first PSWF pulse shape and the second PSWF pulse shape 
is unipolar. 
 
7. The apparatus according to claim 1, wherein the symbol is a quadrature symbol, 20 
the plurality of signals comprises first, second and third signals, and the filter bank 
comprises first, second and third filters configured to apply pulse shaping to the first, 
second and third signals respectively, 
wherein the symbol allocating unit is configured to allocate an in-phase 
component of the symbol to the first signal and to allocate a quadrature component of 25 
the symbol to the second signal, 
wherein the symbol allocating unit is further configured to determine the 
polarity of the symbol, invert a polarity of the symbol before pulse shaping is applied in 
response to a determination that the symbol has a negative polarity, and control the 
third signal to indicate whether or not the polarity of the symbol was inverted. 30 
 
8. The apparatus according to claim 1, wherein the symbol is a quadrature symbol, 
the plurality of signals comprises one or more first signals and one or more second 
signals, the filter bank comprises one or more first filters and one or more second filters 
configured to apply pulse shaping to the one or more first and second signals 35 
respectively, and the symbol allocating unit is configured to determine the amplitude 
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and polarity of each of an in-phase and quadrature components of the symbol, and to 
allocate the in-phase component to one of the one or more first signals and to allocate 
the quadrature component to one of the one or more second signals according to a 
predetermined look up table. 
 5 
9. The apparatus according to claim 8, wherein the one or more first signals 
comprises a first signal and the one or more second signals comprises second, third and 
fourth signals, the one or more first orthogonal pulse-shaping filters comprises a first 
pulse shaping filter and the one or more second orthogonal pulse-shaping filters 
comprises second, third and fourth filters, and the first, second, third and fourth 10 
orthogonal pulse-shaping filters are configured to apply pulse shaping to the first, 
second, third and fourth signals respectively, 
wherein in response to a determination that the in-phase component has a 
positive polarity, the symbol allocating unit is configured to allocate the positive in-
phase component to the first signal and allocate the quadrature component to the 15 
second signal, 
wherein in response to a determination that the in-phase component has a 
negative polarity, the symbol allocating unit is configured to invert a polarity of the in-
phase component and allocate the inverted in-phase component to the first signal, to 
allocate the quadrature component to the third signal in response to a determination 20 
that the quadrature component has a positive polarity, and to invert a polarity of the 
quadrature component and allocate the inverted quadrature component to the fourth 
signal in response to a determination that the quadrature component has a negative 
polarity. 
 25 
10. The apparatus according to claim 1, wherein the sum of the filtered signals 
comprises a bipolar signal, and the apparatus further comprises: 
a direct current DC biasing unit configured to apply a DC bias to convert the 
bipolar signal to a unipolar signal, before the filtered signals are transmitted by the 
transmitter. 30 
 
11. The apparatus according to any one of the preceding claims, wherein the 
unipolar signal generator is configured to transmit the filtered signals as a Visible Light 
Communication VLC signal. 
 35 
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12. Apparatus for receiving a symbol via a unipolar signal, the apparatus 
comprising: 
a receiver configured to receive a unipolar signal; 
a matched filter bank comprising a plurality of orthogonal matched filters each 
configured to apply filtering to the received unipolar signal and output a filtered signal; 5 
and 
a symbol detector configured to perform symbol detection on the plurality of 
filtered signals outputted by the matched filter bank to determine the received symbol. 
 
13. The apparatus of claim 12, wherein the matched filter bank comprises first and 10 
second matched filters configured to output first and second matched signals 
respectively, and the apparatus further comprises: 
a polarity detector configured to determine the polarity of the received symbol 
by comparing the difference in amplitude between the first filtered signal and the 
second filtered signal to the amplitude of the second filtered signal, and assigning a 15 
polarity to said received symbol according to the result of the comparison; and 
a polarity de-mapper configured to invert the polarity of the symbol in response 
to the polarity detector assigning a negative polarity to the symbol. 
 
14. The apparatus of claim 12, wherein the matched filter bank comprises first, 20 
second and third matched filters configured to output first, second and third matched 
signals respectively, and the apparatus further comprises: 
a polarity detector configured to determine the polarity of the symbol by 
detecting the amplitude of the third filtered signal, and assigning a polarity to the 
symbol according to the result of the detected amplitude; and 25 
a polarity de-mapper configured to invert a polarity of the symbol in response to 
the polarity detector assigning a negative polarity to the symbol. 
 
15. The apparatus of claim 12, wherein the received symbol is a quadrature symbol, 
the matched filter bank comprises one or more first matched filters and one or more 30 
second matched filters configured to output one or more first matched signals and one 
or more second matched signals, wherein the one or more first matched filters are 
matched to one or more orthogonal pulse shaping filters of a transmitter and the one or 
more second matched filters are matched to one or more second orthogonal pulse 
shaping filters of the transmitter, and the apparatus further comprises: 35 
- 30 - 
first and second amplitude detectors configured to detect the maximum 
amplitude value of each of the signals among the one or more first and second matched 
signals and output first and second detected signals, respectively; and 
a polarity detector for detecting the polarity of an in-phase and a quadrature 
component in response to the detected combination of the first and second detected 5 
signals according to an inverse look up table. 
 
16. The apparatus of claim 15, wherein the one or more first matched filters 
comprises a first matched filter configured to output a first matched signal, the one or 
more second matched filters comprises second, third and fourth matched filters 10 
configured to output second, third and fourth matched signals respectively,  
wherein the first amplitude detector is configured to output the first detected 
signal based on the first matched signal and the second amplitude detector is 
configured to output the second detected signal based on the second, third and fourth 
matched signals,  15 
wherein the polarity detector is configured to determine the polarity of the in-
phase component and the amplitude and polarity of the quadrature component 
according to which one of the second, third and fourth matched signals is detected as 
the second detected signal, and 
wherein in response to the second detected signal being the second matched 20 
signal the polarity detector is configured to determine that the in-phase component has 
the same polarity as the first matched signal and that the quadrature component has 
the same polarity as the second matched signal,  
wherein in response to the second detected signal being the third matched 
signal the polarity detector is configured to determine that the in-phase component has 25 
the opposite polarity to the first matched signal and that the quadrature component has 
the same polarity as the third matched signal, and  
wherein in response to the second detected signal being the fourth matched 
signal the polarity detector is configured to determine that the in-phase component has 
the opposite polarity to the first matched signal and that the quadrature component has 30 
the opposite polarity to the fourth matched signal. 
 
17. A wireless communication system comprising: 
a unipolar signal transmitter comprising the apparatus according to claim 1; 
and  35 
a unipolar signal receiver comprising the apparatus according to claim 12. 
- 31 - 
 
18. A method of transmitting a symbol via a unipolar signal, the method 
comprising: 
allocating a symbol to one or more signals among a plurality of signals; 
applying pulse shaping to the plurality of signals to obtain a plurality of filtered 5 
signals, wherein the filtered signals are orthogonal signals; and 
transmitting the sum of the filtered signals as a unipolar signal, wherein the 
transmitted signal is a weighted sum of the filtered signals. 
 
19. A method of receiving a symbol via a unipolar signal, the method comprising: 10 
receiving a unipolar signal; 
applying a plurality of orthogonal matched filters to the received unipolar signal 
to obtain a plurality of filtered signals; and 
performing symbol detection on the plurality of filtered signals to determine the 
received symbol. 15 
 
20. A non-transitory computer-readable storage medium arranged to store 
computer program instructions which, when executed, perform a method according to 
claim 18 or 19. 
 20 
- 32 - 
Abstract 
 
Transmitting and Receiving Symbols via Unipolar Signals 
A method of transmitting data via a unipolar signal comprises allocating a symbol to 
one or more signals among a plurality of signals, applying pulse shaping to the plurality 5 
of signals to obtain a plurality of filtered signals, wherein the filtered signals are 
orthogonal signals, and transmitting the sum of the filtered signals as a unipolar signal, 
wherein the transmitted signal is a weighted sum of the filtered signals.  The data can 
be recovered at the receiver by applying a plurality of orthogonal matched filters to the 
received unipolar signal to obtain a plurality of filtered signals, and performing symbol 10 
detection on the plurality of filtered signals to determine the received symbol.  
Apparatus for transmitting and receiving unipolar signals are also disclosed. 
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Abstract—In this paper, a novel low-complexity and spectrally
efficient modulation scheme for visible light communication
(VLC) is proposed. Our new spatial quadrature modulation
(SQM) is designed to efficiently adapt traditional complex mod-
ulation schemes to VLC; i.e. converting multi-level quadrature
amplitude modulation (M -QAM), to real-unipolar symbols, mak-
ing it suitable for transmission over light intensity. The proposed
SQM relies on the spatial domain to convey the orthogonality
and polarity of the complex signals, rather than mapping bits
to symbol as in existing spatial modulation (SM) schemes. The
detailed symbol error analysis of SQM is derived and the
derivation is validated with link level simulation results. Using
simulation and derived results, we also provide a performance
comparison between the proposed SQM and SM. Simulation
results demonstrate that SQM could achieve a better symbol
error rate (SER) and/or data rate performance compared to the
state of the art in SM; for instance a Eb/No gain of at least 5 dB
at a SER of 10−4.
Index Terms—Visible light communications, direct detection,
Intensity modulation, spatial modulation.
I. INTRODUCTION
Visible light communication (VLC), which once sounded
like a futuristic concept, has now morphed into an emerging
technology. The potential of this technology has been recog-
nized by academia and industry and, hence, heavy investment
has recently been made to develop it further [1]. The main
catalyst behind the increasing interest in VLC technology is
the deployment of light emitting diodes (LEDs) as access
points for wireless connectivity. These LEDs are ecologically
friendly and one of today’s most energy-efficient technologies,
hence enabling green wireless communication. However, their
low intrinsic modulation bandwidth (BW) is limiting VLC
from achieving extremely high data rates. Furthermore, adopt-
ing complex modulations such as M -QAM and quadrature
phase shift keying (QPSK) to mitigate this limited BW is not
feasible, due to the signaling waveform in VLC. It should be
recalled that in VLC the input data is predominantly intensity
modulated and transmitted across an optical channel, then the
optical power is directly detected and converted into electri-
cal current by using a photo detector (PD). This signaling
strategy imposes constrains upon the transmitted signal to
be real valued and positive, leading to the need to develop
efficient solutions to make the complex modulations suitable
for intensity modulation/direct detection (IM/DD) systems.
To mitigate the aforementioned challenges, several multi-
input multi-output (MIMO) techniques have been proposed in
the literature. Schemes such as spatial modulation (SM) have
been proposed to overcome the limited BW [2]. Other schemes
such as optical space modulation (OSM) have been proposed
to transmit bipolar signals [3]. SM exploits the spatial domain
to transform information bits by modulating the index of
the antenna. This technique completely avoids inter-channel
interference (ICI) by only activating one antenna at each time
instance. Therefore, boosting the data rate through this scheme
would require drastic increase in the number of transmitting
antennas (data rate increases with the logarithm of the antenna
number). On the other hand, OSM employs the spatial domain
as a mean to transfer the polarity of the signal. However, OSM
requires converting the complex signal to a real-valued signal
using the Hermitian symmetry and the inverse fast fourier
transformation (IFFT). This modification reduces the spectral
efficiency (SE) by a factor of two.
Accordingly, this paper aims at improving the work in [3]
by considering in-phase and quadrature transmission in the
spatial domain, but without the need for Hermitian symmetry
or IFFT, which are detrimental to the SE and complexity,
respectively. In our proposed scheme, entitled SQM, the use of
the spatial domain is expanded to convey orthogonality along
with polarity to transform the complex signals to real-unipolar
signals without sacrificing the SE, as opposed to [3]. Though
it might be misleading to use the term quadrature modulation
since it refers conventionally to the combined modulation
of the amplitude and the phase, here the quadrature term
refers to the combined modulation of the amplitude and the
spatial index, wehere the phase is mapped to the spatial index.
Therfore, It should be also noted here that spatial domain is
not exploited to transmit any information bits. Consequently,
in contrast to [2], [4] increasing the modulation order does not
increase the number of required LEDs, as it will be shown in
section II. Furthermore, in certain scenarios our SQM scheme
can correct transmission error, i.e. even if the index of the
antenna was incorrectly detected, the transmitted symbol can
still be perfectly recovered without introducing any symbol
error. In addition, our proposed SQM scheme implements a
low complexity receiver, unlike the joint detection in [2] where
an increase of one modulation order yields a two-fold increase
in complexity, that is composed of two maximum likelihood
detection (MLD) phases. Phase one detects the index of the
transmitter, while phase two detects the amplitude, which
limits the increase in complexity for high modulation order.
The rest of the paper is organized as follows. In section II,
the optical channel topology and the developed approach are
described. Section III presents the analysis of the SER for our
proposed SQM scheme. Section IV presents simulation results
and comparisons. Finally, section V concludes the paper.
II. SYSTEM MODEL FOR LED-BASED ORTHOGONAL
TRANSMISSION
A. Scenario of interest
In this paper, we consider an indoor VLC system installed
inside a room with dimension (Lenght ×Width × Height) 4.0
× 4.0 × 3.0 m as it is shown in Fig. 1. The VLC system is
composed of Nt LEDs that are installed at a height of z =
2.25 m and oriented downwards to point straight down from
the ceiling. The receiving Nr PDs are placed on a table with
a height of z = 0.75 m. At each LED, the input electrical
current is IM and transmitted over an Nt×Nr optical MIMO
channel H. The optical power at the PDs is directly converted
back into electrical current, such that y = Hx + n, where
y = [y1, y2, · · ·Nr] are the received electrical currents. Vector
x = [x1, x2, · · ·Nt] represents the transmitted optical signals.
The sum of the ambient shot light noise and thermal noise,
n = [n1, n2, · · ·Nr], is modeled as a real valued additive white
Gaussian noise (AWGN) with zero mean and variance σ2n i.e.
N (0, σ2n). The MIMO matrix H is given by
H =

h1,1 h1,2 . . . h1,Nt
...
...
. . .
...
hNr,1 hNr,2 . . . hNr,Nt
 ,
where the line-of-sight (LOS) optical path loss between the i-
th PD and the j-th LED, hi,j , is estimated by assuming that the
optical radiation is similar to a Lambertian radiation pattern
[5]. Therefore, hi,j can be expressed as
hi,j =

w2iAi
d2i,j sin
2(ψci)
Ro(φi,j) cos(ψi,j) 0 ≤ ψi,j ≤ ψci
0 ψi,j > ψci .
(1)
where Ai is the detector area, wi denotes the refractive
index, and di,j is the distance between the i-th PD and the
j-th LED. Moreover, φi,j and ψi,j are the irradiance and
incidence angles, respectively, and ψci is the field of view
(FOV) semiangle of the PD. Here, the channel direct current
(DC) luminous intensity gain, Ro(φ), is given by Ro(φi,j) =
[(m+ 1)/2pi] cosm(φi,j), where m = − ln(2)/ ln(cosφ1/2j )
and denotes the order of the Lambertian emission, Here,
φ1/2j represents the transmitter semi-angle. Furthermore, we
assume an ideal synchronization of all the links and that time
dispersion is negligible [6]. This is due to the fact that LEDs
and PDs are in close proximity, as it is depicted in Fig. 1.
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Fig. 2. Block Diagram of the SQM Scheme.
B. SQM Transceiver Structure
In this paper, we propose a novel multiple antenna trans-
mission scheme for VLC, known as SQM. Contrary to the
traditional SM scheme of [4] for which the number of LEDs
increases with the modulation order, only four LEDs are
required in our SQM scheme regardless of the order of the
modulation scheme, as it is depicted in Fig. 2. It can be seen
from Fig. 2 that after the data bits have been mapped into
a symbol S, the latter is split into in-phase and quadratic
parts; S< and S=. Subsequently, the polarity of S< and S=
determines the LED from which these parts of S are then
transmitted, as it is illustrated in Table I. The LEDs are then
used to modulate the signals S˜< and S˜= (through IM) and
transmit them across the optical wireless channel H. Though
the number of required transmitting LEDs in our scheme is
Nt = 4, naturally, the number of active LEDs at each symbol
time, Ts, is two and this applies to the PDs as well. This is
unlike the state of the art spatial division multiplexing (SDM)
which requires all transmitters to be activated at each Ts [7].
In SQM, as in [8], perfect alignment between the transmit-
TABLE I
SIGNAL TO LED ALLOCATION
Signal Polarity LED No. Transmitted Signal
S< > 0 1 S˜< = S<
S< < 0 2 S˜< = |S<|
S= > 0 3 S˜= = S=
S= < 0 4 S˜= = |S=|
ters and the receivers is required to totally avoid ICI. This
perfect alignment between the transmitters and the receivers
can be established in practice if the distance between trans-
mitters satisfies the following condition, which can be easily
derived by using trigonometry rules and (1), such that
dTx ≥
√
2
(
h tan(ψcj )
)2 − (dRx)2.
Assuming that ψcj = 15
o, h = 2.25 − 0.75 = 1.5 m and the
spacing of the receivers is such that dRX = 0.1 m, which
would allow the PDs array to be implemented into typical
laptop computers, the distance between the transmitters, dTx,
should be more than ≥ 0.559 m to allow for perfect alignment
between the LEDs and the PDs. Under this condition, the
channel matrix will become a diagonal matrix, such that
HdTX=0.6m = 10
−4

0.7976 0 0 0
0 0.7976 0 0
0 0 0.7976 0
0 0 0 0.7976
 .
Though this specific alignment is not practical for mobile
receivers, it can be implemented for static receivers, e.g. video
conferencing. In addition, in cases where perfect alignment
is not feasible, pre-coding at the LEDs can be used to
compensate for the misalignment [9].
At the receiver, MLD is employed to estimate the indices
of the active LEDs and the amplitude of transmitted symbols.
It should be recalled that transmitting S< would require
either the first or the second LED to be active. Therefore, to
detect the index of the transmitting LED of S<, the following
detection metric is defined
b¯ = arg max
b
(yb) (2)
where b∈ (1, 2), and b¯ is the estimated transmitting LED index
of S<. Consequently, the real part of the received signal will
be detected based on the following rule
S¯< =
{
y1 if b¯ = 1;
−y2 if b¯ = 2 .
(3)
Similarly for S=, the decision rule is defined as
k¯ = arg max
k
(yk)
where k ∈ (3, 4), and k¯ is the estimated transmitting LED
index of S=. Thus, the imaginary part of the received signal
will be estimated as
S¯= =
{
jy3 if k¯ = 3;
−jy4 if k¯ = 4;
It should be noted that at this stage, contrary to SM, no
information bits are de-mapped or decoded. Afterward, the
</= combiner recombines S¯< and S¯= for each symbol, such
that S¯ = S¯< + S¯=. Finally, the detected signal S¯ is passed
through a de-mapper in order to obtain the output bits.
The most noteworthy feature of the proposed receiver is
that it relies on a two phases MLD as it is previously
explained. This architecture is less complex compared to
the joint MLD proposed in [2]; especially for higher order
modulation. For example, considering a modulation order
of M = 256, the received signal y should be compared
against 256 possible transmitted symbols in joint detection.
Whereas in our proposed scheme, the first detection stage
is comprised of two different sets which only requires a
comparison between two signals to determine the indices of
the transmitting symbols. The key feature of this stage is
that its complexity is independent of the modulation order.
In the second stage, each MLD will compare the amplitude of
the received signals against 8 possibilities only. Therefore, a
93% (from 256 to 18 comparisons) reduction in complexity is
achieved through our proposed scheme as compared to joint
detection when M = 256.
III. ANALYTICAL SER OF SQM
In our SQM modulation scheme, a block of information
bits is mapped into a constellation point in the signal domain,
e.g. M -QAM or QPSK. Hence, the in-phase and quadrature-
phase components of the signal could have positive or negative
polarities, as well as multiple amplitude levels. Then each of
these components are mapped to a new signal space points in
the spatial domain to achieve unipolar amplitudes. Therefore,
the first step in the detection process is to establish from which
antennas the real and imaginary parts, respectively, have been
transmitted. Then the second step in the process is to detect the
amplitude (absolute value) of the transmitted symbols. In order
to calculate the SER performance of our SQM scheme, we
have assumed that the two decoding phases are independent,
however, this is not generally the case and the general SER
expression for SQM, which is provided in Proposition 1, is not
the exact SER, but a tight upper-bound. However, for the case
of M = 4, the derived expression is exact as will be shown in
section IV. Note that to simplify the notation, we assumed in
the following that H is unit normalized.
Proposition 1: In the general case, the SER of our SQM
modulation can be tightly upper bounded by
SER =
1
M
M∑
m=1
1−
{
Q
(
−S˜<m√
2σ2n
)
Pc(S¯<m)
Q
(
−S˜=m√
2σ2n
)
Pc(S¯=m)
}
, (4)
where Q(·) is the Q-function. Furthermore, Pc(S¯<m) and
Pc(S¯=m) are the probabilities to correctly estimate the am-
plitude of S¯<m and S¯=m , respectively, when the indices of
the transmitters are correctly decoded.
In the case of M = 4, since S¯<m = S¯=m =
√
Eb, given
that Eb is the energy per bit, and Pc(S¯<m) = Pc(S¯=m) =
Q
(−√2γ), where γ = √Eb/2σ2n, (4) can be simplified.
Furthermore, for this case it will be shown in subsection
III-B that under certain conditions even if the indices of
the transmitting LEDs were detected erroneously, our SQM
scheme would be capable of recovering the symbol correctly.
Hence, the general SER formulation in (4) can be tightened
to get the exact SER for the case of M = 4 as
SER =1−Q2 (−γ )Q2 (−√2γ )− 0.5Q (γ )Q (√2γ )
× [0.5Q (γ )Q (√2γ)+ 2Q (−γ )Q (−√2γ )] , (5)
Note that details regarding the derivations of (4) and (5) are
provided in subsections III-A. and III-B, respectively.
A. General Case
To derive the SER, the pairwise error probability, Pe(S¯m),
is computed by considering all the possible signal constellation
points, S¯m (m = 1, 2, 3, ... M ), such that
SER =
M∑
m=1
P (S¯m)Pe(S¯m), (6)
where P (S¯m) is the probability of each symbol. Note that
Pe(S¯m) = 1 − Pc,c(S¯m, Txc), here, Pc,c(S¯m, Txc) stands
for the probability to correctly decode S¯m when b¯ and k¯
are correctly decoded (Txc ), where Txc is the event when
both b¯ and k¯ are correctly detected. Obviously, Pc,c(S¯m, Txc)
corresponds to the joint probability that the estimate of the am-
plitude of S¯<m and S¯=m are correctly decoded when b¯ and k¯
are correctly estimated and those probabilities will be denoted
by Pc,c(S¯<m , b¯c) and Pc,c(S¯=m , k¯c), respectively. Taking into
account that S¯<m and S¯=m are statically independent, then
Pc,c(S¯m, Txc) = Pc,c(S¯<m , b¯c)Pc,c(S¯=m , k¯c). (7)
The following discussion will consider the derivation
of Pc,c(S¯<m , b¯c) and it can obviously be extended to
Pc,c(S¯=m , k¯c). Let Pc(b¯) and Pc(S¯<m) be the probabilities to
correctly decoded b¯ and the amplitude of S¯<m , respectively.
Based on the assumption that the two decoding phases are
independent, then
Pc,c(S¯<m , b¯c) = Pc(b¯)Pc(S¯<m). (8)
It should be recalled that b¯ is estimated according to (2).
This corresponds to locating the PD whose associated signal
results in the greatest magnitude among a set of two signals.
One of the signals is N (0, σ2n), since the noise is assumed to
be AWGN with zero mean and variance σ2n. Whereas the other
signal is N (S˜<m , σ2n). To illustrate this point, let us assume
that S< is positive. Then, the first signal in the set of the two
received signals; y1 and y2, is a Gaussian random variable
(RV) with mean S˜<m and variance σ
2
n. Thus, the probability
density function (pdf) for y1 is
fy1(x) =
1√
2piσ2n
e
− (x−S˜<m )
2
2σ2n . (9)
The second signal y2 is then N (0, σ2n) and its pdf is given by
fy2(z) =
1√
2piσ2n
e
− (z
2)
2σ2n . (10)
Consequently, the probability of correctly detecting the index
of the real part (b¯) occurs when the amplitude of the signal
received at the first receiver is larger than the amplitude of the
signal at the second receiver i.e. x > z. In other words, when
x − z > 0. It is known that the pdf of a difference of two
normally distributed RVs, x and z, with means and variances
(µx , σx) and (µz , σz), respectively, is given by
fx−z(u) =
e
− [u−(µx−µz)]
2
2(σ2x+σ
2
z)√
(2pi(σ2x + σ
2
z))
. (11)
Therefore, by inserting σ2x = σ
2
z = σ
2
n, µx = S˜<m and µz = 0
in (11), Pc(b¯) can be evaluated by
Pc(b¯) =
∫ ∞
0
e
− (u−S˜<m )
2
4σ2n√
4piσ2n
du
= Q
(
−S˜<m√
2σ2n
)
. (12)
The next step in evaluating Pc,c(S¯<m , b¯c) is to compute
Pc(S¯<m). The latter depends on the constellation layout at
the transmitter and it can be easilty calculated for traditional
constellations, e.g. M -QAM, M -QPSK, based on existing
literature [10]. For instance, let us consider a 4-QPSK con-
stellation, where the distance between the points in the signal
constellation diagram is 2
√
Eb, the Pc(S¯<m) can be repre-
sented as reported in [10] by
P 4c (S¯<m) = Q
(
−
√
2γ
)
. (13)
Similarly, Pc,c(S¯=m , k¯c) can be given by
Pc,c(S¯=m , k¯c) = Q
(
−=m√
2σ2n
)
Pc(S¯=m). (14)
Next, the SER for the general case can be expressed as
SER =
1
M
M∑
m=1
1− Pc,c(S¯<m , b¯c)Pc,c(S¯=m , k¯c), (15)
when assuming equiprobable symbols. Equation (4) can be
obtained by substituting (8), (12), (13) and (14) in (15).
B. Case of M=4
Now, we analyze the SER of our SQM scheme for the
case of M = 4 and show that in certain conditions if the
indices of the transmitting LEDs were received erroneously, it
is still possible to recover the original transmitted symbol. Let
Pc,e(S¯m, Txe) be the probability to correctly decode S¯m when
one or both of b¯ and k¯ are incorrectly decoded. To illustrate
how Pc,e(S¯m, Txe) is derived, an example is provided in
the following. Let us consider that the transmitted symbol
is S1 =
√
Eb(1 + j), then Pe(b¯), the probability that the
transmitting LED index of the real part is incorrectly detected
can be found by using
Pe(b¯) = 1− Pc(b¯)
= Q (γ) . (16)
In other words, this is the probability that the AWGN signal at
the second receiver, given in (10), is larger than the received
signal, given in (9), at the first receiver. That also holds in
the special case when both signals, y1 and y2, are negative,
e.g. when y1 = −0.3 and y2 = −0.2. In this case, since
y2 > y1 the estimated index of the transmitting LED will be
incorrectly detected as b¯ = 2. To summarize, S< being positive
in our example, the active LED (according to Table I) is the
first LED and b¯ should be detected as 1 and not 2. However,
because of the AWGN, the index of the LED was detected
incorrectly; b¯ = 2. Then according to the rule in (3), S¯< will
be estimated as −y2. Based on this rule and since y2 < 0 the
detected signal will have a positive value i.e. in our example
S¯<1 will be detected as −y2 = −(−0.2) = 0.2. Thus this will
cause S¯<1 to be shifted back to the correct quadratic plane
of the constellation, which therefore, will lead to detect the
amplitude correctly. Hence, the probability of detecting S¯<1
correctly when b¯ is incorrectly decoded, Pc,e(S¯<1 , b¯e), occurs
when both the amplitude of the AWGN and desired received
signals are lower than zero. Hence,
Pc,e(S¯<1 , b¯e) = Pe(b¯)P (x < 0)P (z < 0)
= 0.5
[
Q (γ)Q
(√
2γ
)]
. (17)
Following the same methodology, the probability of detecting
S¯=1 correctly when k¯ is incorrectly decoded, Pc,e(S¯=1 , k¯e),
can be found to be equivalent to (17). Having (8), (12),
(13), (14) and (17), the computation of Pc,e(S¯1, Txe) becomes
straightforward. Given the following disjoint causes:
• b¯e and k¯e were incorrectly detected and led to
correctly recover S¯< and S¯= simultaneously,
which corresponds to the probability Pc,e<,=(S¯1) =
Pc,e(S¯<1 , b¯e)Pc,e(S¯=1 , k¯e)
• b¯e or k¯e was incorrectly detected and led to correctly
detect either S¯< or S¯= and that results in the prob-
abilities Pc<,e=(S¯1) = Pc,c(S¯<1 , b¯c)Pc,e(S¯=1 , k¯e) and
Pc=,e<(S¯1) = Pc,e(S¯<1 , b¯e)Pc,c(S¯=1 , k¯c).
This implies that Pc,e(S¯1, Txe) can be expressed as by
Pc,e(S¯1, Txe) = Pc,e<,=(S¯1) + Pc=,e<(S¯1)
+Pc<,e=(S¯1). (18)
This is a significant finding, that highlights a major differ-
ence between SM and SQM. In the former, the estimated index
of the transmitting LED will be de-mapped directly to the
information bits, therefore, an error in the recovered bits will
occur. However, in SQM, as shown in the above formulation,
since demodulation is postponed till the symbol is completely
recovered, an enhancement in the SER is achieved.
Consequently, the formulation of the SER for M=4 is
obtained by subtracting (18) to (15) and knowing that S<m =
S=m =
√
Eb for all the constellation points when M = 4,
such that
SER4 = 1−
(
Pc,c(S¯<1 , b¯c)
)2 − Pc,e(S¯<1 , b¯e)[
Pc,e(S¯<1 , b¯e) + 2Pc,c(S¯<1 , b¯c)
]
, (19)
assuming that the symbols are equiprobable. Equation (5) is
finally obtained by, substituting (8), (12), (13) and (17) in (19).
IV. RESULTS AND COMPARISONS
This section presents the SER performance of the pro-
posed SQM transmission scheme. Starting with a compari-
son between the analytical SER derived in section III and
the simulated SER for different modulation orders; M =
4, 8, 16, 32, 64, 128 and 256. As it is shown in Fig. 3,
the derived general SER in proposition 1 is a very tight
upper bound of the simulated SER, especially at high bit
energy-to-noise ratio (Eb/No); this validates the accuracy of
our analytical SER upper bound for SQM. Furthermore, It is
ascertained that the theoretical and simulation results for the
case of M = 4 confirm an exact match for low and high Eb/No.
Next, we compare our proposed SQM scheme with SM
[4]. For a fair comparison, the mean electrical power, Pele,
is maintained equal for both schemes. First the bit error rate
(BER) performance for the two schemes is compared when
both systems achieve the same SE, as shown in Table II (first
and second lines). Here, multilevel pulse amplitude modulation
(M -PAM) is considered for the SM system because it is more
BW efficient compared to other pulse modulation techniques
such as on-off Keying and multilevel pulse position modula-
tion. Fig. 4 shows the BER of SQM and SM. As it can be
seen from Fig. 4, our proposed SQM performs better in terms
of BER than SM when both systems have the same data-rate;
for instance when the SE is set to 2 bits/s/Hz, our 4-SQM
scheme achieves significantly better BER performance than
the existing 2 × 2-PAM SM scheme, i.e. by at least 7 dB at
10−4; furthermore, when the SE is doubled to 4 bits/s/Hz, our
16-SQM scheme still outperforms 4× 4-PAM SM scheme by
5 dB at a BER of 10−4. Instead of achieving a better BER
(for a given SE), our SQM scheme can be used to improve
the SE (for a given BER). To demonstrate the effectiveness of
SQM in providing higher SE while maintaining the same BER
performance as SM, we compare our 32 and 128-SQM against
TABLE II
SIMULATION CONFIGURATIONS
SQM SM
bits/s M bits/s Nt M - PAM
2 4 2 2 2
4 16 4 4 4
5 32 3 4 2
7 128 4 4 4
the 4 × 2-M -PAM and 4 × 4 M -PAM SM schemes (third and
fourth lines of Table II), where all the schemes have the same
number of transmitting antennas, Nt = 4, but with different
SE. As depicted in Fig. 4, our 32-SQM scheme provides a
50% improvement gain in SE (3 instead of 2 bits/s/Hz ), but
for similar BER perfomance as the 4 × 2-PAM SM scheme.
In addition, remarkably, SQM with a constellation size of 128
could perform similarly as 4 × 4-SM in terms of BER, but
with a 75% improvement gain in SE.
V. CONCLUSION
In this work, a novel transmission scheme was presented,
SQM, which is utilized to extend the transmission of real
and positive signaling in VLC to in-phase and quadrature
dimensions. The paper also entails a detailed SER performance
analysis of our SQM scheme. The significant enhancement
of our proposed SQM scheme is the utilization of a fixed
number of transmitting LEDs, i.e. Nt = 4, regardless of the
modulation order. In contrast to the existing multiple antennas
scheme in literature ( e.g. SM), which data rate enhancement
capability increases logarithmically with the number of trans-
mit antennas. The most noteworthy findings of the Monte
Carlo simulations were that our SQM scheme requires 5 dB
less power for the same error performance and data rate as
compared to SM. In addition, it was found that SQM could
convey higher unit BW data rates; more than 2 bit/s/Hz,
under the same BER performance when compared to its SM
counterpart. Furthermore, results demonstrated that the derived
analytical SER matches closely with simulation results. In
future work, the effect of ICI on the BER performance would
be investigated; in addition, techniques such as pre-coding
algorithms would be introduced to mitigate the effect of ICI.
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